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Preface 
 

This book is about the techniques and methods for generating RF signals for 

electronic warfare (EW) applications, and, in particular, for anti-communications 

purposes. This includes forming the signals from scratch with oscillators of various 

kinds, modulating those signals with disruptive information (usually noise), and 

amplifying those signals to levels adequate for transmitting to a target receiver with 

enough energy to disrupt the successful reception of the target signal by the intended 

receiver. 

 Almost all applications of EW technologies used to be military in nature, or at 

least of interest only for government uses. That has changed somewhat in recent 

years as the application of wireless communications has exploded into the private 

sector with cellular communications. The intent in all cases, however, is the same: 

to prevent the successful transfer of information from a sender (transmitter) to one 

or more receivers. For military applications this intent is reasonably clear. That is, 

to disrupt command and control (C2) links to prevent the successful C2 of forces or 

the transfer of targeting data, for example, from a radar to a missile system. For 

commercial applications the uses of EW techniques are more dubious, and, for the 

most part, are probably illegal. We will not delve into these latter applications 

here—our attention will apply to the former—military counter-C2 applications. 

 EW is also applicable to other forms of RF spectrum uses, such as radars. While 

many of the methods and techniques presented herein are applicable to such 

applications, we will not discuss any of them here, again, focusing on the counter 

C2 uses of EW. 

 This book begins, in the introduction chapter, with thoughts that are intended 

to establish the motivation for discussing EW in the first place. Also contained in 

the first chapter is a flow diagram of signals within EW systems. This information 

is to put into perspective the taxonomy of an EW system, and, in particular, where 

the RF signal generation is performed. 

 The second chapter discusses the fundamentals of modulation and the 

modulators used in the modulation process. In general, the carrier (target) signals 

originate in RF oscillators. While these signals are occasionally useful in and of 

themselves, normally they must be modulated with some sort of signal that is more 

effective at counter-C2 that the unmodulated continuous wave (CW) signal. By 

modulated we mean that some characteristic(s) of the oscillator signal are 

modified—the characteristics available are the amplitude (power level), frequency, 

and phase. All of these topics are covered in Chapter 2. 

 Properties of the aforementioned oscillators, also known in EW parlance as 

exciters, are presented in Chapter 3. There are various types of oscillators that can 

be used, both analog and digital. It is safe to say that most modern oscillators, and 
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in particular those used in EW systems, are both tunable (variable frequency) and 

are digitally tuned. 

 The signals from oscillators are generally fairly weak and must be boosted in 

power. This is the function of the power amplifier, although not all uses for 

amplifiers require high power. Chapter 4 provides an introduction to RF amplifiers 

where the characteristics discussed are common to both power and non-power 

amplifiers. The active devices discussed most herein, which provide the 

amplification of the signals are solid-state. That is, two forms of transistors: bipolar 

junction transistors (BJT) and metal-oxide-semiconductor field-effect transistors 

(MOSFET) and their derivatives. Both of these technologies are available in high-

power forms over broad frequency ranges. 

 Characteristics of these two forms of transistors are further explored in Chapter 

5. The underlying parameters of the transistor families are discussed and compared. 

The architectures of amplifiers are presented and comparisons of modern solid-state 

technologies are provided. 

 The next two chapters drill down further into BJTs (Chapter 6) and MOSFETs 

(Chapter 7). Models of the devices are presented and we show how these models 

are used in analysis and design of amplifiers. The salient properties are discussed to 

include the various circuit configurations, and when and why a particular 

architecture is better in some applications than others. 

 Biasing is often not discussed in depth when active devices are considered. It is 

not clear if this topic is too mundane to enter into the discussion—the RF 

performance is more interesting. Or it may be assumed that the topic has been 

covered elsewhere. In any case, the fact is that biasing should be just as important 

as any other part of the design process. Therefore, we discuss biasing the active 

devices in Chapter 8. 

 RF power amplifiers are considered in Chapter 9. Multistage architectures are 

the mainstay, and as such, interstage matching is a major consideration, to include 

matching the output stage to an antenna via transmission lines. The second half of 

Chapter 9 presents digital configurations of power amplifiers. These architectures 

are the most modern configurations and present the most efficient topologies 

available, and efficiency is one of the most important parameters when considering 

amplifiers for EW applications. 

 Chapter 10 delves into the stability of power amplifiers. Stability is another 

principal concern for power amplifier design and implementation. We show how to 

determine an amplifier’s stability and to influence the design to ensure an amplifier 

is stable. 

 Another major consideration is the linearity of power amplifiers. Linearity is 

extremely important in EW applications since there are extensive communication 

links in most cases. Many of these links are friendly. If an EW amplifier is non-

linear, it spills power into unintended channels close by to the targeted channel, 
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many of which are not to be interfered with. Therefore linearity is an important 

concern. We discuss linearity in depth in Chapter 11. 

 The energy that is not radiated from an EW system by the intended route—that 

is, the antenna, is dissipated as heat. The origins of this heat are the active devices 

within the system. Chapter 12 considerations this heat and its dissipation under the 

topic of thermal management, and how to deal with it. 

 The last chapter, Chapter 13, considers the design of power supplies for EW 

systems, and in particular, power amplifiers. 





 
 

1 

 

 
 
 
 

Chapter 1 
 

 

Electronic Warfare 
 

 

1.1 Introduction 
 

Most (all?) modern militaries rely on radio frequency (RF) communications for 

command and control (C2) of tactical forces. Electronic warfare (EW) is a means 

for exploiting and denying access to such RF communications, while 

simultaneously protecting the RF spectrum for use by friendly forces. 

 EW has been a constituent of warfare essentially since RF communications 

have been used—since late in the 19th century. In fact, if ship-to-ship 

communications with flags is included (and it can be) then it is older than the usage 

of RF communications. 

 RF communications interconnect information systems, the latter of which may 

be people or machines, or both. 

 This chapter is structured as follows. We begin with a general overview of 

electronic warfare, what it is, and where it fits in the operational scheme of 

warfighting, primarily from the viewpoint of land-based forces. These schemes are 

extremely oversimplified and are intended simply to put EW in context. We then 

cover the frequencies normally of concern to military forces and how those 

frequencies are normally used. Last, a general-purpose model in the form of a flow 

diagram of an EW system is introduced and the principal components of the model 

involved with RF signal generation are pointed out. 

 

 

1.2 Overview of Electronic Warfare 
 

The taxonomy of EW consists of three mutually supportive domains: electronic 

support, electronic attack, and electronic protect. An overview of EW showing these 

three components is illustrated in Figure 1.1. 
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Figure 1.1 Overview of EW. (Source: [1].) 
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1.2.1 Electronic Support  

 

Electronic support (ES) consists of those operations and actions of sensing the 

electromagnetic (EM) environment for the purpose of detecting and identifying 

targets of interest, primarily in support of electronic attack (EA), but also useful for 

establishing and maintaining the electronic order of battle1 (EOB). 

 

1.2.2 Electronic Attack 

 

Electronic attack (EA) can consist of many possible actions, from the physical 

destruction of a piece of equipment or capability so that it is no longer usable without 

repair or replacement to simply delaying the exchange of information between two 

points, possibly by jamming the receiver of an RF network. 

 The possible constituents of EA can be thought of as follows: 

 

• Destruction—as mentioned. 

• Divert and distract—diversion of a target’s attention and resources; hide 

other attacks or delay their discovery; script kiddie attacks while others are 

working much more subtly. 

• Distort—Target’s content versus conduit; perception management; 

psychological operations. 

• Control—feeding misinformation (e.g. mimicking a known signal so well 

that the receiver cannot distinguish phony signal from real signal); use of 

various techniques to mask identity of penetrating party into a network or 

system. 

• Delay—as mentioned. 

 

1.2.3 Electronic Protect 

 

Electronic protect (EP) consists of those actions and activities that preclude and/or 

minimize an adversary from conducting EA against friendly forces. Examples of EP 

are communication encryption and spread spectrum communications. 

 

1.2.4 EW Effects 

 

The following is extracted from [1]; 

 
EW is waged to secure and maintain the use of the EMS for friendly forces and to 

deny the enemy an actual or perceived advantage in the same. EW can be applied 

                                                           
1 The EOB is the database maintained, and frequently plotted on a map, of the electronic entities being 
faced in the battlespace. 
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from the air, land, sea, and space by manned and unmanned systems; and is 
employed to achieve desired effects of: control, detection, denial, deception, 

disruption and degradation, destruction, and/or protection. 

All EW effects will involve various levels of control; while controlling use 
of the EMS through proper application of EW is advantageous, when not properly 

coordinated and integrated, it may adversely affect forces through fratricide or 

eliminate targets of high intelligence value. For example, an ill-timed jamming 
package may highlight an otherwise unobserved reconnaissance team or interfere 

with that team’s use of the EMS. EW actions enable commanders to achieve the 

following effects as defined in joint publication (JP) 3-13.1. 
 

(1) Control. Control of the EMS is achieved by effective management/ 
coordination of friendly systems while countering adversary systems. EA limits 

adversary use of the EMS; EP secures use of the EMS for friendly forces; and ES 

enables the commander’s accurate estimate of the situation in the operational area. 
All three must be carefully integrated to be effective. 

Additionally, commanders should ensure maximum integration among EW, 

communications, ISR, and other IO capabilities. 
 

(2) Detection. Detection is the active and passive monitoring of the battlespace for 

EM threats such as RF, EO, laser, IR and ultraviolet threats. This definition 
acknowledges that the actual threat may be the adversary perpetrating the EM 

interference, but it is through the use of the EMS that enables friendly forces to 

detect the adversary. It is the essential first step in EW for effective exploitation, 
targeting defensive planning, and force protection. Friendly forces must have the 

capability to detect and characterize interference as hostile (jamming) or 

nonhostile (intentional or not intentional) EM interference. 
 

(3) Denial. Denial is controlling the information an adversary receives via the 

EMS and preventing the acquisition of accurate information about friendly forces. 
Denial can be done by traditional jamming techniques, expendable 

countermeasures, or destructive measures. This definition does not exclude the 

possibility that future Modular Forces may also have to address other denial 
capabilities, such as nontraditional jamming and denial of service. 

 

(4) Deception. Deception is confusing or misleading an adversary by using some 
combination of human produced, mechanical, or electronic means. Through the 

use of the EMS, EW manipulates the adversary’s decision loop, making it difficult 

to establish an accurate perception of objective reality. 
 

(5) Disruption and Degradation. Disruption and degradation techniques interfere 

with the enemy’s use of the EMS (such as counter-C2) to limit their combat 
capabilities. This is achieved with electronic jamming, electronic deception and 

electronic intrusion. These enhance attacks on hostile forces and act as force 

multiplier by increasing adversary uncertainty, while reducing uncertainty for 
friendly forces. Advanced EA techniques offer the opportunity to nondestructively 

disrupt or degrade adversary infrastructure. 

 
(6) Destruction. When used in the EW context, destruction is the elimination of 

targeted adversary systems. Sensors and C2 nodes are lucrative targets because 

their destruction seriously hampers the enemy’s perceptions and ability to 
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coordinate actions. ES supports destruction by providing target location or 
targeting information and combat assessment. 

Adversary systems that use the EMS can be destroyed by a variety of 

weapons and techniques, ranging from conventional munitions to DE weapons. 
While destruction of adversary equipment is an effective means to deny the 

adversary use of the EMS, the duration of denial will depend on the adversary’s 

ability to reconstitute. 
 

(7) Protection. Protection is the use of physical properties, operational tactics, 

techniques, and procedures (TTP), as well as planning and employment processes 
to protect our use of the EMS. This includes ensuring that joint offensive EW 

activities do not electronically kill, destroy, or degrade our intelligence sensors 
and information systems. Protection is achieved by component hardening, 

EMCON, frequency management/deconfliction, and employing other IO and 

kinetic means to counterattack and defeat adversary attempts to control the EMS. 
Frequency management and deconfliction includes the capabilities to detect, 

characterize, geolocate, and mitigate EM interference that can affect operations. 

Additionally, organizational structures like a joint commander’s electronic 
warfare staff or EWCC enhance EP through deconfliction of EW efforts. This 

definition does not attempt to provide an exhaustive list of all intelligence sensors 

and information systems such as unmanned platforms and C2 links. Even though 
these specific sensors and systems are not listed in this definition, they must also 

be protected from our use of the EMS. 

 

 We can see from the above that EA permeates throughout the effects desired 

from EW. Herein we focus specifically on the ability to conduct EA against 

communication C2 targets, recognizing that according to the above, EW involves 

considerably more than this limited set. 

 

 

1.3 Operational Scenarios 
 

An EW intercept operational scenario is shown in Figure 1.2. We will not delve 

much into this scenario here, as it has been covered extensively elsewhere [3 –12]. 

We include it here to remind the reader that there are two fundamental functions 

performed by EW systems, not just jamming but the associated function of intercept 

and analysis of target signals.  

Active jamming operational scenario is shown in Figure 1.3. This is the 

scenario of primary concern here. A low-level RF signal is generated in the EW 

system and amplified to levels that are sufficient to transmit toward a target receiver 

in an attempt to preclude the target transmit signal from being accurately received 

at the target receiver. 

 The jamming signal may be, and usually is, modulated with some form of 

baseband signal. For reasons that make theoretical sense, that modulating signal is 

usually noise. It has been shown that under reasonable assumptions about the target 
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signals, additive white Gaussian noise (AWGN) is the best waveform for jamming 

many types of target signals [2, 3]. 

 The scenarios illustrated in Figures 1.2 [4] and 1.3 [5] are, of course, greatly 

simplified. The EA scenario is never stand-alone, whereas there may be  

 

 
 

Figure 1.2 EW system intercept operational scenario. (Source: [4]. © 2008 Artech House. Reprinted 

with permission.) 

 

 
 

Figure 1.3 EW system jamming operational scenario. (Source: [5]. © 2008 Artech House. Reprinted 

with permission.) 
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Figure 1.4 The electromagnetic spectrum. (Source: [1].) 
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circumstances where the ES scenario can be. They are, however, almost always part 

of a much larger operational scenario. 

 

 

1.4 EW Target Frequency Ranges 
 

The frequencies of interest to design and analysis of communication EW systems 

cover a considerable range. We consider the international ranges of interest to 

tactical ground-based forces here. The list is basically the same for other types of 

forces with some extensions (medium frequency, low frequency, and very low 

frequency for the Navy, for example).  

 A summary of the utilities that require use of the EMS and where their limits 

are located is illustrated in Figure 1.4. 

 

1.4.1 High Frequency 

 

Range: 3 MHz – 30 MHz 

 

The high-frequency (HF) range of frequencies is used primarily for long-haul 

communications. Tactical forces can use these frequencies for line-of-sight (LOS) 

C2 push-to-talk (PTT) functions, however. Some teletype and facsimile 

transmissions occur in the HF range as well.  

Near-vertical incidence skywave (NVIS) in this range is used for special-

purpose short-range communications. NVIS HF signals are propagated essentially 

straight up toward zenith and are reflected by the ionosphere straight back down; 

due to scattering it comes back to Earth in a cone that with radius of 50–100 km 

from the transmitter. One such application is communication with helicopter nap-

of-the-Earth flights. 

Citizens-band (CB) communications is a cheap, effective, widely used short 

range communications capability that resides in the upper HF frequency range 

(around 27 MHz in the U.S.). They are readily applied to nonmilitary but adversarial 

force situations. 

 

1.4.2 Very High Frequency 

 

Range: 30 MHz – 300 MHz 

 

The low very high frequency (VHF) (30–90 MHz) has long been used 

internationally for LOS C2 PTT communications. During the Cold War this was the 

principal range used by both Soviet and NATO forces in Europe and elsewhere. 
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Also contained in this region are C2 for air, both commercial and military—that is, 

air traffic control. 

 Commercial FM is located from 88 MHz to 108 MHz (U.S.) and the 

commercial broadcast TV region for channels 2 through 6 is located between 54 to 

88 MHz.  

There are several other services provided in the VHF frequency range. It should 

be noted that while there is some international cooperation on the use of these (and 

other) frequencies, individual countries generally cooperated in service 

assignments. 

 

1.4.3 Ultrahigh Frequency 

 

Range: 300 MHz – 3,000 MHz 

 

Perhaps the best-known uses of the ultrahigh frequency (UHF) range are the cellular 

personal communication systems (in the U.S. 824 MHz–896 MHz, 1,850 MHz–

1,990 MHz, 3G: 1,220 MHz–2,155 MHz, 4G: 2,490 MHz–2,690 MHz) and Global 

Positioning System (GPS): 

 

L1: 1,575.42 MHz—Coarse acquisition (C/A) and encrypted precision [P()Y)] 

codes 

L2: 1,227.60 MHz  

 

There are several other services located in this frequency region. 

 

1.4.4 Superhigh Frequency (SHF) 

 

Range: 3 GHz – 30 GHz 

 

Superhigh frequency (SHF) is used primarily for satellite communications. 

 

1.4.5 Summary 

 

Tactical communications that may be of interest for ES and EA are of several 

varieties and are used for many purposes. For all but those in the lower frequencies 

(HF and below) the jammer and target receiver must be able to see each other (radio 

line-of-sight). 
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1.5 EW System Block Diagram 
 

The generalized and simplified flow diagram of a communication EW system is 

depicted in Figure 1.5 [6]. All of the relevant subsystems are included, but the 

principal subsystems of interest here are those in the shading. Coverage of the other 

subsystems shown in Figure 1.5 are contained in [3–12]. 

 

1.5.1 RF Signal Generation 

 

In particular, the exciter (sometimes called an oscillator or synthesizer) is where the 

RF signals originate. They are usually modulated with some form of jamming 

modulation (noise for example), amplified, usually several times in the high-power 

 
 

Figure 1.5 EW system flow diagram. (Source: [6]. © 2008 Artech House. Reprinted with permission.) 
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amplifier (HPA, or just PA), to form the EW RF output signal emanating from the 

EW system. 

 Filters are sometimes used at the output of the PA in order to reduce spectral 

leakage into adjacent communication channels. Aside from the necessity of 

handling the PA power levels and of usually the requirement to be rapidly tunable, 

there is nothing special about this filtering so we do not include a discussion of such 

filtering herein. 

Generating RF signals in EW systems is required for a number of purposes, the 

main one being the jamming signal. That is the signal that is greatly amplified and 

is intended to be transmitted to a target receiver to interrupt communications. 

 

 

1.6 Concluding Remarks 
 

We cover several ways RF signals are generated in EW systems in the remainder of 

this book. This chapter is intended to put EW in context with other entities in a 

battlespace, and it provides an introduction to where RF signal generation resides in 

EW systems. 

 RF signals are formed at a low level in the exciter and are modulated with some 

form of jamming signal. That composite signal is amplified, usually several times, 

to form a signal powerful enough that when emitted by the antenna, it can be used 

to disrupt the target communication signals. 
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Chapter 2 
 

 

Modulation and Modulators 
 

 

2.1 Introduction 
 

Modulation is used in communication systems to impose an information-bearing 

signal onto a carrier. The carrier is typically much higher in frequency than the 

modulating signal because the modulating signal is normally not appropriate for 

efficient transmission. Signals at higher frequencies can be transmitted and received 

with equipment that is reasonably sized. 

 The parameters of the carrier that can be changed by imposing modulating 

signals are its amplitude, frequency, and phase, or combinations of these. 

Modification of the amplitude is referred to as amplitude modulation (AM), while 

modifying the frequency is referred to as frequency modulation (FM).  Varying the 

phase is referred to as phase modulation (PM). 

Modulators are used in EW systems to impose the modulating jamming signal 

onto the RF carrier for transmission. Depending on the type of modulation to be 

imposed on the carrier, the type of modulator used varies. There are two 

fundamental types of modulation: amplitude and phase.  The latter can be further 

decomposed into frequency modulation, where the instantaneous frequency of the 

carrier is changed, and phase modulation, where the instantaneous phase of the 

carrier is changed. In all cases, unless an unmodified tone is the jamming signal, a 

modulating signal is used as the source of the jamming signal. 

 Representative modulators and demodulators for AM, FM, and PM will be 

discussed in this chapter, along with their noise characteristics, and other deviations 

from ideal behavior. 

Modulation converts a baseband signal to a passband counterpart. Figure 2.1 

illustrates this process in the frequency domain. From another point of view, 

modulation varies certain parameters of a carrier (e.g., a sinusoid) according to the 

baseband signal. These two definitions are equivalent because a passband signal can 

always be expressed as 
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c( ) ( )cos[ ( )]x t a t t t=  +  (2.1) 

 

where a(t) and (t) are generally functions of time. In other words, we begin with a 

periodic carrier signal 
ccos( )A t +  and vary its amplitude or phase to perform 

modulation. 

Our primary intent in this chapter is to discuss signal modulators. However, 

because EW systems are intended to counter receiving systems, we cover the 

necessary points addressing the reception/detection of signals as well. 

This chapter is structured as follows. We first present a discussion of AM 

modulation and modulators as AM is the oldest form of modulation. We then 

introduce PM and FM. The characteristics of these two forms of modulation are 

quite similar and it only makes sense to examine these characteristics together. 

Some PM and FM high-level reference designs are included. We conclude the 

chapter with a brief discussion of noise and noise generators as noise is probably the 

most common form of modulating waveform. 

 

2.1.1 Additive White Gaussian Noise Channel 

 

In order to compare the noise tolerance of different receivers, we assume the 

transmitted signals power is constant and the received signal is corrupted by AWGN 

having a psd equal to N0/2 as illustrated in Figure 2.2. The AWGN assumption 

proves adequate in considering the inherent noise of the receiver – in particular the 

thermal noise associated with the components (we will see later that the source of 

noise in electronic circuits is due to the capacitance in the circuit assuming that the 

circuit is in thermal equilibrium). However, the noise introduced by adjacent 

 
 

Figure 2.1 AM modulation converts a baseband signal (a) to a higher frequency c illustrated in (b). 

 

 

 

 

 
 

Figure 2.2 Noise power spectral density. 
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interferers is generally not white and must be considered separately. Furthermore, 

the noise in some demodulators (e.g., envelope detectors) is better modeled as 

multiplicative rather than additive. 

 

2.2 Modulations 
 

Modern RF communication signaling is accomplished in one of two ways: in analog 

form or in digital form. This is, however, misleading because straightforward digital 

signaling is not performed at RF. That form is limited to computer networking. If 

the signaling goes over the RF medium it is always done as mentioned above: by 

modifying one or more of the three parameters of the RF signal. Therefore, to say 

that the signaling is analog or digital is referring to the modulating signal rather than 

the modulated signal. 

 Performance is different, however, depending on the form of the baseband 

(modulating) signal. For example, analog signals can sometimes tolerate more noise 

than digital signals unless the latter employ error coding to combat the effects of 

noise. 

 We address the two forms of modulation first. 

 

 

2.3 Analog Modulations 
 

2.3.1 Amplitude Modulation 

 

For a baseband signal sBB(t), an AM waveform can be constructed from (2.1) as  

 

 
AM BB c c( ) ( ) cos ,s t s t A t=   (2.2) 

 

Illustrated in Figure 2.3 is a method of generating an AM signal along with the 

corresponding waveforms and spectra: multiplication by cosct simply translates 

the spectrum of sBB(t) to the band around c. Mathematically this is given by the 

convolution (denoted by ) of the spectra of sBB(t) with the spectra of cosct, the 

latter of which is a pair of impulse functions located at c as illustrated in Figure 

2.3(b). Thus, the bandwidth of sAM(t) is twice that of sBB(t). The signal 
c ccosA t  

is generated by a local oscillator (LO). 

 Except for broadcast radios and the video in analog television, AM finds limited 

use in modern wireless systems. This is because carrying information in the 

amplitude both makes the signal susceptible to noise and requires a highly linear 

power amplifier in the transmitter. 
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2.3.1.1 Baseband, Passband Signals, and Amplitude Modulation 

 

A salient feature of analog information signals is that they are generally low 

frequency. Sometimes this is due to the nature of data itself such as the human voice 

which, has frequency components from 300 Hz to approximately 20 kHz. 

Due to their low frequency content, the information signals have a spectrum 

such as that in the Figure 2.4. There are many low frequency components and the 

one-sided spectrum is located near the zero frequency. The frequency range of this 

signal extends from zero to a maximum frequency of fm. We say that this signal has 

a bandwidth of fm. In the time domain this analog baseband signal may look as 

shown in Figure 2.5. 

Now let’s modulate this signal, which means we are going to transfer it to a 

higher (usually much higher) frequency. Just as information signals are 

 
 

Figure 2.3 AM: (a) Time domain multiplication corresponds to (b) convolution in the frequency domain. 
 

 

 

 
 

Figure 2.4 The spectrum of an analog baseband information signal is usually limited to low frequencies. 
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characterized by their low frequency, the transmission medium or carriers are 

characterized by their high frequency.  

The simplest type of modulator for nearly all modulation schemes is called the 

product modulator consisting of a multiplier or a mixer [1] and a band-pass filter 

(Figure 2.6). Let’s modulate the above signal using the product modulator, where 

m(t) is the low frequency message signal and c(t) is the high frequency carrier signal. 

The modulator takes these two signals and multiplies them. 

   

 ( ) ( ) ( )s t m t c t=   

 

The product modulator produces sums and differences of the frequencies of 

the two input signals in both the positive and negative frequency domains. Some of 

these sums and differences are desired responses and some may not be desired.  

  If the carrier frequency source in a product modulator is not perfectly stable, 

each deviation frequency will also produce its own sum and difference frequencies 

with the baseband signal. These are called spurs and are a characteristic of the 

mixing process. For this reason, simple mixer modulators and demodulators do not  

work well and further complexity is required in the form of phase lock loops or 

similar devices is introduced into the transmitter and receiver design.   

The two-sided spectrum of the message signal is shown in Figure 2.7. After 

mixing, modulating, or heterodyning (all of these terms refer to the same thing), we 

get the spectrum shown in Figure 2.8. The spectrum is now shifted up (and down) 

to the carrier frequency, it is replicated on both sides of the y-axis, and we see that 

the spectrum is reversed left of the y-axis.  

 
 

Figure 2.6 Product modulator. 
 

 

 
 

Figure 2.5 Analog signal in the time domain. 
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Another way to describe the process is that multiplication by a sinusoid shifts 

one copy of the spectrum up to fc and another down to –fc.  The reason for this is 

explained by the Fourier transform of this signal which, is a product of two signals, 

one of them a sinusoid. Consider 

 

 
c( ) ( ) coss t m t t=    

  

The Fourier transform of s(t), denoted by { ( )},s t is given by the Fourier transform 

of the signal m(t), half of it shifted up and half of it down. Thus 

 

  c c

1
{ ( )} ( ) ( )

2
s t S f f S f f= − + +  

 

In the time domain, we see that this signal has much higher frequency—see 

Figure 2.9—but its envelope is still the original low frequency signal of Figure 2.5.  

 

 

 

 

 

 
 

Figure 2.7 A baseband spectrum. 

 

 

 

 

 
 

Figure 2.8 Passband spectrum of the same signal. 
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2.3.1.2 Baseband and Passband Signals  

 

The modulating information signal is called the baseband signal. The bandwidth of 

this signal is denoted by fm.  In most cases of interest for communications EW the 

analog baseband signal will consist of low frequency components. 

  The multiplication of the baseband signal with a sinusoid carrier signal 

translates the baseband signal to
c.f The translated signal is called the passband 

signal. This signal extends in range from (–fc – fm ) to (fc + fm.). The new signal has 

doubled in bandwidth. The passband signal bandwidth is double that of the baseband 

signal; see Figure 2.8. 

 

 2.3.1.3 Sidebands 

 

Now note that in Figure 2.10, the passband spectrum has two parts (on each side of 

fc) that are identical (except reversed in frequency). The upper part of the passband 

spectrum above the carrier is called the upper sideband and the one below is called 

the lower sideband.  We notice that since the passband spectrum is symmetrical (not 

only about the y-axis but also about the carrier frequency) the upper sideband is the 

mirror image of the lower sideband.  We do not need both to recover the signal.  

This leads to the single and double sideband modulation techniques. In double 

sideband, we use the whole spectrum just as we show above. Both halves are used. 

 
 

Figure 2.9 Output signal of a product modulator, the envelope of which is the information signal (see 

also Figure 2.5). 

 

 

 

 

 

 
 

Figure 2.10 Filter passband to for the upper and lower sideband as separate signals. (Negative passband 

frequency range not shown.) 
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In single sideband modulation, we eliminate the lower or the upper band to 

separate out these signals as if they were two independent signals. Each half is 

enough to recover the signal. 

  Filter F1 and Filter F2 in Figure 2.10 are used to separate one sideband from the 

other. Using F1 before transmitting, and only the lower sideband is transmitted. Use 

F2 and only the upper side band is transmitted. We get two channels in place of one. 

SSB is used wherever there are bandwidth limitations. The most notable application 

is analog PSTN networks (which are rapidly disappearing). These signals have ideal 

characteristics for the use of SSB. There is very little signal content below 300 Hz 

so the SSB signal does not suffer much distortion. Also, telephone signals are 

bandwidth-limited, and SSB maximizes bandwidth usage.  Analog HF 

communications is one area where the SSB modulation is used to this advantage. 

 

2.3.1.4 Amplitude Modulation 

  

We have already discussed that much of the building blocks of AM as SSB is a form 

of AM. The simplest form of AM is double sideband (DSB) modulation. 

  

Double Sideband Modulation 

  

Denote the modulating information signal by m(t). A model of the AM modulation 

process is shown in Figure 2.11. The output of the mixer is given by  

  

 
c( ) ( )cos( )s t m t t=    (2.3) 

 

and when Ac = 0, the transmitted signal is given by (2.3). The Fourier transform of 

this signal is given by 

 

 

 

 
 

Figure 2.11 A basic AM modulator. When Ac = 0, DSB-SC is generated since there is no excess carrier 

in the transmitted signal. When Ac > 0,  DSB-C is generated since some amount of carrier is added to the 

transmitted signal, determined by the amplitude Ac. 
 

 

 

c c

Spectrum on the negative side Spectrum on the positive side

1
( ) ( ) ( )

2
S f M f f M f f

 
 = + + −
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This is called DSB suppressed carrier (DSB-SC) since there is no extra carrier 

present in the transmitted signal.  

When Ac > 0 in Figure 2.11, some of the carrier signal is added to this output 

of the mixer as shown. In that case we get 

 

 AMDSB c c c

Carrier

( ) ( )cos( ) cos( )s t m t t A t=  +   (2.4) 

 

The Fourier transform of (2.4) is given by 

 

 
c c c c c c

Spectrum on the positive side Spectrum on the negative side

1
( ) ( ) ( ) ( ) ( )

2
S f M f f A f f M f f A f f

 
 = − +  − + + +  +
 
 

 

 

The spectrum of this signal is shown in Figure 2.12. 

   We see the carrier signal pops up in the middle of the spectrum. We can put a 

filter around this signal and recover the carrier at the receiver.  This is then fed to 

the demodulation circuitry later. 

  While this modulation is called double sideband modulation, it is also 

sometimes called AM DSB with carrier, DSB-C). It is the most basic form of AM 

modulation. From here on, we can do a variety of things such as suppress the carrier, 

use one band or the other, and so forth. All of these are variations of DSB AM. 

  An AM modulator that does not use a multiplier can be made with a nonlinear 

device and filtering.  A block diagram of such a modulator using a squaring device 

as the nonlinear component is shown in Figure 2.13. The carrier and modulating 

signal are first summed then passed through nonlinearity, in this case a squaring 

device.  The signals at the unwanted frequencies are filtered, leaving the AM 

modulated carrier at the output. 

 
 

Figure 2.12 Double sideband modulation spectrum of received signal (Note only the positive side of the 

passband spectrum is shown.) 
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An AM modulator implemented according to the block diagram shown in 

Figure 2.13 with a square law FET is illustrated in Figure 2.14 (bias circuitry is not 

shown). A square law n-channel FET will pass a drain-source current given by 

 

 2

DS 1 G p( )I k V V= +  (2.5) 

 

where Vp is the FET’s pinch-off voltage and VG is the gate voltage. This expression 

is accurate provided that the gate voltage is in the correct range. In the circuit shown 

in Figure 2.14 we apply a gate voltage that is a combination of the output from a 

local oscillator, 
c ccos( ),A t  and a modulation input, m(t). Assuming that the input 

resistors are of equal value, the gate voltage is 

 

     G c

1 1
( ) cos( )

2 2
V m t A t= +              (2.6) 

 

This voltage produces a drain-source current given by 

 

 
 

Figure 2.13 AM modulator with a nonlinearity (a squaring circuit). 

 

 
 

Figure 2.14 AM modulator using a JFET. 
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 22

D c p[ ( ) cos( ) ]
4

k
I m t A t V= +  +  (2.7) 

 

where k2 and Vp are constants, the values of which depend on the particular FET. 

This can be expanded and re-written as 

 

 
2 22

D p p( ) [ ( ) 2 ( )]
4

k
I t m t V V m t= + +   

 2

c p c[2 ( ) cos(ω ) 2 cos(ω )]
4

k
m t A t V t+ +  (2.8) 

 
2 22

ccos (ω )
4

k
A t+   

 

This produces a drain voltage of 

 

 
D DD DSV V RI= −  (2.9) 

 

where R is the resistance between the FET’s drain terminal and the bias voltage, 

VDD. Since 

 

 
2 1

cos θ [1 cos(2θ)]
2

= +  (2.10) 

 

the last term in (2.8) is a combination of a DC current and a fluctuation at the 

frequency 2c. In all cases of interest here the frequency content of m(t) is much 

less than c. This means that the first part of the expression consists of a steady 

current plus some fluctuations at frequencies well below c. A bandpass filter can 

be used to eliminate the undesired components at frequencies away from c so the 

output is 

 

 2

o c p c( ) [2 ( ) cos( ) 2 cos( )]
4

Rk
V t m t A t V A t

−
=  +   (2.11) 

 

which can be rewritten in the form 
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o 0 c( ) [1 ( )cos( )]V t A m t t= + ' '  (2.12) 

 

where 

 

 
2 p c

0

p

( )
( ) ;

2

Rk V Am t
m t A

V

−
= =' '  (2.13) 

 

which is the desired result.  Thus, the output is a wave whose unmodulated 

amplitude is 
0A'  and is amplitude modulated by an amount, ( )m t' proportional to 

the input modulating signal, m(t). The circuit therefore behaves as an amplitude 

modulator. 

 

AM Modulator with an Operational Amplifier 

 

Another example of a simple AM modulator is shown in Figure 2.15, where a JFET 

is used in conjunction with an operational amplifier (again, bias circuitry not 

shown). It consists of a noninverting amplifier in which the carrier vc(t) with 

frequency c, is applied to the noninverting input terminal. The gain of the amplifier 

 

 1

DS

1
R

G
R

= +  (2.14) 

 

 

Figure 2.15 AM modulator with an op amp. 
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can be varied through a voltage-controlled resistor RDS. This resistor is implemented 

with a FET in this case, which serves as a variable resistor, as is shown in Figure 

2.16. The voltage applied to the gate input terminal, VG, determines the value of the 

resistor. The JFET is biased to operate in the linear region of the output characteristic 

as illustrated in Figure 2.17. The resistance (RDS = VDS/ID) is proportional to the 

applied gate voltage. The gate terminal is connected to the modulating signal m(t), 

with frequency m. This signal will thus change the amplification of the amplifier 

in relation to the value of the modulating signal, as schematically indicated in Figure 

2.16. This results in an AM modulated signal. 

 

2.3.1.5 Double Sideband - Suppressed Carrier 

 

In AM DSB modulation the carrier consumes a considerable amount of power and 

perhaps it would be better to not include it in the transmitted signal. But we want to 

somehow include the carrier information but without actually doing so. And we 

want to use the envelope detector as the receiver. 

 

Figure 2.16 A JFET can be viewed as a voltage-controlled resistor. 

 

 
 

Figure 2.17 Output characteristic of JFET. 
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Consider DSB-SC modulation. In this case no carrier in included. DSB-SC 

signals can be created by a modulator called the balanced modulator, the topology 

of one of which is shown in Figure 2.18. 

This balanced modulator is basically two product modulators added together. 

The input to one is a negative information signal and a negative carrier. The product 

of this modulator when added to its positive counterpart results in canceling the 

carrier as we can see in the output.  

An envelope detector cannot be used with DSB-SC signal because the 

envelope of the DSB-SC signal is not the same as the baseband signal. A more 

sophisticated demodulator is needed with this signal.  

  

2.3.1.6 Generating Single Sideband Signals 

  

In essence single sideband (SSB) transmission is a bandwidth conserving technique. 

The most notable point of SSB is that the SSB passband signal and the baseband 

signal occupy the same bandwidth, thus cutting spectrum needs in half.  

  There are two main ways that SSB signals can be generated: 

  

• Filtering the unwanted sideband 

• Phasing method 

  

 

 

 

 

 
 

Figure 2.18 A balanced modulator results in suppression of the carrier. 
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Filtering Method of SSB Generation 

 

The simplest solution is to take the DSB-SC signal and filter the unwanted band 

before transmission so that the unwanted side is not sent at all, as shown in Figure 

2.19. By keeping only the part shown, the upper images are eliminated. 

  The most significant problem with this method is that it is difficult to construct 

practical filters with steep enough cutoffs at high frequencies. Such a filter ends up 

distorting the desired signal as well as including some of the unwanted sideband 

anyway. Assuming a 10MHz carrier modulated by a 50–5,000 Hz audio signal, a 

13th order elliptic bandpass filter is required with crystal Qs as high as 768,019 for 

0.1-dB passband ripple, and 60-dB rejection of the unwanted sideband. 

 

Phasing Method of SSB Generation 

 

The second method of generating SSB signals involves the use of Hilbert transform 

and the analytic signal. As a way of review, the Figure 2.20(a) shows the baseband 

spectrum of a signal while Figure 2.20(b) shows the Hilbert transform of the same 

signal. (Recall that the Hilbert transform rotates the positive frequency 

components.) 

 Modulating this signal generates 

 

a c( ) ( )cos( )s t m t t=               (2.15) 

 

The Hilbert transform of this signal, modulated by a sine wave, is 

  

 
a c

ˆ ˆ( ) ( )sin( )s t m t t=   (2.16) 

  

Now we create a carrier which is the sum of (2.15) and (2.16) and get 

  

 

 
 
Figure 2.19 SSB filtering method where a passband filter after DSB-SC modulation results in 

eliminating all but one band. 
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c c

Signal It's Hilbert transform

ˆ( ) ( )cos( ) ( )sin( )s t m t t m t t=     (2.17) 

 

s(t) is the desired SSB signal, and is called the analytic signal. The resulting 

modulator is shown in Figure 2.21.  

The SSB signal created in this way is essentially two signals in phase 

quadrature.  The combination gives us the equation for the SSB signal. By changing 

the sign of the analytic signal, we can create either the upper sideband or the lower.  

  The Fourier transform of (2.17) is 

 

 
 
Figure 2.21 SSB modulator using the phasing method. 
 

 

 

 
 

Figure 2.20 (a) Baseband spectrum (symmetric about the y-axis and (b) Hilbert transform of the same 

signal (antisymmetric about the y-axis) 

 

 

 



Modulation and Modulators 

 

29 

    c c c c

1 1
( ) ( ) ( ) ( ) ( )

2 2
S M M jM jM

j
 =  −  +  +  + −  −  +  +   (2.18) 

  

(The j multipliers simply shift the spectrum by π/2 radians.) Figure 2.22 shows the 

two parts of (2.18) and we see at once that adding these two representations give us 

a signal with only one sideband, upper or lower.  

  Another interesting point is that the sum of the two sidebands give us the DSB-

SC waveform. 

 

 

 

 

 
 

Figure 2.22 SSB spectrum of two parts: (a) spectrum of the first part, (b) spectrum of the second part, 

and (c) the sum of these two gives us the lower sideband; the difference would give the upper sideband. 
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Weaver Method of SSB Generation 

 

The Weaver method of single sideband generation in Figure 2.23 is similar to the 

phase method except that the broadband 90 o phase difference is implemented with 

quadrature mixing processing [2]. The frequency, 1, must be greater than the 

highest baseband frequency, m, and the low-pass filter is required to block the sum 

frequency, 1 + m. Although an accurate broadband 90o phase difference is not 

required, the two low-pass filters must closely track each other in amplitude and 

phase for adequate rejection of the unwanted sideband.  

The configuration in Figure 2.24 shows a technique for producing a broadband 

90o (quadrature) phase shift for the local oscillator (LO). A phase locked loop (PLL) 

with an integrating loop filter will maintain 90o phase accuracy. An integrating PLL 

will maintain a quadrature phase relationship when the loop is closed; however PLL 

circuits tend to be noisy. Sideband noise is troublesome in both SSB and FM 

systems, but SSB is less sensitive to phase noise problems in the LO. 

 

 

 

 

 
 

Figure 2.23 Weaver method of SSB generation. 
 

 

 

 
 
Figure 2.24 PLL quadrature synthesis. 
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Gilbert Cells 

 

A Gilbert cell is a cross-coupled differential amplifier, similar to the topology in 

Figure 2.25, where the gain is controlled by modulating the emitter bias current [3]. 

Gilbert cells are four-quadrant multipliers and have common applications as mixers, 

AGC amplifiers, amplitude modulators, DSB modulators, SSB modulators, AM 

detectors, SSB and DSB detectors, frequency doublers, squaring circuits, dividers, 

square-root circuits, and root-mean-square (RMS) measuring circuits. We’ll briefly 

examine how the Gilbert cell works in this section. 

The Gilbert cell uses a linear, time-varying circuit to achieve time-domain 

multiplication, and hence, frequency shifting. 

 
 
Figure 2.25 Gilbert cell mixer. 
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 The RF signal is input to a differential amplifier consisting of Q5 and Q6. The 

collectors of these transistors have a cross-connected set of four transistors, which 

are driven by a LO.  

 Consider what happens when VLO1 is large enough so that Q1 and Q4 turn on 

and VLO2 is small enough that Q2 and Q3 turn off. We see that Q1 and Q4 act as closed 

switches so that 

 

• Q5 is connected to Rload,1; 

• Q6 is connected to Rload,2. 

 

as in a typical differential amplifier configuration with the output taken at what are 

here called the IF terminals. 

 Next, consider what happens when the opposite input occurs. Specifically, 

suppose VLO2 is large enough that Q1 and Q4 are off. Now we see that Q2 and Q3 act 

as closed switches so that 

 

• Q5 is connected to Rload,2; 

• Q6 is connected to Rload,1. 
 

This also is a differential amplifier configuration, but with the outputs interchanged 

with respect to the previous case. In other words, the output (the IF) is almost the 

same as before, it has just been multiplied by –1. 

 Thus, the overall function of the Gilbert cell is to multiply in the time domain 

the input RF signal (at the RF frequency) by a square wave with value 1 at the LO 

frequency. 

 The Gilbert cell is an active mixer in that the IF output signal is amplified 

because of the differential amplifier gain. 

 

Mixer Mathematics 

 

Let the RF input voltage be 

 

 
RF RF RF( ) cos( )V t A t=   (2.19) 

 

and define the mixing signal by the square wave shown in Figure 2.26. Since the 

mixing signal is a periodic waveform, we can expand it in a Fourier series as 

 

 LO LO LO LO

4 1 1
( ) cos( ) cos(3 ) cos(5 )

3 5
V t t t t

 
=  −  +  −   

 (2.20) 
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 The Gilbert cell effectively multiplies both of the signals as specified by (2.19) 

and (2.20) in the time domain as 

 

 
RF LO( ) ( ) ( )V t V t V t=  (2.21) 

 

yielding 

 

 

RF

1- 3- 5-

RF

1+ 3+ 5+

2 1 1
( ) cos( ) cos(3 ) cos(5 )

3 5

2 1 1
cos( ) cos(3 ) cos(5 )

3 5

A
V t t t t

A
t t t

 
=  −  +  −   

 
+  −  +  −   

 (2.22) 

 

where 

 

 
1 LO RF 1 LO RF+ − =  +   =  −   

 3 LO RF 3 LO RF3 3+ − =  +   =  −  

 
5 LO RF 5 LO RF5 5+ − =  +   =  −  

 

Note in (2.22) that we have the sum and difference signals present in the output (IF) 

voltage signal 

 

 RF2
( ) cos( )

A
V t t+ += 


 (2.23) 

 

and 

 

 RF2
( ) cos( )

A
V t t− −= 


 (2.24) 

 

 
 

Figure 2.26 Square wave for the LO in Figure 2.25. 
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as well as the third harmonic terms 

 

 RF

3 3

2
( ) cos( )

3

A
V t t+ += 


 (2.25) 

 

and 

 

 RF

3 3

2
( ) cos( )

3

A
V t t− −= 


 (2.26) 

 

and the fifth harmonic terms 

 

 RF

5 5

2
( ) cos( )

5

A
V t t+ += 


 

 

and 

 

 RF

5 5

2
( ) cos( )

5

A
V t t− −= 


 

 

and all odd higher-order harmonics. 

 Observe that the amplitudes of these harmonics are decreasing with increasing 

harmonic number. Also note that the RF signal, the LO signal, and even the mixer 

harmonics are not present in the output. This occurs because the Gilbert cell is a 

balanced mixer. However, in reality some (or all) of these signal components will 

be present in the output since we won’t have a perfectly balanced mixer. 

 

2.3.2 Phase and Frequency Analog Modulation 

 

PM and FM are important concepts that are encountered not only within the context 

of modems but also in the analysis of such circuits as oscillators and frequency 

synthesizers. 

 In (2.1), if a(t) is a constant, Ac, and the excess phase (t) is linearly proportional 

to the baseband signal, we say the carrier is phase modulated, 

 

 
PM c c BB( ) cos[ ( )]s t A t ms t=  +  (2.27) 
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where m is the phase modulation index. For example, if sBB(t) = t, then 

PM c c( ) cos( ) ,s t A m t=  +   indicating that a ramp baseband waveform simply shifts 

the carrier frequency by a constant value. 

 Similarly, if the excess frequency, d/dt, is linearly proportional to the baseband 

signal, we say the carrier is frequency modulated, 

 

 
FM c c FM BB( ) cos ( )

t

s t A t m s t dt
−

 
=  + 

 
  (2.28) 

 

where mFM is the frequency modulation index. For example, with a DC baseband 

signal, sBB(t) = A, we have 
FM c c FM( ) cos( ) .s t A m A t=  +  Thus, a DC input to a 

frequency modulator shifts the carrier frequency by a constant value, a useful result 

in the context of VCOs. 

Figure 2.27 shows a baseband signal and the corresponding frequency-

modulated waveform. Note that in general it is not possible to determine whether a 

waveform is FM or PM if the baseband signal is unknown. Also, the maximum 

frequency deviation is equal to
d BB( ) /m s t dt  in PM and 

FM BB( )m s t  in FM. 

The nonlinear dependence of sPM(t) and sFM(t) upon sBB(t) makes it difficult to 

calculate the bandwidth occupied by the modulated waveform. We first consider a 

simple case called narrowband FM, defined as a signal for which 

FM BB ( ) 1rad.m s t dt  The FM waveform can then be approximated as 

 

 FM,NB c c c FM c BB( ) cos (sin ) ( )s t A t A m t s t dt  −    (2.29) 

 

Consequently, as shown in Figure 2.28, the spectrum consists of the carrier and that 

of BB ( )s t dt  translated to c, indicating that the bandwidth of sFM(t) is somewhat 

 
 

 Figure 2.27 FM (analog). 
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less than that of sAM(t) in Figure 2.3 because of the 1/s attenuation resulting from 

integration. 

 A special case of narrowband FM that proves quite useful is a sinusoidal 

baseband signal
BB m m( ) cos .s t A t=   In this case, we have 

 

 FM

FM,NB c c m c c m

m

( ) cos sin sin
m

s t A t A A t t  −  


 (2.30) 

 m c FM m c FM

c c c m c m

m m

cos cos( ) cos( )
2 2

A A m A A m
A t t t=  −  −  +  + 

 
 (2.31) 

 

The resulting spectrum, illustrated in Figure 2.28(b), consists of impulses at c and 

“sidebands” at (c  m). 

 Equations (2.30) and (2.31) yield three important points. First, for the 

narrowband FM assumption to hold, we must have
FM m m/ 1rad.m A    Second, as 

m increases, the magnitude of the sidebands decreases; that is., higher modulating 

frequencies have less weighting in the FM signal. Third, if 

FM c c FM m m m( ) cos[ ( / )sin ],s t A t m A t=  −   then the maximum frequency deviation 

is equal to 
FM m.m A  Note that the spacing between the sidebands and the carrier is 

 

 
 
Figure 2.28 Narrowband FM: (a) continuous psd, only positive translation is shown and (b) 

monochromatic baseband signal, both positive and negative translations shown. 
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equal to m and has no relationship with the maximum frequency deviation. While 

a useful concept in many communication systems, narrowband FM has limited 

application in modems, because of its low SNR, an issue described later.  

As the next step toward a realistic case, we consider an FM signal with a 

sinusoidal baseband waveform, but without the restriction
FM m m/ 1rad.m A    If 

BB m m( ) cos ,s t A t=   then 
FM c FM m m m( ) cos[ ( / )sin ].s t A ct m A t=  −    This 

expression can be expanded to 

 

 FM c c m( ) ( ) cos( )n

n

s t A J n t


=−

=   +   (2.32) 

 

where Jn(.) denotes the nth order Bessel function of the first kind and 

FM m m/ .m A =   If  << 1 rad (narrowband FM), then 
0 ( ) 1,J   1( ) / 2,J   

and ( ) 0nJ   for 1.n  Thus, 

 

 
FM c c c c m c c m( ) cos ( / 2)cos( ) ( / 2)cos( )s t A t A t A t=  +   + −   −  (2.33) 

 

the same result as that in (2.31). As  approaches and exceeds unity, the coefficients 

Jn() become significant for 1,n  introducing components at 
c m.n    Shown in 

Figure 2.29 are examples of the FM spectra for  = 1 and  = 2.  

 
 
Figure 2.29 FM spectra for  = 1 and  = 2. 
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 An important conclusion to be drawn from the above analysis is that the 

bandwidth of FM signals depends on m, Am, and m. In fact, the bandwidth WFM, is 

defined as that containing 98% of the signal power, then 

 

 
FM BB2( 1)W W +  (2.34) 

 

where WBB is the bandwidth of the baseband signal. This is called Carson’s rule. 

 The last attribute of FM systems to be considered is their power efficiency. 

Since an FM signal has a constant envelope and carries the information in the zero 

crossings, it can be processed by a nonlinear PA with no corruption of the baseband 

signal or increasing the required bandwidth. Thus, FM signals are well suited to high 

efficiency (inevitably nonlinear) PAs. 

 Analog FM is more widely used that analog PM, perhaps because it is easier to 

perform frequency modulation and demodulation. Figure 2.30 illustrates a simple 

frequency modulator, where the resonance frequency of an LC oscillator is varied 

in proportion to the amplitude of the baseband signal. The voltage dependent 

capacitor required here is usually a reverse biased varactor diode whose junction 

capacitance varies with sBB(t). This circuit is referred to as a voltage-controlled 

oscillator (VCO). We have much more to say about VCOs later. 

 

2.3.2.1 Wideband FM Modulator 

 

An example of an FM modulator suitable for modulation of wideband signals that 

uses a nonlinear device is illustrated in Figure 2.31. s1(t) is the product of sm(t) and 

sLO(t). This signal is applied to a nonlinear device generating s2(t), which has the 

form of (2.32). s2(t) is filtered with a band-pass filter according to the appropriate 

carrier frequency and the result, s(t), is the desired WBFM modulated signal. 

 

2.3.2.2 FM Modulation 

 

The instantaneous frequency of a carrier wave is where the information is contained 

in FM. (In analog FM applications, the carrier frequency is varied in direct 

 

 
 

Figure 2.30 Voltage-controlled oscillator. 
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proportion to changes in the amplitude of an input signal.) Digital data can be 

represented by shifting the carrier frequency among a set of discrete values, a 

technique known as frequency-shift keying. We cover the digital modulations later. 

FM is commonly used at VHF radio frequencies for military push-to-talk 

(PTT) applications. It is also used for high-fidelity broadcasts of music and speech 

(FM broadcasting) in the same frequency range. Analog TV sound is also broadcast 

using FM. A narrowband form is used for voice communications in commercial and 

amateur radio settings, as well. The type of FM used in broadcast is generally called 

wideband FM, or WBFM. In two-way radio, narrowband FM (NBFM) is used to 

conserve bandwidth. In the military VHF frequency range, the spectrum is very 

crowded and it is imperative to use as little bandwidth for each radio network as 

possible. 

Figure 2.27 illustrates an example of FM. Edwin Armstrong presented his paper, “A 

Method of Reducing Disturbances in Radio Signaling by a System of Frequency 

Modulation,” which first described FM radio, before the New York section of the 

Institute of Radio Engineers on November 6, 1935. 

FM requires a wider bandwidth than amplitude modulation for an equivalent 

modulating signal, but this also makes the signal more robust against noise and 

interference. FM is also more robust against simple signal amplitude fading 

phenomena since the information is conveyed in the instantaneous frequency and 

not the amplitude. 

FM receivers inherently exhibit a phenomenon called capture, where the tuner 

is able to clearly receive the stronger of two stations being broadcast on the same 

frequency. Problematically, however, frequency drift or lack of selectivity may 

cause one station or signal to be suddenly overtaken by another on an adjacent 

channel. Frequency drift typically constituted a problem on very old or inexpensive 

receivers, while inadequate selectivity may plague any tuner. 

The capture effect may be taken advantage of in EW settings. The EW signal 

need only be somewhat larger than the target signal at the target receiver to be 

effective at precluding successful communication. It has been demonstrated many 

 
 

Figure 2.31 WBFM modulator. 
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times that a jam-to-signal ratio (JSR) of 0 dB is normally sufficient to accomplish 

this task. 

 

2.3.2.3 Mathematical Basis of FM 

 

If the information signal to be transmitted is given by m(t), which is restricted in 

amplitude to be 

 

 ( ) 1m t   (2.35) 

 

and the sinusoidal carrier is 

 

 
c c( ) cos(2 )x t A f t=   (2.36) 

 

where fc is the carrier's base frequency in hertz and A is an arbitrary amplitude, the 

carrier will be modulated by the signal as in 

 

 
c c

0 0

( ) cos 2 ( ) cos 2 [ ( )]

t t

x t A f u du A f f m u du

   
=  =  +   

   
   (2.37) 

 

where, c( ) ( ).
mxf t f f t= +    

In this equation, f(t) is the instantaneous frequency of the oscillator and fΔ is 

the frequency deviation, which represents the maximum shift away from fc in one 

direction, assuming m(t) is limited to the range ±1. 

For the simplified case when the modulating signal is a sine wave, the 

harmonic distribution of a sine wave carrier signal modulated by another sine wave 

modulating signal can be represented with Bessel functions—this provides a basis 

for a mathematical understanding of frequency modulation in the frequency domain. 

 

2.3.2.4 Carson’s Rule 

 

Another equivalent expression for the Carson’s rule given in (2.34), is that nearly 

all the power of an FM signal (98%) lies within a bandwidth of 

 

 
m2( )W f f= +  (2.38) 

 

where fΔ is the peak deviation of the instantaneous frequency f(t) from fc (assuming 

m(t) is in the range ±1) and fm is the highest modulating frequency of m(t). 
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2.3.2.5 Modulation Index 

 

As with other modulation indices, in AM this quantity indicates by how much the 

modulated variable varies around its unmodulated level. For FM, it relates to the 

variations in the frequency of the carrier signal: 

 

 
m m

( )f m tf
h

f f


= =  (2.39) 

 

With a tone-modulated FM wave, if the modulation frequency is held constant and 

the modulation index is increased, the (nonnegligible) bandwidth of the FM signal 

increases, but the spacing between spectra stays the same. 

If the frequency deviation is held constant and the modulation index increased, 

the bandwidth stays roughly the same, but the spacing between spectra decreases. 

 

2.3.3 PM Modulation 

 

PM is a form of modulation in which the instantaneous phase of a carrier wave 

contains the information to be conveyed. Unlike its more popular counterpart, FM, 

PM is not very widely used for analog communication applications. This is because 

it tends to require more complex receiving hardware and there can be ambiguity 

problems with determining whether, for example, the signal has 0° phase or 180° 

phase. 

Suppose that the signal to be sent is as sinusoid with frequency ωm and phase 

m given by 

 

 
m m( ) sin( )m t M t=  +   (2.40) 

 

and the carrier onto which the signal is to be modulated is given by 

 

 
c c( ) sin( )c t C t=  +   (2.41) 

 

The resulting modulated signal is given by 

 

 
c c c( ) sin( ( ) )y t A t m t=  + +  (2.42) 

  

Thus PM can be viewed as a change to the frequency of the signal and it can be 

considered a special case of FM where the transmitted signal frequency modulation 

is the time derivative of the modulating signal. 

http://en.wikipedia.org/wiki/Modulation_index
http://en.wikipedia.org/wiki/Modulation
http://en.wikipedia.org/wiki/Phase_%28waves%29
http://en.wikipedia.org/wiki/Carrier_wave
http://en.wikipedia.org/wiki/Degree_%28angle%29
http://en.wikipedia.org/wiki/Frequency
http://en.wikipedia.org/wiki/FM
http://en.wikipedia.org/wiki/Derivative
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The precise spectral behavior of PM is difficult to determine, but there are two 

regions of particular interest: 

 

• Small amplitude signals; 

• Single large sinusoidal signal. 

 

For small amplitude signals, PM is similar to AM and exhibits similar doubling of 

baseband bandwidth and the resulting poor efficiency. 

 

2.3.3.1 PM Modulation Index 

 

As with other modulation indices, in PM the modulation index indicates by how 

much the modulated variable varies around its unmodulated level. For PM, it relates 

to the variations in the phase of the carrier signal: 

 

 h =   (2.43) 

  

where Δθ is the peak phase deviation. 

 
2.3.3.2 Carson’s Rule 

 

For a single large sinusoidal signal, PM is similar to FM, and its bandwidth is 

approximately 

 

 
m2( 1)W h f= +  (2.44) 

 

where 
m m / 2f =  and h is the modulation index given by (2.43). Equation (2.44) 

is known as the Carson rule for PM. 

 

2.3.4 FM and PM Modulators 

 

Perhaps the most obvious method of FM modulating a carrier is to use a VCO.  The 

amplitude of the modulating signal then determines the frequency of the carrier 

signal. This technique can be used for both narrowband and wideband FM 

modulation, although practical limits impose constraints on how narrowband to 

which the modulation can be limited. 

An FM modulator for transmission of narrowband FM (NBFM) consists of an 

integrator followed by a product modulator, as shown in Figure 2.32. 

 

http://en.wikipedia.org/wiki/Spectral_density
http://en.wikipedia.org/wiki/Amplitude
http://en.wikipedia.org/wiki/Baseband
http://en.wikipedia.org/wiki/Bandwidth_(signal_processing)
http://en.wikipedia.org/wiki/Modulation_index
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1 c 1 1

0

( ) cos[ 2 ( ) ]

t

s t A t k m u du=  +    (2.45) 

 2

2 1 1 2 1 1( ) ( ) ( ) ( )n

ns t a s t a s t a s t= + + +  (2.46) 

 
2 c 1 1

0

( ) cos[ 2 ( ) ] other terms

t

n

ns t a A t k m u du=  +  +  (2.47) 

 

c f

1 1

0

cos[ 2 ( ) ] other terms

k
t

A n t nk m u du



=  +  +  (2.48) 

 

2.3.4.1 Voltage-Controlled Oscillators 

 

Any device that can convert between a voltage or current source to a variable 

frequency can be used as an FM modulator. One popular topology for this purpose 

is the VCO, one of which is shown in Figure 2.33. 

A VCO is a device that varies its oscillating frequency according to a control 

voltage, hence its name. In this case, a varactor is used in the oscillator’s resonant 

 
 

Figure 2.33 A VCO implemented through a π network. The frequency is adjusted by adjusting the 
reverse bias on the varactor diode, C1.  

 

 
 

Figure 2.32 NBFM modulator. 
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circuit (which establishes the operating frequency). VCOs are discussed at length in 

Chapter 3 where their applications to phase locked loops are presented. 

 

2.3.4.2 Tuned Circuit LC Phase Modulator 

 

The tuned circuit or LC phase modulator is one of several methods used to generate 

phase modulation for communications signals. Although there is a myriad of designs 

of LC phase modulators, we describe here a representative circuit and present some 

of its characteristics [4]. 

There are various designs of phase modulators that are referred to as reactance 

modulators, and the LC phase modulator, shown in Figure 2.34, is one form. The 

LC modulator is a circuit that is resonant at the frequency of the carrier that is to be 

phase modulated. The circuit can be a parallel or series resonant circuit; however, 

the series circuit is the most common. Whether the circuit is parallel or series, the 

operating principle is the same. The value of the inductor and the capacitor are 

selected to be resonant at the frequency of the RF input. The resistor value sets the 

Q (and therefore the bandwidth) of the modulator. Since inductors have finite Q, the 

resistor also includes the resistance of the inductor. 

The voltage variable capacitor is a varactor diode described above. The bias 

voltage (Vb) sets the desired capacitance and inductor to be resonant at the RF input 

frequency. When the modulation voltage (which is summed with the bias voltage) 

is applied, the resonant frequency of the circuit varies above and below the center 

frequency according to the modulation voltage magnitude.  

Figure 2.35 shows the amplitude and phase of a single tuned resonant circuit. 

The plot is normalized so units are independent of Q. The plot shows the phase shift 

of 45o (0.785 rad) at the –3-dB points on the amplitude curve. The curve for phase 

goes from +90o to –90o with zero degrees at resonance. The amplitude of the 

modulating signal applied to the varactor shifts the capacitance of the varactor. This 

changing capacitance changes the resonant frequency of the resonator (f) resulting 

in a phase shift of the output following the phase response curve, thus producing a 

phase-modulated carrier at the output. 

 
 

Figure 2.34 LC phase modulator. 
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Figure 2.36 shows typical distortion characteristics of the LC phase modulator. 

The third harmonic is the dominant distortion product from the LC phase modulator. 

The rising response of the FM discriminator then causes the third harmonic to be 10 

dB higher relative to the fundamental than it would be after de-emphasis to restore 

the modulation of the phase-modulated signal.  

 

2.3.4.3 Armstrong Phase Modulator 

 

FM is normally generated directly, for example, with a VCO. The Armstrong phase 

modulator employs an indirect method of generating FM [5]. In this technique, the 

 
 

Figure 2.36 LC phase modulator distortion. 

 

 

Figure 2.35 Tuned circuit response. 
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message signal is integrated; this produces a new signal whose derivative is the 

original message signal. Phase modulation of this new signal onto the carrier 

produces the FM signal 

 

 
c n( ) cos 2 2 ( )

t

y t f t f m u du
 

=  +  
 

  (2.49) 

 

where fc is the nominal carrier frequency, f is the frequency deviation, and mn(t) is 

the normalized message signal 
n( ( ) 1).m t  . The instantaneous frequency of this 

carrier is found by taking the derivative of the argument of the cosine and then 

dividing by 2π. According to the fundamental theorem of calculus, 

 

 
n n( ) ( )

t
d

m u du m t
dt

=  (2.50) 

 

and we get 

 

 
c n c n

1
2 2 ( ) ( )

2

t
d

f t f m u du f fm t
dt

 
 +  = +  

  
  (2.51) 

 

The instantaneous frequency for the carrier of (2.49) is
c n ( ).f fm t+   In other words, 

the instantaneous frequency is offset from the nominal carrier frequency by an 

amount that is proportional to the message signal. 

 The Armstrong phase modulator is only an approximation of a true phase 

modulator; however, it is a good approximation for small modulation indices. The 

combination of an integrator and an Armstrong modulator is illustrated in Figure 

2.37; this represents an approximation to a frequency modulator. The weighting 

factors in the weighted adder are shown explicitly as amplifiers.  

 The output of the integrator is 

 
 

Figure 2.37 Armstrong phase modulator.  
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n ( )

t

m u du  

 

If the message signal is a sinusoid, the integrator output is a sinusoid having the 

same frequency; but the input and output amplitudes and phases are different. 

 The Armstrong phase modulator looks similar to a modulator for AM. For both 

modulators, a DSB term and a residual carrier are added together. Furthermore, the 

spectrum of the output from the Armstrong modulator looks similar to the spectrum 

of AM. For a sinusoidal message signal, there are three spectral lines: one from the 

residual carrier and two from the DSB terms. However, an Armstrong modulator 

does not produce an AM carrier. In the Armstrong modulator the phase shifter 

(which delays the residual carrier by π/2 radians) makes the difference. 

 In the remainder of this section, the assumption is made that mn(t) is 
mcos(2 ).f t  

Noting that 
mcos(2 )f t with a delay of π/2 radians is 

msin(2 ),f t the output of the 

Armstrong modulator is of the form 

 

 
c m c

2 2 2 1

m c m

sin(2 ) sin(2 )cos(2 )

sin (2 ) sin 2 tan ( sin(2 ) /

a f t b f t f t

a b f t f t b f t a−

 +  

 = +   +  

 (2.52) 

 

This signal shows both amplitude and angle modulation. 

 If b is small compared with a then (2.52) can be approximated as 

 

 
 

2 2 2 1

m c m

c m

sin (2 ) sin 2 tan ( sin(2 ) / )

sin 2 sin(2 )

a b f t f t b f t a

a f t f t

− +   +  

  +  
 (2.53) 

 

where 

 

 
1tan

b

a

−  
 =  

 
 (2.54) 

 

is the modulation index. A comparison of (2.53) and the expression for an FM signal 

given by 

 

  c m( ) cos 2 sin(2 )y t f t f t=  +   (2.55) 
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shows that the rhs of (2.53) has the form of FM with a sinusoidal message signal. 

 The generation of FM by the indirect method, employing an integrator and 

phase modulator, has an important practical advantage over the direct method. A 

VCO typically has poor frequency stability, so a carrier generated from a VCO 

(direct method) exhibits frequency drift. With the indirect method a very stable 

oscillator (usually a crystal oscillator) can be used as the source of the carrier. 

  

2.3.4.4 Frequency Multiplication 

 

An integrator followed by an Armstrong phase modulator can produce a good 

approximation of FM when the desired modulation index  is small. This is called 

NBFM, because the modulation index and therefore the bandwidth is small. 

However, the well-known performance advantage of FM over AM (for the target 

signals) occurs only when  is large. However, there is a way to use an Armstrong 

modulator and yet still achieve a large . This is illustrated in Figure 2.38.  

 In other words, the FM is generated with an integrator followed by an 

Armstrong phase modulator. The carrier frequency fc and the modulation index  at 

the output of the Armstrong modulator are both smaller than desired. This NBFM 

signal is placed at the input of a (memoryless) nonlinear device (such as a clipper), 

which generates harmonics. Then the mth harmonic is selected by a bandpass filter, 

having a passband centered at mfc. This output of this band-pass filter is a carrier 

frequency of frequency mfc, having FM with modulation index m. The combination 

of the nonlinear device and the band-pass filter is called a frequency multiplier. 

Actually, angle multiplier would be a better appellation, because it is the angle (the 

argument of the carrier sinusoid) that is multiplied. A second frequency multiplier 

can be used to further increase both the modulation index and the carrier frequency. 

If the second multiplier employs a factor k (selects the kth harmonic), then the output 

of this second frequency multiplier is a carrier of frequency kmfc, having FM with 

modulation index km. A summary of the effects of frequency multiplication are 

given by 

 

 
 

Figure 2.38 Frequency multiplier.  
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cfinal cf kmf=  (2.56) 

 

and 

 

 
final km =   (2.57) 

 

In this way, quite large modulation indices can be achieved. Because it is the indirect 

method for generating FM, which permits use of a crystal oscillator for the 

frequency fc, the carrier can have excellent frequency stability. 

 

 

2.4 Digital Modulations 
 

2.4.1 Introduction 

 

In digital RF systems, the carrier is modulated by a digital baseband signal. Digital 

modulation offers many advantages over analog modulations and is widely used in 

modern wireless systems. 

 The digital counterparts of AM, PM, and FM are called amplitude sift keying 

(ASK), phase shift keying (PSK), and frequency shift keying (FSK), respectively. 

Figure 2.39 illustrates examples of these waveforms for a binary baseband signal. 

In RF applications, PSK and FSK find wider usage than does ASK primarily 

because of their lower sensitivity to amplitude noise. 

 Analysis of a modem entails quantifying three parameters: signal quality, 

spectral efficiency, and power efficiency. The quality of digital signaling methods 

is expressed in terms of the bit error rate (BER), defined as the number of erroneous 

bits observed at the output of the detector divided by the total number of bits 

 
 

Figure 2.39 Digital modulations: (a) ASK, (b) PSK, and (c) FSK. 
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received in a unit time. Thus, the goal is to calculate the probability of error in the 

presence of noise and other interferers. 

 

2.4.2 Amplitude Shift Keying 

 

2.4.2.1 Introduction 

 

The transmission of digital signals is increasing at a rapid rate. Low-frequency 

analog signals are often converted to digital format pulse amplitude modulation 

(PAM) before transmission. The source signals are generally referred to as baseband 

signals. Of course, we can send analog and digital signals directly over a medium. 

From electro-magnetic theory, for efficient radiation of electrical energy from an 

antenna it must be at least in the order of magnitude of a wavelength in size; c = f, 

where c is the velocity of light, f is the signal frequency and  is the wavelength. 

For a 1-kHz audio signal, the wavelength is 300 km. An antenna of this size is not 

practical for efficient transmission. The low-frequency signal is often frequency-

translated to a higher frequency range for efficient transmission. The process is 

called modulation. The use of a higher frequency range reduces antenna size. In the 

modulation process, the baseband signals constitute the modulating signal and the 

high-frequency carrier signal is a sinusoidal waveform. There are three basic ways 

of modulating a sine wave carrier. For binary digital modulation, they are called 

binary amplitude-shift keying (BASK), binary frequency-shift keying (BFSK) and 

binary phases shift keying (BPSK). Modulation also leads to the possibility of 

frequency multiplexing [6]. 

In a frequency-multiplexed system, individual signals are transmitted over 

adjacent, nonoverlapping frequency bands. They are therefore transmitted in 

parallel and simultaneously in time. If we operate at higher carrier frequencies, more 

bandwidth is available for frequency-multiplexing more signals. 

In ASK, the amplitude of the carrier can be one out of M baseband amplitude 

functions an(t), corresponding to one of the M information symbols [7]. The 

transmitted signal corresponding to the nth symbol is given by 

 

 
c( ) ( )cos(2 )n ns t a t f t=  +  (2.58) 

 

The carrier frequency f(t) = fc and the phase shift ( )t =   are fixed. The amplitude 

functions an(t) are defined over a finite period of time, that is, 
0 0 ,t t t t  +  where 

T is the symbol time. A simple example would be a system using binary symbols 

where M = 2, and square pulses for amplitude functions according to (see Figure 

2.40). 
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Symbol “0” 

 

0 0 c 0 0

0 0

1, cos(2 ),
( ) ( )

0, otherwise 0, otherwise

t t t T f t t t t T
a t s t

  +  +    + 
=  = 

 
 (2.59) 

 

Symbol “1” 

 

0 0 c 0 0

1 1

2, 2cos(2 ),
( ) ( )

0, otherwise 0, otherwise

t t t T f t t t t T
a t s t

  +  +    + 
=  = 

 
 (2.60)  

 

2.4.2.2 BASK 

 

We can express the BASK signal as 

 

 
c( ) ( )cos(2 ), 0s t Am t f t t T=     (2.61) 

 

where A is a constant, m(t) = 1 or 0, fc is the carrier frequency, and T is the bit 

duration. It has a power P = A2/2, so that 2 .A P=  Thus (2.61) can be written as 

 

 
c( ) 2 cos2 , 0s t P f t t T=     

 
 

Figure 2.40 Baseband signal and modulated signal for ASK, M = 2.  
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 c

2
cos 2 , 0PT f t t T

T
=     

 c

2
cos 2 , 0E f t t T

T
=     (2.62) 

 

where E = P T is the energy contained in a bit duration. If we take 

 

 1 c

2
( ) cos 2t f t

T
 =   

 

as the orthonormal basis function, the corresponding constellation diagram of the 

BASK signals is shown in Figure 2.41. 

Figure 2.42 shows the BASK signal sequence generated by the binary 

sequence 0 1 0 1 0 0 1. The amplitude of a carrier is switched or keyed by the binary 

 
 
Figure 2.41 BASK signal constellation diagram. 

 

 

 
 

Figure 2.42 (a) Binary modulating signal and (b) BASK signal. 
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signal m(t). This is sometimes called on-off keying (OOK) since it was the type of 

modulation originally used for telegraph keying. 

The Fourier transform of the BASK signal s(t) is 

 

 c c2 22 2( ) [ ( ) ] [ ( ) ]
2 2

j f t j f tj ft j ftA A
S f m t e e dt m t e e dt

 

 − −  − 

− −

= +   

 c c( ) ( )
2 2

A A
M f f M f f= − + +   (2.63) 

The effect of multiplication by the carrier signal 
ccos2A f t is simply to shift the 

spectrum of the modulating signal m(t) to fc. Figure 2.43 shows the amplitude 

spectrum of the BASK signals when m(t) is a periodic pulse train. 

Since we define the bandwidth as the range occupied by the baseband signal 

m(t) from 0 Hz to the first zero-crossing point, we have W Hz of bandwidth for the 

baseband signal and 2W Hz for the BASK signal. Figure 2.44 shows the modulator 

and a possible implementation of the coherent demodulator for BASK signals. 

 

2.4.2.3 M-ary Amplitude-Shift Keying 

 

An M-ary amplitude-shift keying (M-ASK) signal can be expressed as 

 

 
 

Figure 2.43 (a) Modulating signal, (b) spectrum of (a), and (c) spectrum of BASK signals. 
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ccos2 , 0

( )
0, otherwise

iA f t t T
s t

  
= 


 (2.64) 

 

where 

 

 [2 ( 1)]iA A i M= − −  (2.65) 

 

for i = 0, 1, ..., M – 1 and M > 2. Here, A is a constant, fc is the carrier frequency, 

and T is the symbol duration. The signal has power 2 / 2,i iP A= so that 2 .i iA P=

Thus (2.64) can be written as 

 

 c

2
( ) 2 cos 2 , 0is t P f t t T

T
=     

 c

2
cos 2 , 0iPT f t t T

T
=     

 c

2
cos 2 , 0iE f t t T

T
=     (2.66) 

 

where Ei = PiT is the energy of s(t) contained in a symbol duration for i = 0, 1, ..., 

M – 1. Figure 2.45 shows the signal constellation diagrams of M-ASK and 4-ASK 

signals. Figure 2.46 shows the 4-ASK signal sequence generated by the binary 

sequence 00 01 10 11. For clarity we assume in Figure 2.46 that the transitions 

between FSK symbols line up with changes in the data symbols. Figure 2.47 shows  

 
 

Figure 2.44 (a) BASK modulator and (b) coherent demodulator. 
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Figure 2.46 4-ASK modulation: (a) binary sequence, (b) 4-ary signal, and (c) 4-ASK signal. 

 

 

 

 

 

 
 

Figure 2.45 Signal constellation diagrams for: (a) M-ASK and (b) 4-ASK. 
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the modulator and a possible implementation of the coherent demodulator for M-

ASK signals. 

 

2.4.3 Pulse Amplitude Modulation: Frequency Shift Keying 

 

M-ASK can be considered to be a kind of PAM system [7, 8]. The data transfer 

capacity D of such a system is 

 

 2 2

1
log ( ) log ( ) bits/sD M R M

T
= =             (2.67) 

 

where R is the symbol rate. When M = 2 for BASK, log2(2) = 1, and the data transfer 

capacity becomes D = 1/T = R. That is, the symbol time equals the bit time. So, to 

increase the data transfer capacity we can increase the bit rate R, that is, use a shorter 

bit (symbol) time T. In so doing, the energy in each symbol is decreased while the 

background noise remains constant. The result is a lower SNR at the receiver, where 

estimates of which symbol was transmitted are generated. A lower SNR always 

corresponds to a higher BER. In addition, higher values to R require more bandwidth 

to transmit, possibly generating adjacent channel interference when transmit energy 

from one channel spills over into adjacent channels.  

From (2.67) we find that another way of increasing the data transfer capacity is 

to increase the number of symbols M. In all practical applications, especially tactical 

EW applications, we only have a limited transmitter power available. Increasing the 

number of levels M means that the power difference between adjacent levels 

decreases. Taking the noise into account again, the probability of errors in the 

receiving process will thereby increase, again increasing the BER. Hence there is a 

 
 

Figure 2.47 M-ASK: (a) modulator and (b) coherent demodulator. 
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limit to how many symbols M can be used in a transmission system, depending on 

the level of the noise present.  

Another problem with the amplitude functions we have eluded to already—

shape of the waveform. A square pulse has a quite wide-frequency spectrum, 

increasing the risk of causing interference to other users in adjacent frequency 

bands. For this reason, square pulses are rarely used. Shaping the pulses to generate 

smoother waveforms is common—a frequently used pulse shape is Gaussian.  

 

2.4.4 FSK 

 

With FSK, the frequency of the signal is determined by the baseband signal, i.e. 

 

 
0

( ) cos 2 ( )

t

n ns t A f u du
 

=  +  
 

  (2.68) 

 

The amplitude a(t) = A and the phase shift (t) =  are constant. The frequency 

functions fn(t) are defined over a finite period of time; that is, 
0 0 ,t t t t  + where T 

is the symbol time, similar to ASK above. A simple example is a system using binary 

symbols; that is, M = 2, and square pulses for frequency functions according to  

 

symbol “0” : 

 

0 0 0 0 0 0

0 0

, cos(2 ),
( ) ( )

0, otherwise 0, otherwise

f t t t T a f t t t t T
f t s t

  +  +    + 
=  = 

 
 (2.69) 

 

symbol “1”:  

 

1 0 0 1 0 0

1 1

, cos(2 ),
( ) ( )

0, otherwise 0, otherwise

f t t t T a f t t t t T
f t s t

  +  +    + 
=  = 

 
 (2.70) 

 

(see Figure 2.48). An FSK modulation scheme with M = 2 is referred to as a BFSK 

system. Commonly, the shape of the frequency functions is chosen to be smoother 

than square pulses, for the spectral occupancy reasons mentioned above. 

Figure 2.49 shows a baseband waveform and the corresponding FSK and PSK 

waveforms associated with it. 
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 Figure 2.49 PM and FM waveforms (digital). 

 

 

 

 
 

Figure 2.48 Baseband signal and modulated signal for FSK, M = 2. 
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2.4.4.1 FSK Modulators and Demodulators 

 

For the receiver to determine what symbol was transmitted, the frequency of the 

carrier sn(t) needs to be determined. This can be accomplished in two ways: 

noncoherent and coherent detection.  

In non-coherent detection, the input signal enters a bank of bandpass filters, 

where there is a filter for each frequency used; that is, one filter for each symbol 

used in the system (see Figure 2.50). The outputs of these filters are compared to 

each other, and the received symbol is assumed to be the one that corresponds to the 

filter having the strongest output signal magnitude. The phase of the received signal 

in relation to the phase of the transmitted signal does not matter; the method is 

noncoherent. This approach is straightforward and quite easy to implement. BFSK 

systems typically employ noncoherent detection. 
In the coherent detection system, the phase of the signal must be known. 

Hence, phase synchronization between transmitter and receiver is required, which 

sometimes significantly complicates the system. On the other hand, a coherent 

system has a greater resistance against noise and interference than a noncoherent 

system (typically an SNR about 3dB lower is required for the same BER 

performance). In a coherent system, detection (demodulation) is performed using a 

cross-correlation technique (see Figure 2.51). The received signal is cross-correlated 

with locally generated prototype signals ˆ ( )ns t corresponding to all the M symbols 

used in the system. Since coherence is needed, the phase of ( )ns t' and the received 

signal sn(t) must agree. The prototype signals for our example above would be  

 

symbol “0”: 

 
 

Figure 2.50 Noncoherent FSK detection.  
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0 0 0

0

cos(2 ),
( )

0, otherwise

f t t t t T
s t

 +    +
= 


'  (2.71) 

 

symbol “1”: 

 

 
1 0 0

1

cos(2 ),
( )

0, otherwise

f t t t t T
s t

 +    +
= 


'  (2.72) 

 

The cross-correlation is performed as 

 

 
,

( ) ( ) ( )
n n n ns s

R s t s t dt = + ' '   (2.73) 

 

where τ is the delay; that is, phase shift, between sn(t) and ( ).ns t'  Since the system 

is assumed to be coherent, the phase shift between the two signals should ideally be 

equal to zero; that is, the delay should be an integer number of periods. Therefore, 

our main interest is the variable 
,

(0)
n ns s

R '  where we expect to find maximum 

correlation. For clarity, the correlation operation in this application will be written 

as 

 

 
 

Figure 2.51 Coherent detection of FSK signals using cross-correlation. 
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0

( , ) ( ) ( )( )

T

n n n nR s s s t s t t dt= ' '  (2.74) 

 

The demodulator works as follows. The input signal enters a bank of cross-

correlators as in Figure 2.51. The outputs of these correlators are compared to each 

other, and the received symbol is assumed to be the one that corresponds to the 

correlator having the strongest output signal.  

 Coherent detection has a performance advantage over noncoherent detection. 

This is manifest in the SNR required to achieve a specified BER. Theoretically, and 

frequently practically, coherent detection can be accomplished with 3-dB lower 

SNR than noncoherent detection for the same BER. 

 

2.4.4.2 Frequency Shift for Coherent Detection 

 

One obvious question for coherent detection is how large the shift in frequency Δf 

should be. Obviously, the larger the shift, the more spectrum bandwidth will be 

occupied, which is typically a detriment, but how small can the shift be for the 

system to work well? Considering that if the received signal is sn(t), the correlation 

to ( )ns t' should be as large as possible, while the (undesired) correlations between 

sn(t) and sm(t) where m ≠ n should be a minimum. For M = 2 this can be stated as 

 

 
0 0 1 1 0 1 1 0( , ) max, ( , ) max, ( , ) 0, ( , ) 0R s s R s s R s s R s s→ → = =' ' ' '  (2.75) 

  

From the last condition in (2.75), we can find the minimum frequency shift required 

 

 
0 1 0 1 0 1

0 0

( , ) ( ) ( ) cos(2 )cos(2 ) 0

T T

R s s s t s t dt a f t f t dt= =   = ' '  (2.76) 

where we have assumed 0. =  Solving (2.76) we find that the frequency shift |f0 − 

f1| = Δf needs to be 

 , 1,2,3,
2

k
f k

T
 = =  (2.77) 

 

If we set k = 1 the minimum frequency shift is obtained Δf = 1/2T. An FSK system 

using this frequency shift is called a minimum shift keying (MSK) system.  
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2.4.4.3 MFSK 

 

An MFSK modulator is a switch changing between M carrier oscillators. For 

example, a 4-FSK modulator is illustrated in Figure 2.52. Although they normally 

are, the frequencies of these oscillators need not necessarily be adjacent to one 

another or contiguous. Normal implementations of MFSK incorporate all the data 

frequencies within the width of one channel, which, in Figure 2.52, is located at f0. 

In the military VHF band, for example, the channel width would be 25 kHz, 

although that is getting narrower as congestion fills up the frequency spectrum. 
 

2.4.5 PSK 

 

In a PSK system, the phase shift of the signal; that is, the phase of a symbol interval 

compared with the phase of the last symbol interval, is controlled by the baseband 

signal, [9]:  
 

 
c( ) cos[2 ( )]n ns t A f t=  +  (2.78) 

 

The carrier frequency f(t) = fc and the amplitude a(t) = A are constant. The phase 

functions n(t) are defined over a finite period of time; that is, 
0 0 ,t t t t  + where 

T is the symbol time as before. A simple example would be a system using binary 

symbols: M = 2 and square pulses for phase functions according to: 

 

symbol “0”: 

 

  

 
 

Figure 2.52 4-FSK modulator. 
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0 0 c 0 0

0 0

0, cos(2 ),
( ) ( )

0, otherwise 0, otherwise

t t t T a f t t t t T
t s t

  +    + 
 =  = 

 
 (2.79) 

 

symbol “1”: 

 

0 0 c 0 0

1 1

, cos(2 ),
( ) ( )

0, otherwise 0, otherwise

t t t T a f t t t t T
t s t

   +  +    + 
 =  = 

 
 (2.80) 

 

(see Figure 2.53). For spectral occupancy reasons, the shape of the phase functions 

is normally chosen to be smoother than square pulses. The resulting BPSK signal is 

as illustrated in Figure 2.54. 

Recall that sinusoidal signals can be represented by vectors that have a 

magnitude and direction. In communication theory these vectors are referred to as 

phasors. If the carrier frequency fn = fc is given and constant, the phasor S will 

represent the signal without any ambiguity, with magnitude 

  

 
n na S=  (2.81) 

 

and phase 

 

 
n nS =   (2.82) 

 

Further, the phasor, being a complex number, can be drawn as a vector starting from 

the origin and having magnitude an and angle n in a complex xy-plane.  

 

2.4.5.1 PSK Modulator 

 

A PSK modulator can be implemented as illustrated in Figure 2.34 except in this 

case m(t) is the digital signal associated with PSK systems. Because it is a phase-

based system, however, additional nodes would be required in order to extract the 

absolute (or relative) phase at the receiver. 

 Another simple diagram of a BPSK modulator is shown in Figure 2.55 [10]. 

When there is a positive voltage at the data input port, D1 and D3 are ON while D2 

and D4 are OFF. The carrier signal at the carrier input port will pass through T1 and 

couples to the second transformer. The signal then passes through D1 and D3 and 

reaches the primary of T2. Then the signal will couple to the secondary of T2. The  

phase of the waveform at the PSK output terminal will be similar to the phase of the 

carrier input, as shown in Figure 2.54. On the other hand, when a negative voltage 

is at the data input port, then D1 and D3 are OFF while D2 and D4 are ON. Thus, the 
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Figure 2.54 BPSK modulation. 

 

 
 

Figure 2.53 Baseband signal and modulated signal for PSK, M = 2 
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phase of the waveform at PSK output terminal is opposite to the phase of the carrier 

input, thereby implementing a 180o phase shift of the carrier. 

 

 

2.5 Polar Modulation 
 

Polar modulation is a technique whereby a sinusoidal signal, or carrier, having 

constant radian frequency ωc, is time-varied in both magnitude and phase. We can 

think of polar modulation as transmitting information that both the magnitude (r) 

and the angle (θ) of a vector simultaneously carry. (We typically reference θ to the 

positive x-axis). This vector’s tail attaches to the origin of the polar-coordinate 

system, and its head attaches to any other point, P, in the coordinate plane (Figure 

2.56).  

Any point, P, can be represented in the polar plane by the polar point (r, θ). It 

should be apparent from Figure 2.56 that we can easily convert a polar coordinate,   

(r, θ), to a rectangular coordinate, (x, y), by projecting point P onto the x-axis at x1 

and onto the y-axis at y1. Doing so allows us to convert the polar coordinate, (r, θ), 

to the rectangular coordinate, (x, y), using 

 
 

Figure 2.56 We can represent any point, P, in the polar plane by the polar point (r, ), or convert it to a 

rectangular coordinate, (x, y), by projecting point P onto the x-axis at x1 and onto the y-axis at y1. 

 

 

 
 
Figure 2.55 A PSK modulator. 

 

 

http://m.eet.com/media/1137100/438291f1.pdf
http://m.eet.com/media/1137100/438291f1.pdf
http://m.eet.com/media/1137100/438291f1.pdf
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 cosx r=   (2.83) 

 siny r=   (2.84) 

  

It is likewise possible to convert a rectangular coordinate (x, y) to a polar 

coordinate (r, θ) using 

 

 2 2r x y= +  (2.85) 

 1tan
y

x

− =  (2.86) 

  

We must take care when performing rectangular-to-polar conversions with 

(2.86). Most calculators and mathematical-software packages provide a 1tan ()−

function with only one argument. For example, in 1tan ( ),z−  z is a floating-point 

number that represents the quotient, y/x, in (2.86), but using the expression “y / x” 

to provide the z argument for the 1tan ()− function presents two problems. First, 

when the value of x is zero (i.e., on the y-axis) or both x and y are zero (i.e., at the 

origin), the value of y / x is undefined. Second, a single value of z can represent two 

angles. For example, 1tan (1)− typically returns a value of π/4 (0.785 rad). However, 

5π/4 (2.927 rad) is an equally valid result. 

We can accomplish polar modulation by varying the magnitude of a carrier 

signal over time, the phase angle of a carrier over time, or both. The varying 

magnitude and phase carry the information to be transmitted. In polar form, this 

varying magnitude and phase are time variations in the position of point P in Figure 

2.56. That is, the location of P varies over time, which amounts to simultaneously 

varying r and θ. 

For example, suppose the information to be transmitted is a sinusoid of 

frequency f0 and peak amplitude A. We can represent this relationship on the polar-

coordinate system by making point P follow a circular path. This circle centers on 

the origin and has a radius of A units. We realize the frequency component by 

making point P complete one revolution around the circle every 1/f0 seconds. In this 

case, the polar variable, r, has no time variation but is fixed at a constant value, A. 

The polar variable, θ, on the other hand, varies linearly with time, and its value at 

any given instant is θ = 2πf0t. This type of signal, a rotating vector of constant 

magnitude, is a phasor. The modulation occurs when we impose the information 

signal—in this case, a phasor—upon the carrier signal.  

The most common method of performing polar modulation uses a quadrature 

modulator, as illustrated in Figure 2.57. I(t) and Q(t) are the input signals to the 

modulator and carry the information to be transmitted. The quadrature modulator 

http://m.eet.com/media/1137100/438291f1.pdf
http://m.eet.com/media/1137100/438291f1.pdf
http://m.eet.com/media/1137101/15778-figure_2.pdf
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implements polar modulation by means of the polar-to-rectangular conversion of 

(2.83) and (2.84) [11]. That is, we must convert the information signal from polar 

form (r, θ) to rectangular form (x, y). We can represent the information signal, which 

is encoded in the time-varying position of P, in polar form as 

 

 ( ) [ ( ), ( )]P t r t t=   (2.87) 

  

That is, the position of point P is a function of time—hence, the P(t) designation—

and, at any time, t, the location of P is given by the time-dependent values of r and 

θ [r(t) and θ(t), respectively]. Equations (2.83) and (2.84) provide the means of 

converting (2.87)  to time-varying x and y signals as 

 

 ( ) ( )cos ( )x t r t t=   (2.88) 

 ( ) ( )sin ( )y t r t t=   (2.89) 

  

In Figure 2.58, input I(t) is identical to x(t) in (2.88), and Q(t) is identical to 

y(t) in (2.89). Therefore, the information to be transmitted is encoded into the I(t) 

and Q(t) signals and mixed with the carrier signal. We can think of the process of 

mixing the I(t) and Q(t) signals with the carrier signal as a multiplication process—

hence, the multiplier symbols in Figure 2.57. We add the mixed I(t) and Q(t) 

 
 

Figure 2.58 Using only a single multiplier, the direct method of polar modulation allows us to apply 

coding information in polar form. 
 

 

 
 

Figure 2.57 The quadrature modulator implements polar modulation by polar-to-rectangular 
conversion. 
 

 

http://m.eet.com/media/1137101/15778-figure_2.pdf
http://m.eet.com/media/1137101/15778-figure_2.pdf
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signals—hence, the summing symbol in Figure 2.57—to produce the final output. 

It produces the form 

  

 
c c( ) ( )cos( ) ( )sin( )g t I t t Q t t=  +   (2.90) 

  

which is the output signal of the quadrature modulator: 

Substitution for I(t) and Q(t) based on (2.88) and (2.89) yields 

 

 
c c( ) { ( )cos[ ( )]}cos( ) { ( )sin[ ( )]}sin( )g t r t t t r t t t=   +     

  

For the moment we drop the function-of-time notation, replacing g(t), r(t), θ(t), and 

ωct with variables g, r, θ, and , respectively. This step allows us to rewrite (2.90) 

as 

 

 cos cos sin sing r r=  +    

 (cos cos sin sin )r=  +    (2.91) 

  

Note that the expression for g contains products of both cosines and sines. We 

use the following identities for each of these products, as 

 

 
1 1

cos cos cos( ) cos( )
2 2

  =  +  +  −  (2.92) 

 
1 1

sin sin sin( ) sin( )
2 2

  =  − −  +   (2.93) 

  

Substituting (2.92) and (2.93) into (2.91) yields the compact form 

 

 cos( )g r= −  (2.94) 

  

However, since the cosine function is an even function, that is, cos(x) = cos(–x), and 

so (2.94) can be written as 

 

 cos( )g r= −  (2.95) 

  

Restoring the time dependency of the variables in (2.95) yields the output signal of 

Figure 2.58  

 

 
c( ) ( )cos[ ( )]g t r t t t=  −  (2.96) 

 

http://m.eet.com/media/1137101/15778-figure_2.pdf
http://m.eet.com/media/1137101/15778-figure_2.pdf
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Recall that the input signals in Figure 2.57, I and Q, are the time-varying 

rectangular coordinates of the information to be transmitted. Equations (2.90)–

(2.96) reveal that the output of the quadrature modulator takes the form of a polar 

equation. That is, the 
ccos( )t  portion of (2.96) establishes a phasor (Figure 2.56) 

that rotates with radian frequency, ωc (the carrier signal). However, the phasor 

magnitude varies with time as r(t) prescribes, and its instantaneous angle deviates 

from ωct as θ(t) prescribes. Therefore, r(t) and θ(t) are the polar-form representation 

of the original rectangular information that I(t) and Q(t) carry. 

 This result leads to a direct method of polar modulation (Figure 2.58). Instead 

of coding the information to be transmitted into rectangular form, we can apply it in 

polar form. One advantage of this technique is that it requires only one multiplier. 

By inspection, the output signal, z(t), is 

 

 
c( ) ( )cos[ ( )]z t r t t t=  −  (2.97) 

 

We see that z(t) is identical to g(t), which is the output signal for the quadrature 

modulator of Figure 2.57. Hence, we have established the equivalency of the two 

forms of modulation. Once again, r(t) is the time-varying amplitude, and θ(t) is the 

time-varying phase of the information to be transmitted. 

Once we establish the two methods for generating a polar-modulated signal 

(Figure 2.57 and Figure 2.58), we can explore the common QAM (quadrature-

amplitude- modulation) case of polar modulation. The name reflects the usual 

method by which we implement QAM—the quadrature modulator of Figure 2.57. 

However, we can also accomplish QAM using the direct polar-modulation form of 

Figure 2.58 by properly controlling the amplitude and the phase of the carrier signal 

according to (2.97). We use QAM when we want to transmit data that has the form 

of a serial bit stream but when the spectrum of the output signal must occupy a 

relatively narrow bandwidth. We accomplish this task by grouping consecutive bits 

in the original bit stream into M-bit groups, which requires a serial-to-parallel 

conversion. Each M-bit group, or symbol, can represent 2M possible binary 

combinations. For example, if we collect the incoming bits into groups of four with 

M equal to four, then each symbol has 16 possible binary combinations. 

The advantage of grouping bits into symbols is that we can transmit the 

symbols at a rate that is 1/Mth the rate of the original bit stream. The symbol, or 

baud, rate is always less than the bit rate for M > 1, so it proportionally reduces the 

bandwidth that the transmitted data occupies. Note that we indirectly use the value 

of M to identify various QAM schemes. For example, the case of M = 4 is 16-QAM 

(2M = 16). Other cases of M—6 and 8, for example—yield 64-QAM and 256-QAM, 

respectively.  

To transmit the QAM data, the value of a symbol takes a unique position in a 

constellation map. That is, each point in the constellation represents a unique 

http://m.eet.com/media/1137101/15778-figure_2.pdf
http://m.eet.com/media/1137100/438291f1.pdf
http://m.eet.com/media/1137102/438291f3.pdf
http://m.eet.com/media/1137101/15778-figure_2.pdf
http://m.eet.com/media/1137101/15778-figure_2.pdf
http://m.eet.com/media/1137102/438291f3.pdf
http://m.eet.com/media/1137101/15778-figure_2.pdf
http://m.eet.com/media/1137102/438291f3.pdf
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combination of bits in the symbol. Figure 2.59 shows the constellation for 16QAM. 

For example, we could assign the 4-bit combination 0000 to the point at the upper 

right of Figure 2.59 and assign the 4-bit combination 0001 to the point that the vector 

indicates. Similarly, each of the 16 possible values of the symbol gets a unique point 

in the constellation. 

If we use QAM, then the (x, y) coordinate of each constellation point embeds 

the transmitted information. That is, I(t) carries the x information, and Q(t) carries 

the y information. Alternatively, if we employ direct polar modulation, then the (r, 

θ) coordinate of each constellation point contains the information. The simplicity of 

the constellation diagram is one reason that it often appears in the literature on the 

subject of data transmission. We must remember however, that the vector in Figure 

2.59 represents a time-dependent amplitude and phase deviation of the carrier 

phasor. As such, the vector in Figure 2.59 must move smoothly from point to point 

and make no instantaneous jump between points. Instantaneous jumps require a 

broad frequency spectrum, which is contrary to the purpose of using QAM as a data-

transmission scheme. This technique is referred to as pulse shaping [12, 13]. 

 

 

2.6 Noise Generators 
 

One of the most successful types of modulations for FM EA is FM by modulation 

with a white Gaussian noise source. It has been shown that with some very 

reasonable assumptions about the signal to be interfered with (jammed), a Gaussian 

 
 
Figure 2.59 Each point in the constellation map for 16-QAM represents a unique combination of bits in 

the symbol. 
 

 

http://m.eet.com/media/1137103/15747-figure_4.pdf
http://m.eet.com/media/1137103/15747-figure_4.pdf
http://m.eet.com/media/1137103/15747-figure_4.pdf
http://m.eet.com/media/1137103/15747-figure_4.pdf
http://m.eet.com/media/1137103/15747-figure_4.pdf
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noise interfering signal is the optimal waveform from an efficiency point of view 

[12]. While there are many ways of generating white noise, we will concentrate here 

on only a few. 

Two possible architectures for generating white noise with a reversed-biased 

Zener diode are shown in Figure 2.60. The variable band-pass filter at the output 

selects both the bandwidth and center frequency of the noise waveform. 

Another analog circuit is shown in Figure 2.61 [14]. With the 50 MHz low-pass 

filter shown after the npn transistor, the noise spectrum extends from about DC to 

50 MHz (see Figure 2.62). The circuit presented here in Figure 2.61, however, is an 

inexpensive version that produces frequencies up to about 300 MHz with an 

appropriate low-pass filter. Its operation is based on the noise generated by the Zener 

breakdown phenomenon in the BJT reverse-polarized base-collector junction. In 

other words, such shot noise involves the statistical fluctuations of the current flow  

  

 

Figure 2.60 These circuits will generate broadband noise from DC up to around 300 MHz with 

bandwidth dependent on component selection. 
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Figure 2.62 White noise spectrum for the circuit shown in Figure 2.64 (measured). 

 

 

Figure 2.61 White noise generator that is based on the noise generated by the Zener breakdown of Q2 

and is capable of delivering approximately a constant –60dBm in a 0–50 MHz bandwidth. 
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present in the bipolar transistor. The generator shown makes use of a common 

2N2907 biased by the constant current source supplied by a 2N2222 (Figure 2.61). 

To increase the amount of shot noise attainable, the collector of the 2N2907 is 

left open and the base-emitter is reverse-biased. That is, the BJT is connected as a 

Zener diode to exploit the reverse breakdown phenomenon. 

With this configuration, the reverse breakdown voltage exhibited by the 

emitter-base junction can be easily observed using an ordinary spectrum analyzer. 

The attainable bandwidth is about 300 MHz, and the power output is about –70dBm. 

To increase the noise power, one or more amplifiers can be added. The 50 MHz 

low-pass filter inserted between the generator and U1 is necessary to maintain the 

amplifier output power compression at an acceptable value. But, of course, with this 

configuration, the bandwidth is restricted to the 0–50 MHz range; that is, the power 

spectrum vanishes outside the cutoff frequency of the filter. 

In Figure 2.61, R4 is needed to limit the current delivered to the amplifier. L1 

provides high impedance to isolate the DC source from the RF signal. C3 removes 

any DC content from the output of the generator. The 20 k trimmer connected 

between the base and ground in Figure 2.61 permits a wide range of the attainable 

output noise up to –60dBm (Figure 2.62). 

 Of course, if higher levels of noise are required, broadband amplifiers can be 

added to any of the outputs to boost the noise to any level. 

 The waveforms of these analog noise generators are truly random. They 

are not repeatable as the reversed-biased diodes generate truly random thermal 

noise. 

  

 

2.7 Concluding Remarks 
 

The common modulations used for communications were introduced in this chapter 

along with some methods to apply them to a carrier. Modulating signals such as 

discussed here are used to modulate a carrier signal that is subsequently sent toward 

a target receiver node in an attempt to negate successful communications. 

 In the next chapter we will examine carrier signal generation, which are the RF 

signals that are modulated in this process of performing EA. 
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Chapter 3 
 

 

EW Exciters 
 

 

3.1 Introduction 
 

Exciters in EW systems are the original source of jamming signals. They are 

comprised of two principal subsystems: (1) an oscillator of some sort, sometimes 

tunable over a considerable range, and (2) a modulator that imposes the desired type 

of jamming modulation (typically noise) onto the carrier generated by the oscillator. 

The oscillator is sometimes referred to as a synthesizer, which is the topic of this 

chapter. Modulators were the subject of Chapter 2. 

We provide a general introduction in this chapter. For those desiring to delve 

more deeply into the subject of synthesizers, [1] is recommended. 

The exciter output is typically a fairly low-level signal that must be amplified 

considerably in order to be useful for EA. It is usually desirable to have the exciter 

signal clean and as free of harmonics as possible in order to minimize the 

detrimental effects to friendly communication signals or other signals that are not 

the target of the EA. We discuss low-level amplifiers for this function extensively 

in later chapters. 
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This chapter is organized as follows. First, the general considerations for 

oscillators are presented. Basic notions are covered including the motivation for 

their use. That is followed by the fundamental principles of operation common to 

most oscillators. Oscillators that employ LC resonators are covered first. The 

common types of oscillators (e.g., Clapp) are presented along with discussion of 

their topology. Oscillators employing crystal resonators are covered next, followed 

by the introduction of MEMS technology used for oscillators. Phase locked loop 

synthesizers comes next and that discussion is followed by covering the basics of 

direct digital synthesis oscillators. The final topic covered in this chapter is oscillator 

phase noise and how to deal with it. 

 

 

3.2 Oscillator Basics 
 

Oscillators are amplifiers with a feedback path which contains a resonator in that 

feedback path; resonator being a term describing a network of inductors, capacitors, 

and resistors usually tuned to a specific frequency [2]. The resonator can take many 

forms: crystal, surface acoustic wave (SAW), inductive/capacitive (LC), distributed 

line, or microelectromechanical (MEM), to mention some. With sufficient gain, 

noise will be amplified enough to eventually stabilize the amplitude and create an 

output signal that consists of narrowband noise.  

It was long thought that oscillation occurs because the device must be initially 

powered, and this must create a transient, and this transient jump-starts oscillation; 

but this is inaccurate. The transient obviously exists, but oscillations are maintained 

due to initial and continuous noise in the system from passive or active devices; the 

noise sources being those discussed later in this chapter. An oscillator is a device 

with very high gain (and Q) that continuously amplifies noise.  

The concept of an ideal sinusoidal signal of the form Asin(0t) is convenient for 

modeling and analysis but does not exist in practice. Oscillators are amplifiers with 

a resonator somewhere in the positive feedback circuit. Oscillators start oscillating 

 
 

Figure 3.1 Oscillator flow diagram. 
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because there is thermal or other noise sources present in the active device. The 

spectrum is the product of the noise and resonator transfer function. 

The resonator in the oscillator with a high Q dictates that the noise spectrum that 

gets amplified is narrowband. (Q is defined as the ratio of radiated-to-stored energy.) 

In the limit, narrowband noise with zero bandwidth of necessity is a sinusoid. 

Therefore, the oscillator generates sinusoidal-like signals. The noise spectrum is 

centered on an average 0 (called the center frequency). A general block diagram 

of an oscillator is shown in Figure 3.1. 

The advantage of using a high-Q filter is illustrated in Figure 3.2. Low-Q 

resonators are possible with LC elements. High-Q resonators are possible by 

implementation with crystals and even higher with MEMS devices.  

Let G() denote the transfer function of the amplifier. For our purposes it can be 

assumed that G() is flat around
0 with amplitude A and phase shift (): 

 

 ( )( ) jG Ae   =  (3.1) 

 

When oscillating, the signal is narrowband in comparison to amplifier bandwidth 

and group delay (phase shift rate). The feedback, F(), is a narrowband (high Q) 

LC resonator.  

 
 

Figure 3.2 Comparing high-Q resonator feedback vs low-Q. 
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The transfer function of the system is obtained as follows. From Figure 3.1 we 

can see that 

 

 
i o( )V V F V= + '  

 

but 

 
o ( )V G V=  ' 

so 

 

 
o i o( )[ ( ) ]V G V F V=  +   

 

and 

 

 
o i[1 ( ) ( )] ( )V G F G V−   =   

 

so the transfer function of the closed loop (CL) system is 

 

 o

i

( )
( )

1 ( ) ( )

V G
CL

V G F


 = =

−  
 (3.2) 

  

With the aforementioned assumptions, since this is a feedback system and 

linearity is assumed, the closed loop transfer function is 

 

 

( )

( )
( )

1 ( )

j

j

Ae
CL

AF e

 

 
 

− 
 (3.3) 

 

In our case the input voltage, Vi, is noise from one or several internal sources. 

Oscillations occur when the denominator in (3.3) approaches zero. This happens 

when 
0( ) 1AF j → and the phase goes to 0° (or 180°, depending on total phase 

shift around the circuit, which must be zero).  
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It should be remembered that the output signal from the device is actually 

amplified noise, not a sinusoid. In addition, the open-loop gain should peak at the 

same frequency that the group delay peaks (maximum resonator phase rate). 

Otherwise, additional AM noise will be converted to phase noise as shown in Figure 

3.3. The resonator amplitude and phase components contribute to the phase noise. 

The local minimum in Figure 3.3 is at
0 , where ( ) / 0,dA d  = 2L is the /d d   

term, and
1L is the /dA d  term. 

  The active, energy restoring device in oscillators act as amplifiers with 

immense gain resulting in very high Q, amplifying the tiny
Bk T signal to a signal in 

the milliwatt levels with the signal to noise floor dynamic range in the 150- to 160-

dB range or more. Active devices also contribute flicker noise, which is a dominant 

term in practical oscillator design in the region close to the frequency of oscillation. 

Consider the circuit shown in Figure 3.4. It is comprised of a tank consisting of 

R, C, and L, the latter two of which are assumed to be lossless. This tank is 

augmented with an ideal (noiseless) energy restorer of some kind (a BJT, FET,  

operational amplifier, TWT).  

The circuit (simplified) of one type of oscillator (a Colpitts variety) is shown in 

Figure 3.5. The energy restorer in this case is an FET. The waveforms of the voltage 

in this circuit tank and the current through the FET are illustrated by Figure 3.6. 

Note that they are not sinusoidal; they are heavily corrupted with noise. The 

spectrum of the voltage across the tank looks similar to that shown in Figure 3.7.  

 

 
 

Figure 3.3 Resonator amplitude and phase. 
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Figure 3.5 Colpitts oscillator. 

 

 
 

Figure 3.4 Perfectly efficient RLC. 
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Figure 3.6 Colpitts waveforms. in(t) is the current flowing through the tank circuit shown in Figure 3.5. 
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3.3 Principles of Oscillator Operation 
 

The components added to the simplified oscillator block diagram shown in Figure 

3.1 provide a positive feedback path from the output of the active device to the input  

through a resonator. The resonator must be interfaced to the active device through 

an appropriate coupling networks (see Figure 3.8). 

Figure 3.9 shows a simplified oscillator circuit drawn with only the RF 

components, no biasing resistors, and no ground connection. The inverting amplifier 

is implemented with a single transistor and the feedback mechanism depends on 

which ground reference is chosen. Of the numerous oscillator types, the three most  

common ones are Pierce, Colpitts, and Clapp configurations, and each consists of 

common circuitry except that the RF ground points are at different locations. 

Operation of an oscillator can be split into two phases: startup and steady state. 

Oscillation must begin with no external stimulus. When power is applied, signal 

 

 

Figure 3.7 Op-amp amplitude and phase. 

 

 

 

Figure 3.8 A simplified representation of an oscillator. 

 

http://www.mwrf.com/Files/30/5510/Figure_03.gif
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buildup begins in the filter network and the signal developed is small. Positive 

feedback and gain in the amplifier continuously increase the signal until the 

saturation is reached in the amplifier, limiting the loop gain to unity. At this point, 

the oscillator enters steady-state operation; the time from power on to steady-state 

operation is the oscillator startup time. 

An oscillator’s steady-state operation is governed by the amplifier and the tuned 

circuit of the filter block—the resonator.  Nonlinearity of the amplifier forces unity 

loop gain at steady state. The Barkhausen phase requirement of 2π rads is met when 

the tuned circuit reactance adjusts to match. The power output and loading of the 

tuned circuit are the main concerns at steady state. The amplifier circuit is typically 

implemented with a BJT, FET, or op-amp. The linear characteristics of the active 

device determine the starting conditions of the oscillation due to the low signal 

levels, while the nonlinear characteristics establish an oscillator’s operating point. 

 

3.3.1 LC Resonators in Oscillators 

 

The fundamental types of LC resonators are illustrated in Figure 3.10.  

The filter block sets the frequency at which the oscillator will operate, which is 

accomplished by using an inductive-capacitive (LC) tuned circuit or crystal. Figure 

3.11 depicts a basic shunt-C coupled LC-series resonator that provides phase shift 

and a coupling network. Since an inverting amplifier is being used, the filter block 

must provide a µ-rad (180-deg.) phase shift to satisfy the second Barkhausen 

criteria. 

 

3.3.1.1 Barkhausen Criteria 

 

The Barkhausen criteria establish when the oscillator will oscillate [2]. It states that 

there are two requirements for oscillation: 

 

 
 

Figure 3.9 This simplified oscillator circuit is designed without an RF ground. Where the ground is 

attached defines the type of oscillator it is. 

 

http://www.mwrf.com/Files/30/5510/Figure_02.gif
http://www.mwrf.com/Files/30/5510/Figure_02.gif
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(1) The total magnitude of the gain around the loop is at least unity. That is 

 

 1AB   (3.4) 

 

In practical applications, the total loop gain should be slightly larger than 

unity to ensure positive feedback is maintained in the presence of device 

variations. When the gain is larger than unity, the oscillation amplitude will 

be limited by the onset of device nonlinearity. In the case of the inverter, 

the nonlinearity acts as a hard limiter. It is clear that the total gain for n 

inverters is greater than unity. 

 

(2) The total phase shift is zero or an integer multiple of 2 radians at the 

oscillation frequency. That is 

 

 2 , 0,1,AB n n =  =  (3.5) 

 
 

Figure 3.10 Basic types of resonators. 

 

 
 
Figure 3.11 This diagram shows a basic LC series resonator. 
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Each stage provides /n phase shift and so it requires two passes through the 

ring to acquire the necessary 2 radian phase shift. Therefore, the frequency of 

oscillation is [2] 

 

 o

d

1

2
f

nT
=  (3.6) 

 

Every oscillator has at least one active device be it a BJT, FET, or vacuum tube 

(operational amplifiers are made with multiples of these devices); this active device 

serves as an amplifier. For this first part of the discussion we will confine ourselves 

to LC oscillators.  

At turn on, when power is first applied, random noise is generated within the 

active device and then amplified [3]. This noise is fed back positively through 

frequency selective circuits to the input where it is amplified again and so on. 

Ultimately a state of equilibrium is reached where the losses in the circuit are made 

compensated by consuming power from the power supply and the frequency of 

oscillation is determined by the external components, be they inductors and 

capacitors (LC) or a crystal. The amount of positive feedback to sustain oscillation 

is also determined by external components.  

 

3.3.1.2 Colpitts Oscillator 

 

An example of an oscillator using a MOSFET as the energy restorer is illustrated in 

Figure 3.5. In this case the oscillator is one of the most common types called a 

Colpitts oscillator. Another example of a Colpitts oscillator but with an operational 

amplifier as the energy restorer is shown in Figure 3.12. Note that neither of these 

energy restorers is noiseless. When modeling, however, the noise sources in the 

active devices can be included in the resistances shown. The capacitors and 

inductors determine the frequency of oscillation, which is given by 

  

       0

1 2

1 2

1

2

f
LC C

C C

=


+

        (3.7) 

 

3.3.1.3 Hartley Oscillator 

 

The Hartley oscillator is characterized by two inductors in the feedback path (see 

Figure 3.13). Its architecture is very similar to the Colpitts oscillator with the 

inductor and capacitor interchanged. Feedback is applied where the inductors join. 
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The two inductors are connected in parallel to a capacitor, forming the frequency-

determining resonator. 

 Since the feedback is provided from the emitter (in this case), the output is not 

an inverted replica of the transistor input. This configuration does not provide an 

inversion through the transistor and another 180o phase shift in the resonator, but 

the total phase shift is 0o (= 360o) nevertheless.  

 

3.3.1.4 Clapp Oscillator  

 

The Clapp oscillator was first documented by James K. Clapp in 1948. Illustrated 

in Figure 3.14, it is a variation on the Colpitts oscillator and is often preferred over 

it in variable frequency oscillators (VFOs) where the oscillator is designed to be 

retuned to operate over a range of frequencies. The architecture is comprised of a 

single inductor and three capacitors, with two capacitors,
2C  and

3 ,C determining the 

 

Figure 3.13 Hartley oscillator. 

 

 
 

Figure 3.12 Oscillator with op amp. 

http://en.wikipedia.org/w/index.php?title=James_K._Clapp&action=edit&redlink=1
http://en.wikipedia.org/wiki/VFO
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amount of feedback voltage applied to the transistor input. C1 is often a variable 

capacitor in a VFO that determines the frequency of oscillation.  

The oscillation frequency as determined by the resonator is 

 

 0

1 2 3

1 1 1 1 1

2
f

L C C C

 
= + + 

  
 (3.8) 

 

To begin oscillation, the circuit must satisfy the Barkhausen criteria mentioned 

above. We can see that the amplifier provides the gain for the first criteria. The 

amplifier is inverting, causing a π rad (180o) phase shift to partially meet the 

requirements of the second criterion. The filter block provides an additional π rad 

phase shift for a total of 2π rad (360o) around the entire loop. The filter block also 

sets the frequency of oscillation using a tuned circuit (inductor and capacitor) or 

crystal [4]. 

 

3.3.1.5 Pierce Oscillators 

 

The type of oscillator commonly employed in ICs is the Pierce configuration (Figure 

3.15). It has many desirable characteristics, including the capability of operating 

over a wide range of frequencies with very good short-term stability [3]. Although 

inductors and capacitors are convenient for use in oscillator-tuned circuits, the 

primary disadvantage of this type of oscillator is the tendency to drift with changes 

in temperature, power-supply voltage, or mechanical vibrations. Setting the 

frequency of an LC oscillator requires precise manual tuning. 

 

 

 

 

Figure 3.14 Clapp oscillator. 

 

http://www.mwrf.com/Files/30/5510/Figure_04.gif
http://www.mwrf.com/Files/30/5510/Figure_04.gif
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3.3.2 Crystal Resonators 

 

Crystal oscillators use a crystal as the principal resonating element, as opposed to 

discrete LC elements discussed above. We examine such oscillators in this section. 

 

3.3.2.1 Quartz Crystals 

 

Because their natural oscillation frequencies are very stable, quartz crystals have 

very desirable characteristics for use in tuned oscillators. The resonance has a very 

high Q, ranging from 10,000 to several hundred thousand. Ultimately, however, Q  

values and stability are the principle limitations of crystal-based oscillators.  

The practical frequency range for fundamental-mode AT-cut quartz crystals is 

up to about 30 MHz. Crystals for fundamental frequencies higher than 30 to 40 MHz 

are very thin and fragile. Higher frequency operation is achieved by utilization of 

overtones of the fundamental frequency. Ninth-overtone crystals are used up to 

approximately 200 MHz, the practical upper limit of crystal oscillators. Higher 

frequencies are possible with phase locked loops, to be discussed later.  

 
 

Figure 3.15 Classic Pierce oscillator. 
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Quartz is a piezoelectric material and when an electric field is placed upon it, a 

physical displacement occurs. The electronic symbol for a quartz crystal is shown 

in Figure 3.16(a) and the equivalent circuit for a quartz crystal near fundamental 

resonance is shown in Figure 3.16(b). The circuit elements C1, L1, and R1 are known 

as the motional arm and represent the mechanical behavior of the crystal element, 

while capacitor 
0C  represents the electrical behavior of the crystal element and 

mount. 

The equivalent circuit in Figure 3.16(b) represents the fundamental oscillation 

mode. A more complex model can represent a crystal through as many overtones as 

desired. For the sake of simplicity, this simple model is usually employed and 

different values are used to model fundamental or overtone modes. Spurious 

resonances occur at frequencies near the desired resonance. In high-quality crystals, 

the motional resistance of spurious modes is at least two or three times the primary 

resonance resistance and the spurious modes may be ignored. In this model, 
1C  

represents motional arm capacitance (in farads). It represents the elasticity of the 

quartz, the area of the electrodes on the face, and the thickness and shape of the 

quartz wafer. Values of 
1C  are in the range of femtofarads (10−15 F or 10−3 pF). 

L1 represents motional arm inductance (in henrys). It represents the vibrating 

mechanical mass of the quartz in motion. Low-frequency crystals have thicker and 

larger quartz wafers and
1L ranges in a few henrys. High-frequency crystals have 

thinner and smaller quartz wafers and 
1L  ranges in a few millihenrys. 

1R is the 

resistance (in Ω). It represents the real resistive losses within the crystal. Values 

range from 10 Ω for 20 MHz crystals to 200 kΩ for 1 kHz crystals. 
0C  is the shunt 

capacitance (in farads). It is the sum of capacitance due to the electrodes on the 

crystal plate plus stray capacitances due to the crystal holder and enclosure. Values 

of 
0C  range from 3 to 7 pF. Table 3.1 shows some typical values. 

Notice that shunt capacitance
0C is typically listed as a maximum value and not 

as an absolute value. Notice also that motional parameters
1 1, ,C L and 

1R  are not 

 
 

Figure 3.16 Crystal equivalent circuit. 

http://www.mwrf.com/Files/30/5510/Figure_05.gif
http://www.mwrf.com/Files/30/5510/Figure_05.gif
http://www.mwrf.com/Files/30/5510/Table_01.gif
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typically provided in a crystal data sheet. They can generally be obtained from a 

crystal manufacturer, or from measurements. Table 3.2 shows equivalent-circuit 

values for an example crystal. 

A crystal has two resonant frequencies characterized by zero phase shift (see 

Figure 3.17). The first is the series resonant frequency,
s ,f  given by 

 s

1 1

1

2
f

L C
=


 (3.9)  

 

We recognize this as the basic equation for the resonant frequency of an inductor 

and capacitor in series. Recall that series resonance is that particular frequency 

which the inductive and capacitive reactances are equal and cancel: 
1 1.L CX X=  

When the crystal is operating at its series resonant frequency the impedance will be 

at a minimum and current flow will be at a maximum. The reactance of the shunt 

capacitance, 
C0 ,X  is in parallel with the resistance 

1.R  At resonance, the value of  

C0 1X R   and, as a result, the crystal appears resistive in the circuit at a value very 

near R1. Solving for the example crystal, we find that 
s 7,997,833.8 Hz.f =   

The second resonant frequency is the anti-resonant frequency,
a ,f  given by 

 

 a

1 0
1

1 0

1

2

f
C C

L
C C

=


+

 (3.10) 

Table 3.1 Example of Crystal Specifications 
 

Parameter Value 

Frequency (fXTAL) 8.0 MHz 

Load capacitance (CL) 13 pF 

Mode of operation Fundamental 

Shunt capacitance (Co) 7 pF (maximum) 

Equivalent series resistance (ESR) 100  (maximum) 

 

Table 3.2 Example of Equivalent Circuit Crystal Values 

 

Equivalent Component Value 

Co 3.5 pF 

C1 0.018 pF 

L1 22 mH 

R1 30  

 

http://www.mwrf.com/Files/30/5510/Table_02.gif
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This equation combines the parallel capacitance of C0 and C1. When a crystal is 

operating at its antiresonant frequency, the impedance will be at its maximum and 

current flow will be at its minimum. Solving for the example crystal, we find that fa 

= 8,013,816.5 Hz. Note that fs is less than fa and that the specified crystal frequency 

is between fs and fa so that fs < fXTAL < fa. This area of frequencies between fs and fa 

is known as the region of parallel resonance. The crystal has resistance and 

reactance and therefore impedance. Figure 3.16(b) has been redrawn in Figure 3.18 

to show the equivalent circuit. These impedances [2] are defined as: 

 

 0

02

j
Z

fC
= −


 (3.11) 

 
1 1 1

1

1
2

2
Z R j fL
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 (3.12) 

 

 
 

Figure 3.17 Crystal reactance as a function of frequency. 

 
 
Figure 3.18 Complex impedances. 

http://www.mwrf.com/Files/30/5510/Figure_06.gif
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Combining Z1 and Z2 in parallel yields and using the representative values in Table 

3.2, yields of course 

 

 0 1

p

0 1

Z Z
Z

Z Z
=

+
  (3.13) 

 

and the impedance versus frequency characteristic is illustrated in Figure 3.17. This 

plot shows where the crystal is inductive or capacitive since positive reactances are 

inductive and negative reactances are capacitive. The curve in Figure 3.17 is shown 

in more detail in Figure 3.19. We can see that the reactance is capacitive below fs, 

and above fa while being inductive between fs and fa. 

 There is no difference in the construction of a series resonant crystal and a 

parallel resonant crystal—they are manufactured exactly alike. However, the 

desired operating frequency of the parallel resonant crystal is set 100 ppm or so 

above the series resonant frequency. Parallel resonance means that a small 

capacitance, known as load capacitance (CL), of 12 to 32 pF (depending on the 

 
 

Figure 3.19 Crystal response. 
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crystal), should be placed across the crystal terminals to obtain the desired operating 

frequency [4]. Figure 3.20 depicts load capacitance in series with the crystal 

equivalent circuit. 

A quartz crystal is a tuned circuit with a very-high Q, which, along with many 

other desirable attributes, makes the crystal an excellent component choice for 

oscillators. Crystal oscillators are recognizable from their LC oscillator counterparts 

[6]. For the Pierce oscillator, the crystal replaces the inductor in the corresponding 

LC-tuned circuit oscillators and not surprisingly, the crystal appears inductive in the 

circuit. 

Upon startup, the amplitude of oscillation builds up to the point where 

nonlinearities in the amplifier decrease the loop gain to unity. During steady-state 

operation, the crystal, which has a large reactance-frequency slope (Figure 3.17), is 

located in the feedback network at a point where it has the maximum influence on 

the frequency of oscillation. The impedance of the crystal oscillator changes so 

rapidly with frequency that all other circuit components can be considered to be of 

constant reactance, this reactance being calculated at the nominal frequency of the 

crystal. The frequency of oscillation will adjust itself so that the crystal presents a 

reactance to the circuit, which will satisfy the Barkhausen phase requirement [2]. 

Figure 3.21 represents a simplified oscillator circuit drawn with only the RF 

components, with no biasing resistors and no ground connection. The inductor has 

been replaced by a crystal, which appears as inductive in the circuit. The Pierce 

crystal oscillator (Figure 3.22), which is designed to look into the lowest possible 

 

 
 

Figure 3.21 This simplified crystal oscillator circuit has no RF ground. 

 
 

Figure 3.20 This equivalent circuit represents the load capacitance across a crystal. 
 

 

 

http://www.mwrf.com/Files/30/5510/Figure_08.gif
http://www.mwrf.com/Files/30/5510/Figure_07.gif
http://www.mwrf.com/Files/30/5510/Figure_09.gif
http://www.mwrf.com/Files/30/5510/Figure_10.gif
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impedance across the crystal terminals [3], oscillates just above the series resonant 

frequency of the crystal. 

In the Pierce oscillator, the ground-point location has a profound effect on the 

performance. Large phase shifts in the RC networks and the need for large shunt 

capacitances to ground on each side of the crystal make the oscillation frequency 

relatively insensitive to small changes in series resistances or shunt capacitances. 

Additionally, the RC roll-off networks and shunt capacitances to ground provide the 

circuit with a high immunity to noise, minimizing transient noise spikes [3]. 

At series resonance, the crystal appears resistive in the circuit (Figure 3.23) and 

the phase shift around the circuit is 2π rads (360o). If the frequency of the circuit 

shifts above or below the series resonant frequency of the crystal, it increases or 

decreases the phase shift so that the total is no longer equal to 360o, thereby 

maintaining the steady-state operation at the crystal frequency. However, this only 

happens theoretically. Under actual implementation conditions (Figure 3.24), the 

phase shift through the transistor is typically more than 180o due to increased delay 

and the tuned circuit typically falls short of 180o. Therefore, the crystal must appear 

inductive to provide the phase shift needed in the circuit to sustain oscillation.  

Thus, the output frequency of the Pierce crystal oscillator is not at the crystal-

series resonant frequency. Typically, a parallel resonant crystal is specified by 

frequency and load capacitance,
L.C Capacitance 

LC  is the circuit capacitance 

required by the crystal for operation at the desired frequency. The circuit-load 

  

 

Figure 3.22 Pierce crystal oscillator. 

 

http://www.mwrf.com/Articles/Print.cfm?ArticleID=5510##
http://www.mwrf.com/Files/30/5510/Figure_11.gif
http://www.mwrf.com/Files/30/5510/Figure_12.gif
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Figure 3.23 Pierce ideal operation. 
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capacitance is determined by external capacitors
2C and

3 ,C transistor internal 

capacitance, and stray capacitance,
S.C The values of capacitors

2C  and
3C are 

selected to match the crystal 
LC  using:  

       2 3

L S

2 3

C C
C C

C C
= +

+
 

 

The PCB stray capacitance, CS, can be assumed to be in the range of 2 to 5 pF; it 

can be minimized by keeping circuit traces on the PCB as short as possible.  

The effects of stray reactances and biasing resistors appear across the capacitors

2C and 
3C  in the circuit rather than the crystal, which is a desirable characteristic. 

If the circuit-load capacitance does not equal the crystal
L ,C the operating frequency 

of the Pierce oscillator will not be at the specified crystal frequency. For example, 

if the crystal
LC is kept constant and the values of 

2C  and 
3C  are increased, the 

operating frequency approaches the crystal-series resonant frequency (i.e., the 

operating frequency of the oscillator decreases). Note that large values of 
2C and

3C

increase frequency stability but decrease the loop gain and may cause problems 

during oscillator startup. A trimmer capacitor can be substituted for capacitor
2C or

 
 

Figure 3.24 Pierce actual operation. 
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3C  to manually tune the Pierce oscillator to the desired frequency. Capacitors with 

low temperature coefficients, such as NPO2, should be selected for this purpose. 

 

3.3.2.2 Frequency Synthesis 

  

In order to make use of the stability of a crystal reference, while generating a carrier 

frequency of several hundred megahertz it is necessary to place the signal from the 

crystal oscillator at a different (usually much higher) frequency. Therefore, some 

form of frequency multiplication or synthesis is required. This section considers a 

few options for realizing this function. 

 

Harmonic Generation/Frequency Multiplication 

 

Passing a signal through a nonlinear circuit will result in generation of harmonics of 

the original waveform. Turning a sine wave signal carrier into a square wave will 

generate a signal rich in odd-order harmonics of the fundamental frequency. Using 

a tuned circuit to extract one of the harmonics can deliver the output signal at the 

required frequency. Because the harmonic amplitudes fall with order, it is usual to 

cascade a number of low-order harmonic generation components, each giving 

perhaps ×2 or ×3 frequency multiplication. 

An alternative to using a nonlinearity to generate harmonics is the use of linear 

mixing to create signals at multiples of the fundamental frequency. A balanced 

multiplier will act as a frequency doubler, and when cascaded can generate any 

integer value of the fundamental source frequency. This approach to frequency 

synthesis is both relatively expensive and inflexible. Today it has been largely 

superseded by the fully integrated phase locked loop-based synthesizer. 

 

3.3.3 Microelectromechanical Resonators 

 

3.3.3.1 Introduction 

 

Vibrating mechanical tank components, such as quartz crystals and SAW resonators 

with Qs in the range of 103–106, are widely used to implement high-Q oscillators 

and band-pass filters in the RF and IF stages of communication devices, including 

EW receivers and transmitters [7]. Due to orders of magnitude higher Qs, filters 

using such technologies greatly outperform comparable filters implemented using 

LC technologies in insertion loss, percent bandwidth, achievable rejection, and 

dynamic range. Oscillators also benefit substantially from high Q, as their phase 

noise at important offsets is often inversely proportional to the square of Q. 

                                                           
2 NPO stands for negative-positive 0 ppm/°C, meaning that for any shift in temperature (positive or 
negative), the capacitance changes 0 parts per million. 
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Unfortunately, however, the crystal and SAW devices that provide beneficial high 

Qs are off-chip components that must interface with device electronics at the board 

level, posing a significant bottleneck against the miniaturization of 

communication/EW devices and trumpeting a need for on-chip replacements. 

 The rapid growth of IC-compatible micromachining technologies that yield 

microscale, high-Q tank components brings such strategies to reality. Specifically, 

the high-Q RF and IF filters, oscillators, and couplers, currently implemented via 

off-chip resonators and discrete LC passives now can be realized on the microscale 

using micromachined equivalents based on a variety of novel devices. These devices 

include high-Q on-chip mechanical resonators. They not only provide an attractive 

solution, but also enables a paradigm-shift in equipment design where the 

advantages of high-Q (e.g., in filters and oscillators) can be taken advantage of. 

In this section we will discuss the fundamental operation of these MEMS 

resonators. We will also present a few of the popular designs, although many other 

types are possible. 

 

3.3.3.2. Principles of Operation 

 

The principle of operation of a MEMS resonator is same as that of a guitar string. A 

guitar string of 25” made from Ni and steel tuned to a note A vibrates at exactly 110 

Hz. This guitar string is actually mechanically selecting this frequency, and is doing 

so with a Q on the order of 350, which is ~50 times more frequency selective than 

a typical on-chip electrical LC tank. The RF and IF filters are also doing the same 

thing but at much higher frequencies. These frequencies can be achieved by scaling 

(physically downward), similar to transistor technology. IC-compatible materials 

(such as silicon), supporting it at nodes rather than at its ends (to minimize anchor 

losses), and exciting it electrostatically rather than plucking it, we can achieve a 

free-free beam (FF-beam) resonator. 

 

Fixed Beam Resonator 

 

Consider the fixed-fixed beam resonator shown in Figure 3.25. Here the moving and 

fixed part forms two electrodes of a capacitor. A DC actuation voltage p( )V is 

applied to the moving part of the beam and an AC signal is applied to the fixed. The 

DC voltage is needed to create the necessary electrostatic force for the movement 

of the beam (a bias force). The electrostatic force will bend the beam but the beam 

will oscillate only if this force oscillates, which is done by applying an AC signal at 

the fixed electrode. The beam oscillates with maximum amplitude at its resonance 

frequency 
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 (3.14) 

 

where E is the Young’s modulus of the material and ρ is the mass density of the 

material, h is the height or thickness of the beam and
rL is the beam length as shown 

in the figure. According to (3.14), the frequency increases as the length decreases. 

This oscillation of the beam changes the gap width between the electrodes, which 

changes the capacitance between the two electrodes. The variation in capacitance 

produces an AC current given by 

 
o p

dC
I V

dt
=  (3.15) 

 

The variation in capacitance is maximum at
0f and hence so is the current.  

 

Disk Resonator 

 

A MEMS disk resonator is shown in Figure 3.26 [8]. Like the fixed beam resonator 

discussed above, the input voltage is applied to one of the electrodes and a bias 

voltage is used on the other electrode to set up a static E-field. The disc alternately 

expands and contracts as shown in Figure 3.26. This mechanical action causes the 

gap width to vary, which also causes the capacitance to vary in consonance with the 

 
 

Figure 3.25 MEMS fixed beam resonator. 
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input voltage. This varying capacitance causes an output current to be created 

according to 

 

 
o p

dC
I V

dt
=   

 

which is sensed at the output line and amplified with standard amplifiers. Note that 

if Vp = 0 then the resonator is off. 

The resonant frequency of this resonator is given by 

 

 
 

Figure 3.26 MEMS disk resonator. 
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m R
= 

 
 (3.16) 

 

The transfer function 
o i/I V for this resonator is shown in Figure 3.26. The example 

shown creates a resonator with Q = 10,000. 

 We can see from (3.16) that, given the implementation technology so that  is 

fixed, the resonant frequency can be raised by decreasing the radius of the disk, R. 

 

3.3.3.3 Summary 

 

MEMS resonators can be constructed in many forms. We showed two possible 

configurations, but these were examples. The physical construction is limited only 

by the designer’s imagination. Their biggest single advantage is the extremely high-

Q resonators that can be constructed on-chip. 

 

 

3.4 Phase Locked Loop Synthesisers 
 

3.4.1 Introduction 

 

The phase-locked loop (PLL) forms the basis of most modern RF signal generators 

including the synthesizer in the exciter of an EW system. We can get a high quality 

(as indicated by good phase noise), high frequency, and flexible (tuneable) oscillator 

with a PLL. This is obtained by locking the VCO to a stable low-level reference 

source (often crystal derived) [9 – 12]. 

The simplest form of single frequency PLL synthesiser contains a VCO 

operating at the required carrier frequency, a phase comparison circuit, and a loop 

filter as illustrated in Figure 3.27.  

 

• Phase detector: This is a nonlinear device whose output contains the phase 

difference between the two oscillating input signals. 

 

• VCO: This is another nonlinear device that produces an oscillation whose 

frequency is controlled by a lower frequency input voltage (in this 

application the frequency of this signal is very low—close to DC in a well-

designed system). 
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• A loop filter: While this can conceptually be omitted, resulting in what is 

known as a first-order PLL, it is always in fact there since PLLs depend on 

some sort of low-pass filtering in order to function properly. 

 

• A feedback interconnection. The phase detector takes as its input the 

reference signal and the output of the VCO. The output of the phase 

detector, the phase error,
e , is used as the control voltage for the VCO. The 

phase error may or may not be filtered. 

 

3.4.1.1 Fractional-N Synthesis 

 

In the form shown in Figure 3.27, the PLL is not providing its full functionality, 

however. If we add a frequency divider (a digital divider circuit) in the feedback 

loop whose divisor factor N can be adjusted by external control then the PLL acts 

to lock the reference frequency,
r ,f to

VCO / ,f N  resulting in an output frequency of 

r .Nf  This configuration is shown in Figure 3.28.  

By adding an additional frequency divider between the reference frequency 

source and the PLL reference input as illustrated in Figure 3.29, a signal with a 

whole range of output frequencies of value 
r( / )N M f  is created at the output of the 

VCO. The divider ratio, N/M, provides a great deal of flexibility for an NCO. While 

we are focused on using PLLs in local synthesizer applications here, it is interesting 

to note that the PLL has many applications in communication systems and elsewhere 

(such as control systems) including carrier recovery, clock recovery, tracking filters, 

frequency and phase demodulation, phase modulation, frequency synthesis, and 

clock synchronization. 

 
 

Figure 3.27 A general PLL block diagram. 
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Figure 3.28 Phase-locked loop with fractional N. 

 

 

Figure 3.29 Numerically controlled oscillator. 
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Generation of carrier frequencies that are not constrained to be multiples of the 

integer divider ratio N/M without compromising on phase noise of the output 

waveform is accomplished with fractional-N PLLs. These devices allow the 

generation of pure high-frequency signals with flexible channel spacing from 

hundreds of hertz to hundreds of kilohertz.  

The only current drawback with fractional N synthesis is the somewhat poor 

level of spurious components that can arise at some output frequencies. Careful 

design can play a big part in achieving a satisfactory solution. 

 

3.4.2 PLL Basics 

 

The fundamental principal behind a PLL is that if we inject a sinusoidal signal into 

the reference input, the internal oscillator in the loop will lock to the reference 

sinusoid in such a way that the frequency and phase differences between the 

reference sinusoid and the internal sinusoid will be driven to some constant value or 

0 (depending on the system type). The internal sinusoid then represents a filtered or 

smoothed version of the reference sinusoid. 

In the realization of the classic mixing phase-locked loop, the loop filter, F(s), 

is typically low-pass. This filter eliminates the double frequency term arising due to 

the mixing. It also limits the input noise with minimal impact on the loop dynamics. 

In addition, typically a band-pass filter would be placed in front of the mixer also to 

minimize the amount of spurious signals input to the PLL. 

 A sinusoidal signal at the reference input of a PLL, as shown in Figure 3.29, is 

given by 

 

      
r r rsin( )V A t=  +                (3.17) 

 

The output signal from the VCO into the mixer is given by 

 

 
VCO VCO VCOcos( )V t=  +  (3.18) 

 

The output of the mixer in Figure 3.29 is then given by 

 

 
M r r VCO VCOsin( )cos( )V AK t t=  +  +  (3.19) 
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where K includes any gain from the mixer. Now we apply the elementary 

trigonometric identity 

 

r r VCO VCO

r VCO r VCO r VCO r VCO

2sin( )cos( )

sin[( ) ] sin[( ) ]

t t

t t

 +   + 

=  +  +  +  +  +  +  + 
 (3.20) 

 

Let 
d r VCO. =  − We then assume that: 

 

• The first term in (3.20) is attenuated by the low-pass filter F(s) shown in 

Figure 3.30 and by the low pass nature of the PLL itself. 

• 
r VCO ,   so that the difference can be incorporated into θd. This means 

that the VCO can be modeled as an integrator.  

 

Making these assumptions leads to the PLL model shown in Figure 3.31. The 

problem is that this is still a nonlinear system, and as such is in general difficult to 

analyze. When the loop is at or near a locked condition, typically a linearized model 

 is assumed so that
d is small and slowly varying and 

d d dsin ,cos 1,     and 

d 0.  Note that another model is necessary when the loop is far away from the 

 
Figure 3.30 Classical mixer phase detector. 

 

 

 
 

Figure 3.31 Conceptual block diagram of PLL with sine detector. This is a transition stage in the analysis 
of the classical mixing loop. This model represents the effect of the multiplying detector once the high- 

frequency component has been attenuated. 
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locked condition that incorporates nonlinear analysis methods. We will not concern 

ourselves with that condition here. 

The linearized model is shown in Figure 3.32. This is derived from the sine 

detector loop by assuming that the phase error is small and thus 
d dsin( ) .    This 

is the model used with most analyses of phase-locked loops.  

As seen in (3.19), the amplitude of the phase error is dependent on A, the input 

signal amplitude. The linearized model has a loop gain that is dependent on the loop 

components. Thus, the input effects of the amplitude on the loop must be 

anticipated.  

 

3.4.2.1 PLL Types  

 

Borrowed from control theory, the type of a PLL is determined by the number of 

integrators included. All PLLs are at least type 1, since the VCO acts as an 

integrator. If the loop contains one additional integrator then it is called a type 2, 

two additional integrators, it is called a type 3, and so on. So, Figure 3.32 illustrates 

a type 1 PLL. A type 2 PLL that contains an additional integrator (in the loop filter) 

is illustrated in Figure 3.33. 

 

3.4.2.2 Linear Analysis of Classical PLLs 

 

The PLL model in Figure 3.32 is a closed-loop feedback system. Simple analysis of 

Figure 3.32 yields the transfer function from reference phase input to VCO phase 

output, T(s) as 

 VCO d VCO

r d VCO

( ) ( ) /
( )

( ) 1 ( ) /

s K F s K s
T s

s K F s K s


= =

 +
 

 

Figure 3.32 Conceptual block diagram of linear PLL. This is derived from the sine detector by assuming 

that the phase error is small and thus sin(d) ~ d. 
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 d VCO

d VCO

( )

( )

K K F s

s K K F s
=

+
 (3.21) 

Similarly, the transfer function from the reference phase input to the phase error, 

S(s), is 

 d

r d VCO

( ) 1
( )

( ) 1 ( ) /

s
S s

s K F s K s


= =

 +
 

 
d VCO ( )

s

s K K F s
=

+
 (3.22) 

 

The loop stability, order, and the type are among the basic properties of interest 

in this transfer function. The order of the PLL system should be obvious from the 

denominator of (3.21). A variety of classical methods including root locus, Bode 

plots, and Nyquist plots can be used to determine stability [13, 14, 18]. 

 

Hold Range 

 

The hold range, ∆ωH, is that frequency range at which the PLL is able to maintain 

phase tracking. It is determined by calculating the frequency offset at the reference 

input that causes the phase error to be beyond the range of linear analysis. For a 

multiplying phase detector this phase error is π/2. 

For sequential detectors, it will be larger. Loops will be permanently out of lock 

if the frequency offset at the input is greater than the hold range. Thus, this quantity 

is more of an academic matter than a practical one, but it can be calculated for a 

classical PLL (sinusoidal phase detector) as [7, 8, 15] 

 

Figure 3.33 Type 2 PLL. 

 



RF Electronics for Electronic Warfare 

 

108 

 

 
H VCO d (0)K K F =  (3.23) 

 

Lock Range 

 

The lock range, ∆ωL, is defined as that frequency range within which the PLL locks 

within one single-beat note between the reference frequency and output frequency 

[7, 8]. A useful approximation if the relative order of numerator and denominator of  

the PLL are 1, then the loop behaves like a first-order loop at higher frequencies, 

and the lock range can be estimated as [16] 

 

 
L VCO d ( )K K F     (3.24) 

 

Pull-In and Pull-Out Range 

 

The pull-in range, ∆ωP, is defined as the frequency range in which the PLL will 

always become locked. The pull-out range,
PO , is defined as the limit of dynamic 

stability for the PLL [16, 8]. Unfortunately, there are no simple relationships for 

these. 

 

Relationships between the Ranges 

 

The hold-in range is the largest of the ranges of a PLL. The smallest range is the 

lock-in range. In between these two is the pull-in range. These relationships are 

illustrated in Figure 3.34. 

 

 

 

Figure 3.34 PLL ranges. 
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Steady-State Error 

 

Steady-state errors of PLLs are obtained from the linear analysis via use of the final 

value theorem from Laplace theory, expressed as [17] 

 

 
d d

0
lim ( ) lim ( )
t s

t s s
→ →

 =   

 
r

0
lim ( ) ( )
s

s s S s
→

=   (3.25) 

 

As we see from (3.22), the presence of a VCO makes every PLL at least a type 1 

system, achieving zero steady-state error to a phase step at
r . For a phase ramp or 

(equivalently) a frequency step, there must be another integrator in the forward path, 

and the natural place for this is the loop filter, F(s). 

 

3.4.2.3 Phase Detectors 

 

The linear analysis in Section 3.4.2.2 allows for determining approximate solutions 

for PLL performance. This has the property that once an ideal multiplication is done, 

the analysis of the baseband signal can be more rigorous. It should be kept in mind, 

however, that these are only linear approximations. 

 Phase detectors are used to estimate the differences in the phase between two 

signals of the same frequency. The inputs consist of a reference signal, frequently 

generated by a crystal oscillator and therefore quite stable, while the other input is 

the output of the VCO.  

Phase detectors can be analog or digital—a popular analog realization is an RF 

mixer while a popular digital implementation is with an XOR gate. 

 

Mixing 

 

The mixing phase detector shown in Figure 3.30 is a common type of phase detector 

that is widely used, especially for high frequencies. It has superior noise 

performance to many of the other detectors [6, 9, 18, 19].  
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3.4.2.4 Loop Filters  

 

The loop filter receives the output of the phase detector, frequently after passing 

through a low-pass filter to remove the double frequency term. The output of this 

filter is a slowly varying waveform that cause the VCO frequency (phase) to follow 

that of the reference signal. 

The vast majority of PLLs are second order and as the actions of the VCO are 

modelled as an integrator, loop filters are typically first order. More specifically, 

since a type 2 system will track a phase ramp, and this corresponds to tracking a step 

in frequency, the loop filter almost always contains an integrator. For a double 

integrator system, the loop filter needs a minimum phase zero for stability. This is 

true whether the filter is implemented as an analog or a digital filter. Higher-order 

loops (which are rarer) can be obtained by adding extra pole/zero pairs to the filter. 

 The analog circuit shown in Figure 3.35 shows a form of a loop filter. This 

particular filter is fairly general with a transfer function of 

 

 out 2 2

in 1 1

1

1

v sR C

v sR C

+
= −

+
  (3.26) 

 

Two popular and widely used versions of the loop filter are illustrated in Figure 

3.36 [15]. In terms of the natural frequency of the loop, n, and the damping ratio, 

, the transfer function for the passive network in Figure 3.36(a) is given by 

 

 

2
2n

n n

VCO d

passive 2 2

n n

2

( )
2

s
K K

F s
s s

 
 − +  

 
=

+  + 
 (3.27) 

 
 

Figure 3.35 An active loop filter. 
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where 

 

1/2

VCO d

n

1

K K 
 =  

 
 

 

1/2

VCO d

2

1 VCO d

1 1

2

K K

K K

  
 =  +  

   
 

 
1 1 2( )R R C = +  

 
2 2R C =  

 

The transfer function for the active filter in Figure 3.36(b) is given by 

 

 

2

n n

active 2 2

n n

2
( )

2

s
F s

s s

 + 
=

+  + 
 (3.28) 

 

where 

 

1/2

VCO d

n

1

K K 
 =  

 
 

 

1/2

VCO d2 2 n

12 2

K K   
 = = 

 
 

 
1 1R C =  

 
2 2R C =  

 
 

Figure 3.36 Loop filters: (a) passive and (b) active. 
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3.4.2.5 Voltage-Controlled Oscillators 

 

The VCO was introduced in Chapter 2 as an FM modulator. The example circuit 

shown there in Figure 2.37 is repeated here as Figure 3.37. A variable capacitor 

(varactor,
1)C is placed in the tuning loop in the feedback path from the collector to 

the base and a control voltage is used to tune this varactor, thus varying the 

frequency of oscillation depending on this voltage. 

 Another example of a VCO implementation is shown in Figure 3.38 [20]. This 

version is popular for IC implementation as its properties lend themselves very well 

for integrated implementation and operation at microwave frequencies using CMOS 

technology. MOSFETs 
1M  and

2M form a cross-coupled oscillator that implements 

a negative resistance of
m2 / g− across the tank circuits in the drains. This negative  

resistance cancels the tank resistances pR  at resonance shown in Figure 3.4. At 

resonance the frequency of the oscillator is given by 

 

         
0

1

PLC
 =       (3.29) 

 

M3 and M4 in Figure 3.38 are MOSFET configurations of varactors, where the 

drains and sources are connected together. This configuration is shown in more 

detail in Figure 3.39. There is an abrupt change in capacitance as an inversion  

 
 

Figure 3.37 A VCO implemented through a π network. The frequency is adjusted by adjusting the reverse 

bias on the varactor diode, C1. This image was first presented as Figure 2.33. 
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Figure 3.39 MOS varactor. W (channel width) and L (channel length) are salient parameters in MOS 

devices. 
 

 
 

Figure 3.38 Cross coupled VCO: (a) typical LC oscillator with cross coupled pair providing negative 
resistance and (b) its equivalent model with varactors neglected. 
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channel forms. The advantage of this configuration is that it is easily integrated with 

CMOS. The salient disadvantages are: 

 

• Q is relatively low in the transition region, 

• A large signal is applied to the varactor, 

• The transition region will be swept across each VCO cycle. 

 

3.4.3 Varactor Diode 

 

One such device is the varactor diode, illustrated in Figure 3.40.  Two varactor diode 

symbols are shown in Figure 3.40. Figure 3.40(b) is the more popular. Also shown 

is a diagram representation.  

  When a reverse voltage is applied to a PN junction, the holes in the p-region 

are attracted to the anode terminal and electrons in the n-region are attracted to the 

cathode terminal, creating a region where there is little current. This region, the 

depletion region, is essentially devoid of carriers and behaves as the dielectric of a 

capacitor. 

  The depletion region increases as reverse voltage across it increases, and since 

capacitance varies inversely as dielectric thickness, the junction capacitance will 

decrease as the voltage across the PN junction increases. So, by varying the reverse 

voltage across a PN junction the junction capacitance can be varied. This is shown 

in the typical varactor voltage-capacitance curve in Figure 3.41. 

 

Figure 3.41 Varactor characteristics. 

 

 

Figure 3.40 Varactor diode. (a) and (b) are symbols and (c) construction with bias. 
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Notice the nonlinear increase in capacitance as the reverse voltage is decreased. 

This nonlinearity allows the varactor to also be used as a harmonic generator.  

Major varactor considerations are: 

 

• Capacitance value 

• Voltage 

• Variation in capacitance with voltage. 

• Maximum working voltage 

• Leakage current 

 

3.4.4 MEMS Varactors 

 
3.4.4.1 Introduction 

 

MEMS varactors have considerable advantages compared with other semiconductor 

devices, including low loss, very high Q at mm-wave frequencies, high power 

handling capability, low power consumption, and high
2 .IIP The RF MEMS varactor 

can be employed in a phase shifter or true time delay line design to replace the GaAs 

Schottky varactor diode for low-loss, broadband, and high-frequency applications 

in modern modulators. It can also be used in low-loss tunable circuits including 

matching networks, tunable filters, and low noise oscillators [21]. 

 As is well known, the capacitance, C, of any capacitor whose plate area is 

denoted by A and whose plate separation is denoted by l is given by 

 

 
A

C
l

=  (3.30) 

 

where 
r 0 =   is the permittivity of the material between the plates, r is the relative 

(to a vacuum) permittivity of the material, and 0 is the permittivity of a vacuum. 

Therefore, if we can adjust l by some means, we have a variable capacitor—a 

MEMS varactor. 

 

3.4.4.2 RF MEMS Extended Tuning Range Varactor 

 

Conventional RF-MEMS varactors usually employ a shunt parallel plate capacitor 

whose capacitance is determined by the spacing between a fixed-bottom plate and a 

movable suspended top plate as illustrated in Figure 3.42. Electrostatic actuation 

occurs when an electrostatic force is created by applying a DC voltage between the 

capacitor plates, displacing the movable plate toward the fixed plate. However, this 
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shunt capacitance MEMS varactor structure suffers from the so-called pull-In effect 

[22]. 

 It happens when the displacement between the two metal plates exceeds 1/3 of 

the entire air gap, the electrostatic attraction force loses balance with the mechanical 

restoring force and that causes the two metal plates to quickly snap into contact. The 

pull-in effect is the major limitation in MEMS varactor designs. It will cause 

nonlinearity and mechanical instability of the MEMS varactors. In order to avoid 

the snap down, the designed capacitance ratio of the conventional MEMS capacitive 

varactor is usually set to 1.2 to 1.5 [23]. 

In order to eliminate this pull-in effect, one approach is to employ the so-called 

MEMS extended tuning range structure [24]. This structure, as shown in Figure 

3.43, utilizes a variable-height top metal beam E1 with separate actuation parts E2. 

The airgap between the center part of the top beam E1 and the bottom plate E2 has 

been designed to be less than 1/3 of the airgap between the top beam E1 and the 

bottom actuation pads E2. When DC bias is applied to the actuation parts, the entire 

top beam E1 will move down together. Consequently, before the pull-in effect 

happens at the actuation parts, the center part has already traveled through its entire 

tuning range, which means that the capacitive ratio of this kind of MEMS varactor 

can theoretically approach infinity.  

The C-V characteristic of a MEMS varactor constructed this way on a GaAs 

substrate for oscillation at 28 GHz is illustrated in Figure 3.44. In this case, the 

capacitance is changed by a factor of about 4:1 over the range of control voltage. 

  

 

 
 

Figure 3.43 MEMS extended tuning range. 

 

 
 

Figure 3.42 MEMS varactor. 
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3.5 Direct Digital Synthesis 
 

3.5.1 Introduction 

 

The long-term frequency stability of an LC oscillator is generally poor. It is difficult 

to construct a small inductor with stability much better than 0.01%. Its spectral 

purity can only be increased by increasing the operating Q of the tuned circuit, which 

again is not easy, especially in the case of miniaturized equipment.  

Direct digital synthesis (DDS) is a digital method for generating a sinusoidal 

waveform [25]. The principal advantage of DDS is that we can instantaneously 

change the frequency of the carrier, an extremely desirable feature in EW systems 

that have to deal with the newer modulation schemes as well as the older ones. 

Instead of having multiple transmitters operating at different carrier 

frequencies, a single DDS can switch to the desired carriers on demand (Figure 

3.45). DDS is a technique for synthesizing signals that is fundamentally different 

from the analog techniques discussed so far.  

With the exception of the output low-pass filter, the whole DDS scheme is 

entirely digital and is eminently suited for implementation as an SoC.  

DDS, as the name suggests, creates the synthesized signal from digital samples 

of the desired output waveform, which are then passed through digital-to-analog 

converters (DACs). With sufficient processing speed and word-length in the device, 

it is practical to achieve very fine resolution of the output frequency (millihertz 

accuracy) with incredibly fast switching times (nanoseconds). Using DDS in 

conjunction with conventional PLL-based synthesis, it is possible to get the benefits 

of each method. In the early days, the highest output frequency attainable was no 

 
 

Figure 3.44 Capacitance versus control voltage in a MEMS device. 

 

http://m.eet.com/media/1137104/438291f5.pdf
http://m.eet.com/media/1137104/438291f5.pdf
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more than a few MHz, limited by the performance of the then available logic ICs 

and DAC. 

The DDS is architecturally simple (see Figure 3.45), yet provides persuasive 

advantages that are difficult or expensive to achieve with alternative synthesis 

methods. These advantages include very fast switching, which is important in 

spread-spectrum or FHSS systems, and no system can change frequency as rapidly 

as a DDS. Additional advantages include fine steps, excellent phase noise, transient-

free (phase continuous) frequency changes, extraordinary flexibility as a modulator, 

and small size, among others.  

With the continued advancement in semiconductor technology, the attainable 

performance has increased by leaps and bounds. DDS chips realized in GaAs 

provide signals with frequencies over 400 MHz. Silicon technology delivers output 

frequencies in excess of 300 MHz. However, when operating at the top of the 

frequency range, the worst-case levels of spurious outputs have not changed much, 

still being in the region of 40 to 45dB down from the synthesized frequency. 

 There are disadvantages as well, of course. Two impose serious restrictions on 

the synthesizer. The DDS covers an operating range limited by sampling theory [26, 

27]. Practically, the output is limited to about 45% of the maximum clock rate at 

which the logic can be operated. Operating clock rates, however, exceed 1 GHz 

yielding bandwidths of up to about 450 MHz. The second limitation is spectral 

purity, which is governed by the density/complexity of the logic circuitry that is 

attainable at the desired operating speed. Spectral purity and operating bandwidth 

are inversely correlated, meaning that the lower the bandwidth the better the 

obtainable spectral purity and vice versa. Despite these limitations, the DDS has 

evolved into an important tool, and some of its functional capabilities are not 

attainable with any other signal generation technique. 

The conventional DDS architecture shown in Figure 3.45 can be viewed as a 

simple assembly comprised of only three active components: the phase accumulator, 

a mapping device, and a DAC. 

 
 

Figure 3.45 A DDS includes an N-bit accumulator, a trigonometric conversion, and an output DAC. 
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3.5.2 DDS Architecture 

 

A more detailed block diagram of the DDS is shown in Figure 3.46. The frequency 

setting word is given to the adder of a phase accumulator through a binary register. 

The adder adds the digital signals from the binary register to the current value of the 

accumulator register and updates the accumulator register with the most recent sum. 

This register transfers the digital data from the output of the adder to its input at 

every clock pulse to make the accumulator overflow at regular intervals. The 

accumulator now addresses the ROM through a quadrant complementor. 

Since all the amplitude information for a full 360° sinewave is contained in 90° 

of information, only 90° of memory mapping is required. The quadrant 

complementor simply helps the accumulator to clock in both the directions, counting 

down from 90o, thus giving 180° of the wave. Now the sine complementor changes 

sign and the process is repeated to get the full sinewave. 

A DDS uses an N-bit accumulator, an N-bit latch and adder, to successively 

sum an N-bit number,
0 , at the rate of the system clock, operating at frequency

s .F  

The literature often refers to θ0 as the frequency-tuning, or frequency-control, word. 

 

3.5.2.1 Phase Accumulator 

 

The phase accumulator is an arithmetic device that performs discrete mathematical 

integration of the form 

 

 

Figure 3.46 Direct digital synthesizer. 
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1n ns s −= +   (3.31) 

 

where these variables normally take on binary values. In applications there are 

several variations, including the use of pipelining in high speed circuitry that can 

degrade the speed or update rate of the DDS. The output of the accumulator is a 

correlation between the commanded frequency and the clock, in the form of a phase 

ramp.  

The accumulator has an N-bit latch, and the range of binary numbers that its 

output can represent is 0 1,K N  − where K is the N-bit binary number at the 

output of the latch at any time. Therefore, when the value of the accumulator is 

within the amount
0 of its maximum value of 2N – 1, the next cycle of the system 

clock causes the accumulator to overflow. That is, only the amount by which the 

accumulator exceeds 2N – 1 remains in the accumulator. Thus, the value of 

accumulator output, K, increments by a fixed amount,
0 , at the rate of

s .F Hence, 

the average overflow rate of the accumulator (fc) is 

 

 
c s 0( / 2 )Nf F=   (3.32) 

  

For example, if the fractional value, 0 / 2N  is 0.113, and 
sF  is 100 Hz, then 

the accumulator overflows at a rate of 
c (100Hz)(113/1000) 11.3Hz.f = =  Note that

0 / 2N is always a fraction, because 
0  is by definition less than 2N. Now, referring 

to Figure 3.46, we see that the numeric output, K, of the accumulator is linearly 

advancing in value by θ0 at a rate of Fs and overflowing at a rate of 
cf  (3.32). 

 

3.5.2.2 Memory 

 

The second component in a DDS is memory, or a mapping device that performs the 

nonlinear transformation of sin .t t →   This is usually done with ROM/RAM 

lookup tables (LUTs). However, output signals of high quality require many bits to 

define both t  and sin ,t thus requiring large memories. Furthermore, if the output 

is to be over a usable bandwidth, the memory must also be fast. Large and fast 

memories are readily obtainable, however.  

Consider the function of the trigonometric conversion block. We interpret the 

input to this block, K, as an angle. The output is a number that corresponds to the 

cosine or sine of that angle—that is, the value along the x- or the y-axis that the 

angle determines. To make this computation, the trigonometric conversion block 

must map the linear range of the integer, K (0 2 ),NK   that the accumulator 

generates to the linear range of an angle, 0 2 .    The relationship 2 / 2NK = 

http://m.eet.com/media/1137104/438291f5.pdf
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easily accomplishes this task. If a trigonometric conversion block implements the 

cosine function, then its output value is: 

 

 cos cos(2 / 2 )Ny K=  =   (3.33) 

 

3.5.2.3 DAC 

 

Returning to Figure 3.46, observe that the output of the trigonometric converter 

drives a DAC. Hence, the value of y in (3.33) must be in the form of an integer that 

spans a range of 2D (the binary range of a D-bit DAC). The method of mapping the 

value of y to the binary range of the DAC is unimportant. The linearly advancing K 

values at the input of the trigonometric converter represent linearly advancing angle 

values. The trigonometric converter converts these values, in turn, to amplitude 

values. Therefore, the output of the trigonometric converter is a numeric sinusoid 

with a frequency that is the same as the accumulator-overflow rate (3.32). 

While it is possible to multiplex both the logic and memory blocks to achieve 

very fast clock rates, ultimately it is the DAC that limits the performance of the 

DDC. The traditional DAC consists of a fast switch matrix plus a stack of current 

sources. Linearity depends on analog (current source) error, as the accuracy of the 

source corresponding to the MSB must be better than the accuracy of the current 

flow of the source corresponding to the LSB. In a twelve-bit system, that is a 

formidable issue.  

Further, the settling time of the current sources limits the speed of the system. 

Overall, the DAC is unquestionably the performance-limiting factor of the DDS. 

Even when assuming a perfect DAC, with ideal linearity, noise is still introduced by 

quantization errors. That is, when the ROM calls for an amplitude that falls between 

two current sources, the output waveform is degraded.  

 

3.5.2.4 Frequency Selection 
 

The frequency of the output of the system is directly proportional to the frequency-

setting word. One way of generating the output is to output some points for every 

cycle of the sinewave. In this case, tuning is affected by changing the rate at which 

the data is output, as illustrated in Figure 3.47. However, with this method of 

frequency selection it is difficult to get as fine frequency-resolution as possible. For 

a second method, the rate at which data is output is kept constant. The basic idea is 

to store N uniformly spaced samples in the memory. The lowest output frequency 

contains N distinct samples. Now if we output every other point stored in the ROM 

at the same rate, we get an output with twice the original frequency.  So, if every Kth 

sample is taken, a K times faster waveform will be obtained. The frequency 

http://m.eet.com/media/1137104/438291f5.pdf
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resolution is same as that of the lowest frequency. This method is illustrated in 

Figure 3.48. 

 

3.5.3 Polar Modulator 

 

Building a polar modulator requires only a few small adjustments to the basic DDS 

(see Figure 3.49). It should be apparent that we can interpret the output of the 

accumulator as the instantaneous phase angle of the carrier signal
c[ t  in Section 

2.6]. By inserting a subtraction operation between the accumulator and the 

trigonometric converter, we can effectively implement the minus θ(t) part. 

Furthermore, inserting a multiplier between the trigonometric converter and the 

DAC scales the output sinusoid by the amount r(t), effectively implementing the r(t) 

scale factor and constituting the salient features of a DDS-based polar modulator. 

 
 

Figure 3.47 Variable sample rate method. 
 

 

http://m.eet.com/media/1137105/438291f6.pdf
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Figure 3.49 For an all-digital modulation approach, DDS blocks replace the oscillator of a conventional 

polar modulator. 
 

 

 
 

Figure 3.48 Constant sample rate method. 
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Two caveats are not apparent in the DDS-polar modulator. First, the DDS is a 

sampled system that operates at the system clock rate, Fs. Therefore, the subtraction 

element and multiplier in Figure 3.46 must also operate at Fs. However, θ(t) and r(t) 

in Figure 3.49 represent the information to be transmitted, which the system samples 

at a rate that depends on the input data. The problem is that the values of r(t) and 

θ(t) occur at the symbol rate, which differs from the system-clock rate, Fs. Fs is 

usually much higher than the symbol rate, meaning that we must apply a sample-

rate conversion to the symbol samples to match the system-clock rate for processing 

through the multiplier and the subtraction elements of Figure 3.49. If we do not 

employ a sample-rate conversion, the spectral images of the symbol spectrum, 

which occur in frequency bands that are multiples of the symbol rate, appear in the 

final output spectrum—an undesirable consequence of sampling theory. The topic 

of sample-rate conversion is an important aspect of designing a practical DDS-based 

polar modulator [28]. 

The second caveat is that the physical-hardware implementation of the 

trigonometric-conversion block will likely exhibit some delay. That is, a significant 

delay may occur between when an input value, K, arrives at the trigonometric-

conversion block and when the answer appears at the output. This delay, latency, 

can span several system-clock cycles. Why is it such a problem? Recall that a polar 

coordinate, (r, θ), is a coupled pair. The appropriate r must coincide with the 

appropriate θ to identify the desired point on the polar plane. If the r sample arrives 

at the multiplier in Figure 3.49 before the converted θ sample, then the coupling of 

the (r, θ) pair breaks, identifying an incorrect polar coordinate. 

We can implement polar modulation in rectangular form using (x, y) 

coordinates or in direct polar form using (r, θ) coordinates. We can digitally generate 

the carrier signal to transmit polar encoded information by means of a DDS. More 

important, the architecture of the DDS provides an elegant means of implementing 

a direct polar modulator, which can be less hardware-intensive than a traditional 

quadrature modulator. Furthermore, we can design an entire polar modulator using 

digital techniques. Thus, we employ all of digital design’s positive attributes, 

including stability, repeatability, and low cost, to their full advantage.  

 

3.5.4 Digital vs Analog Performance  

 

Logic alone (accumulator and ROM) can produce arbitrarily accurate digital signals 

and the digital portion of the DAC can also be accurate. That is misleading, however, 

because theoretical digital performance is invariably corrupted by the third active 

component of the DDS—the DAC.  

http://m.eet.com/media/1137105/438291f6.pdf
http://m.eet.com/media/1137105/438291f6.pdf
http://m.eet.com/media/1137105/438291f6.pdf
http://m.eet.com/media/1137105/438291f6.pdf
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Most well-designed DDSs will provide excellent phase noise performance 

(typically that of the clock itself, without degradation). The noise generated by a 

DDS is therefore almost entirely discrete signals (spurs). Theory permits DDS 

spurious levels at 6 dB per bit of quantization in the DAC, thus an 8-bit DAC can 

theoretically attain spurs that are −48dBc in amplitude. If the remaining circuitry 

has no error whatever, and ignoring RF problems within the DAC (glitch energy, 

intermodulation, loading, timing, and so forth), there will remain two contributors 

to spurs.  

First is the precision with which the accumulator defines phase, and second is 

the quantization accuracy of the DAC. Given those two numbers, it is possible to 

estimate the theoretical limit of spectral purity of any given DDS, as shown in Figure 

3.50. As we see, –72-dBc spurious levels can theoretically be achieved by mapping 

14 bits of phase information to 12-bits of amplitude. At high clock speeds, that           

–72-dBc performance will be degraded by glitches during DAC transitions, plus 

conventional RF problems such as intermodulation distortion, loading, and timing. 

Spurs are even more predictable. For instance, assume that the accumulator is 

controlled by some specific bit pattern of the 32 frequency bits available and outputs 

14 phase bits, and the ROM maps the phase data to 12 bits of amplitude. Assume 

further that the DAC is not a 2’s complement device and that 90° of the sinusoidal 

waveform is mapped (it is flipped and flopped digitally to construct all 360°). Under 

those circumstances, and for any clock, the dominating spurs can be predicted as to 

their amplitude and frequency.  

 

Figure 3.50 Address quantization of sine table. 
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In a DDS, spurious signal levels are governed by the accuracy to which the 

digital circuitry defines the output waveform, plus the effect of glitch energy added 

by the DAC, plus yet another category of potential problems: typical RF issues such 

as intermodulation, timing, loading, clock feed-through, etc. Improved digital 

accuracy adds circuit complexity, hence reducing the maximum clock rate. There is 

therefore an inverse correlation between the two principal characteristics of the 

DDS: bandwidth and noise content.  

In any signal source, signal degradation follows multiplication at a 6-dB/octave 

rate (20 logn). This means that a DDS that covers 100 MHz with −45-dBc spurs can 

be made operationally equivalent to one that covers 50 MHz with −51-dBc spurs or 

200 MHz with 39-dBc spurs, as shown in Figure 3.50. While it is practical to 

multiply and divide the output of the DDS to achieve the desired combination of 

spectral purity and bandwidth, that approach is not suitable for applications where 

the DDS is used as a multimode modulator. 

As an example, consider an accumulator that outputs phase with 12-bits 

accuracy, memory that maps those data to 10 bits for the DAC, and a 10-bit DAC. 

According to theory, the best spurious performance that can be achieved is −58 dBc. 

Similarly, mapping 14 bits of phase data to 12 bits of quantization produces, at best, 

−72-dBc spurs. The task of achieving this mapping performance is not trivial. 

It is relatively simple to design an accumulator and memory combination that 

produces excellent digital performance. The best designs produce a digital signal 

with spurious levels of 90 dBc or better. Of course, the spurious output of the DDS 

must be measured after the DAC, since the DAC by itself degrades the signal more 

than all the circuitry that precedes it. That −90-dBc digital spurious performance is 

subject to intermodulation, timing, clock feedthrough, loading, and other common 

RF problems that are aggravated by higher clock rates. The greatest signal 

corruption is produced by the fundamental operation of the DAC itself.  

In the DAC, quantization error swamps earlier contributors to spurious energy 

in the DDS output. Assuming a perfect DAC design, quantization error limits 

spurious suppression to 6 dB per bit of resolution, so an 8-bit DAC is capable of 

−48-dBc spurious performance, a 12-bit unit can do –72-dBc. Because those limits 

are so severe in comparison, it is meaningless to consider the digital spurious 

performance of any logic that precedes the DAC. 

Another issue in the DAC is glitch energy, or extraneous signals produced 

during the transitions of the conversion process (Figure 3.51). Such energy is 

introduced by the switch matrix as it turns the current sources ON and OFF. As can 

be seen, when the DAC is operated at high clock rates the glitch takes the same time 

to settle but the overall step is reduced in the time domain, so there is a 

corresponding reduction of the percentage of each step that is linear, and a 
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corresponding increase in the percentage that contributes to spurious energy. It is 

only that linear portion that is useful. This problem can be addressed by a switch 

that closes to pass the signal only after the DAC has settled to its new level (see 

Figure 3.52).  

 

3.5.5 DDS Switching Characteristics 

 

The manner in which a DDS digitally constructs its output means that precise and 

fast manipulation of the digitized data is easy and economical. Switching mode and 

speed are parameters of increasing importance: first, consider mode. 

A DDS changes frequency in a unique manner when compared to oscillator-

based synthesizers. Changes are without significant extraneous transition energy, 

because a commanded frequency change simply sets a new amplitude of the next 

bit addressed by the DAC. Frequency changes look like those of a VCO—smooth 

and without phase discontinuity, as shown in Figure 3.53.  

 

Figure 3.52 Deglitcher. 

 

 

Figure 3.51 After quantification error, the majority of spurious energy from a DDS occurs due to glitches 

appearing at the transitions in the DAC. 
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As shown in Figure 3.54, DDS frequency changes occur smoothly as the ramp 

generated by the accumulator changes. Combining that smooth transition with fast 

switching means that a DDS can operate very much like a synthesized VCO, 

sweeping across a range with synthesizer accuracy but without the glitches and  

transients produced by any other synthesizer technique. When the signal is in the 

digital domain it is economical and easy to manipulate, and the result is a precision 

not available by any analog means. Of the synthesis techniques, this characteristic 

is unique to the DDS. It is important in EW applications, where generation of 

undesired signals during frequency changes demands complex blanking circuitry to 

avoid several problems. These problems include fratricide of friendly 

communication networks. 

Switching speed is an issue in many synthesizer designs. A synthesizer was 

once considered fast when it could settle at a new commanded frequency within a 

few milliseconds. Evolution of direct-analog synthesizers allowed the designer to 

achieve settling within a few microseconds. The DDS is unquestionably the fastest 

switching technique. The slowest designs include pipelining, which degrades 

switching performance of some highly complex designs. When switching speed is 

a critical issue, DDS speed can be as fast as one clock cycle plus the delay added by 

 

Figure 3.53 Frequency transitions. 

 

 

Figure 3.54 Phase transitions. 
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the output filter. Some DDS designs can switch across any portion of their full 

bandwidth in one clock cycle. 

DSSS and FHSS systems by definition require fast switching. In EW, ultra-fast 

switching permits a single jammer power generation chain to handle many different 

targets essentially simultaneously.  

 

3.5.6 Modulation and Complex Waveform Generation 

 

As discussed in Chapter 2, communication systems that transmit, receive, and/or 

process information require some form of modulation, which is the deliberate 

modification of a carrier to impress data upon it, in a manner that permits the 

subsequent recovery of that information. Any signal—including a complex 

waveform—can be completely defined by only three parameters: A(t) for amplitude, 

(t) for frequency, and (t) for phase. Modulation requires manipulation of one or 

more of those parameters, which is ordinarily achieved by adding circuitry to a basic 

RF source.  

The DDS is an optimum modulator because waveform manipulation is simple 

and inexpensive while the signal is in the digital domain. The addition of a few parts 

to the DDS will support aggressive combinations of frequency, phase, and 

amplitude modulation. With DDS technology, minor modifications of the basic 

architecture will support virtually all modulation schemes because the DDS can 

impress the required modulation directly on the carrier as an integrated part of the 

digital construction of the output waveform without the need for a separate 

modulation subsystem.  

We will discuss in this section some of the simple ways that a DDS can be used 

to modulate the synthesized waveform with analog or digital FM, PM, or AM.  

 

3.5.6.1 FM Modulation 

 

Analog or digital frequency modulation (FM) is achieved by digitizing the 

information and then adding the digital result to the command word appearing at the 

control port of the phase accumulator, as shown in Figure 3.55. Changing the phase 

in this way changes the frequency, thus accomplishing FM. 

 

3.5.6.2 FSK 

 

The combination of fast switching and glitch-free transitions make the DDS an 

optimum frequency-shift keying (FSK) modulator. FSK can be achieved with a 

DDS by registering two frequencies in two registers and allowing the modulation 

data to toggle between them. 
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Minimum-shift keying (MSK) is an FSK-derivative used in many classes of 

systems because of low sidelobes, and a DDS is the only theoretically perfect MSK 

modulator. Other approaches to MSK produce glitch energy at transition points, 

which reduces the effectiveness of the technique and complicates system design.  

Quadrature (QPSK) or more complex M-ary FSK appears in some 

communication systems, and fast-hopping M-ary FSK is used extensively in FHSS 

anti-jam communications (typically M = 2 in this application).  

 

3.5.6.3 Phase Modulation 

 

Phase modulation (PM) is used extensively in communications—in particular 

satcom and landline telecommunications. BPSK, QPSK, 8-ary and 16-ary phase 

shifting are frequently encountered. Very high speed BPSK is used in DSSS 

communications for anti-jam benefits. It is also part of the fourth generation (4G) 

cellular phone standards. A DDS supports such PM with accuracy/performance not 

otherwise attainable. 

A DDS can shift the phase of the output signal if an adder is placed between 

the accumulator and the ROM to shift addresses in accordance with the data 

appearing at that adder, as shown in Figure 3.56. It is possible to achieve nearly any 

number of phase levels using this technique, and the accuracy will be far better than 

is possible with analog methods. Excellent analog phase modulators achieve 2° or 

3° accuracy; the early phase-control DDS achieved ~1.4°, and modern versions are 

able to achieve almost any level.  

An adder between the accumulator and the ROM will define phase with a 

precision limited only by the number of bits in the adder. BPSK and QPSK are 

simple, of course, and an 8-bit adder achieves 256 discrete phase levels (~1.4° 

steps). Such information density is practical only with DDS.  

 

Figure 3.55 The frequency of the signal generated by a DDS can be controlled by adding a digitized 

version of an analog signal, thus creating FM. 
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Amplitude modulation (AM) is ordinarily implemented by a multiplier between 

the memory and the DAC (Figure 3.57), but technology does not yet support 

multipliers with the speed and circuit density required by high-speed GaAs DDSs 

today, so this method is limited to the lower frequency ranges.  

 

 

 

 

Figure 3.57 Amplitude of a DDS output can be controlled by placing a multiplier between the waveform 
memory map and the DAC. If the second input to the multiplier is a digitized analog signal, then the 

result is AM with extreme accuracy. 

 

 

Figure 3.56 PM is achieved by interrupting the data stream between the accumulator and memory, and 
then inserting the desired digitized information by adding it to the data stream. In a DDS, digital phase 

control can be extremely precise. 
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3.5.6.4 Pulse Modulation 

 

Pulse modulation is facilitated by a DDS’s ability to execute a high-isolation MUTE 

function with one digital control bit at the DAC registers. This technique allows 

preservation of phase coherence from pulse to pulse. Another option is to use a 

RESET function applied at the accumulator that permits signal resumption at a 

known point in phase. In both, the ON/OFF ratio will be much better than 100 dB.  

Additional logic increases power consumption and complexity, but 

improvements in device design and basic semiconductor technologies (advanced 

digital Si and GaAs) support even very aggressive modulation scenarios. Gallium 

nitride (GaN) is also a new semiconductor technology that shows considerable 

promise in fast logic applications. 

 

3.5.6.5 Complex Waveform Generation 

 

Complex waveform generation combines frequency synthesis with modulation, 

usually by the techniques described above. Another technique involves memory. By 

changing the ROM to RAM in the DDS as shown in Figure 3.58, virtually any 

desired waveform can be generated. The clock may be fixed or variable; in the latter 

case, the output waveform can be defined with greater latitude. In effect, the DDS 

operates like an arbitrary waveform generator. 

 

3.6 Oscillator Phase Noise 

 

3.6.1 Introduction 

 

Probably the two most crucial factors affecting an EW signal source (synthesizer) 

are frequency stability and phase noise [29].  

 

Figure 3.58 Complex waveforms with DDS. 
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Frequency stability refers to the drift (or lack of it) of the signal’s frequency 

with temperature, aging, and mechanical factors such as vibration and shock. In EW 

systems, the frequency stability determines the channel spacing necessary to share 

the spectrum among several sources. In addition, for a given channel bandwidth (the 

usual case, as the channel characteristics are normally regulated) the frequency 

stability determines the maximum data rate that can be used without spilling 

excessive energy into the adjacent channels. 

The oscillator phase noise (also called phase jitter) results in a nonzero 

bandwidth of the carrier that could also cause energy to spill over into adjacent 

channels (see Figure 3.59). In addition, if the phase noise is too high the modulation 

source itself can be corrupted if any of the phase modulations are used. This can 

limit adjacent channel selectivity due to reciprocal mixing. 

In EW systems the targets to be jammed are present in a single channel at a time 

(by definition, although FHSS signals don’t stay there very long). If the exciter drifts 

around, or if there is excessive phase jitter, jam energy may be broadcast in adjacent 

channels. The most serious implication of this is electronic fratricide of friendly 

communications. Another implication is that some of the jammer power is not being 

used as intended and, in extreme cases, jamming may not occur at all due to 

insufficient jammer radiated power in the channel where it is intended. 

A frequency stable oscillator requires a stable tuned element in the feedback 

path. A simple LC stabilized oscillator does not generally satisfy this requirement. 

Using a transmission line in place of the LC circuit usually exhibit less drift with 

temperature. A ceramic resonator, widely used as a clock source for microprocessor 

applications, has a frequency tolerance of only approximately 3,000 ppm and hence 

is not adequate for most radio and EW applications. Coaxial resonators (often 

ceramic-based) can provide very high-Q elements and hence have excellent phase 

noise. Their temperature stability is however poor and on their own they are not 

sufficient to act as the signal source. (Locking a coaxial resonator to a stable (e.g., 

 

Figure 3.59 Oscillator phase noise. 
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crystal) source is however a very viable and widely used synthesis process). SAW 

devices can provide the accuracy needed for wideband operation, giving typically  

 300 ppm stability over –40oC to +60oC for frequencies up to 1 GHz or beyond. 

They usually have an initial tolerance of approximately 50 kHz that can be tuned 

on manufacture. Because they provide a low-cost, on-frequency source, SAW-based 

oscillators are very popular for wideband synthesizers. 

  A crystal oscillator is the most widely used stable frequency source, relying on 

the natural vibration frequency of the quartz crystal. Depending on the quality of the 

crystal and the type and tolerance of the cut, accurate, temperature-stabilized 

devices can be fabricated. For a very cheap crystal, a temperature tolerance of 15 

ppm is typical, whereas for a temperature compensated crystal oscillator (TCXO), 

a 3 ppm tolerance or better is possible. The major drawback with crystal-based 

oscillators compared with SAW devices is that the oscillation frequency is typically 

below 30 MHz for a fundamental mode design, and possible up to 100 MHz using 

a fifth overtone design. 

 

3.6.2 VCO Phase Noise Basics 

 

Consider again the close-loop transfer function (3.2); note that CL(s) at the 

frequency of oscillation represents a singularity [30]. On paper, the gain is infinite 

(division by 0). Obviously, this is not possible, so some assumptions will have to be 

made later in regard to this point. We can, however, analyze what happens close to 

this singularity as follows.  

 Expanding the numerator and denominator in Taylor series, close to the 

oscillation frequency we have 
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because the resonator amplitude response, A, has a close to zero gradient at the 

frequency of oscillation, but significant phase, , gradient (see Figure 3.3). This can 

be further approximated as 
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Thus, the spectrum around the singularity will be proportional to the resonator 

group delay. Note that the assumption that ( ) /d FG dhas only a phase component 

means that at oscillation the resonator amplitude peaks. This is a common 

simplifying assumption so we can gain some intuitive understanding of the phase 

noise spectrum. If desired, a more complicated model could be used and then 

additional components must be added, which results in additional noise. 

Note that since /d d   is a measure of bandwidth, we define 
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and obtain (ignoring the scaling factor G*) 
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This is the Leeson phase-noise approximation [31]. Thus, the model shows that 

flat noise at the input,
Bk TF (F is the overall experimental noise factor), will produce 

a 2(2 )Qd − spectral behavior at the output terminal of the active element.  

Some correction factors have been added to the model, especially to 

accommodate flicker noise of active devices. Assuming that the noise spectrum of 

flicker noise is given by 
c /f d c( f is the flicker corner frequency), a general 

modified Leeson equation [31] at the frequency f0  is given by 
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where 
m( )fL  is the single sideband noise spectrum function, Q is the resonator 

loaded Q, and F is an experimental correction factor.  
SP is the power at the input to 

the active device. 

 Incorporating the flicker noise multiplier and the experimental noise factor F in 

this manner makes the Leeson spectral density more of a heuristic than explicitly 

derived spectrum. F must be determined by measurement as it has no formal 

definition. The flicker noise factor simply is reasonably incorporated this way. 

A general plot of Leeson model prediction, for
0 c2GHz, 10kHz,f f= =  and Q 

= 20 is shown in Figure 3.60. 

 

Leeson Equation—Some Comments 

 

The Leeson equation presents certain characteristics that should be addressed for 

clarity. Some of these areas follow. 

  

• While close to carrier, the phase noise is monotonically declining at –30 

dB/decade; it then changes to –20 dB/decade until it hits a noise floor. The 

equation predicts that when 0 doubles, the loss in the phase noise for the 

same Q is in the 6-dB range. In reality, going from 1 to 2 GHz causes a 

loss of ~6 dB. Going from 1 to 5 GHz is predicted to cause only 14-dB 

loss. However, in reality, the number is often significantly higher. In that 

 

Figure 3.60 Leeson phase noise curve. 
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regard, the best solution for high-frequency sources is to oscillate at 1 GHz 

range and use multipliers (multipliers loose only a 
1020log  multiplication 

ratio). 

• The more power drawn from the device, the better the signal-to-noise ratio, 

reflected by Ps in the denominator. This, however, reduces the resonator 

reduces Q. 

• No relationship has been established between phase noise performance and 

VCO constant 
v (MHz / V).K  In practice, lower Kv allows lower coupling 

of the resonator, hence higher Q and better phase noise. 

 

Remember that phase noise is always measured by the residual noise as 
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and 
1 2,f f  are defined by the application. Therefore, 2° of RMS phase noise equals 

2 /180, which equals 0.035 radians [which is equivalent to 
1010log (1/ 0.0352), or 

~ 29-dBc]. 

 

3.6.3 Analysis 

 

Assuming such devices exist, a lossless resonator and other noiseless devices would 

generate a closed-loop transfer function given by 
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corresponding to a time domain response given by 

 

 
0( ) sin( )s t A t=    (3.38) 

 

If such a waveform would be generated by the device, it would not be a forced 

response (by noise, hence a noiseless device) and would generate a perfect, 

noiseless, undistorted signal. This, however, is not a real-world situation. 

Instead, let us specify our model as an amplifier G and the feedback resonator 

F(s) as a lossy parallel LC circuit with given Q, such that: 
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The linear closed loop is given by 
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Because the ideal signal is not possible, 1 – G must be greater than 0.  Hence 

the poles of a real-world oscillator are not on the imaginary axis of the complex 

plane; rather they are slightly on the left-hand side. 

Oscillator output will actually be forced (by noise); it will always be narrow- 

band noise. The immensity of gain provided by the oscillator is from the 1 – G term. 

Hence, oscillators also have large Q and voltage gains of approximately 
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(on the order of 108 to 109). This demonstrates, intuitively, how it is possible to build 

oscillator power from the low value of the noise signal 
B .k Tf  

 

3.6.4 Equipartition Theorem 

 

The equipartition theorem of statistical mechanics lies at the heart of all calculations 

of thermal noise [32]. Every state variable (in an electronic system these are 

comprised of voltages on capacitors and current through inductors) that is not 

constrained to have a fixed value is free to fluctuate. The thermal fluctuations in the 

current through an inductor or in the voltage on a capacitor are the ultimate origins 

of circuit noise. If the energy stored in the system corresponding to state variable x 

is proportional to x2, then x is said to be a degree of freedom of the system. Thus, 

the voltage on a capacitor constitutes a degree of freedom, since the energy stored 

on it is 2 / 2.CV Statistical mechanics requires that if a system is in thermal 

equilibrium with a reservoir of temperature T, then each degree of freedom of the 
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system will have a fluctuation energy of
B / 2.k T Thus, the mean square fluctuation 

2V in the voltage of a system with a single capacitor must be such that 

 

 
2

B

2 2

k TC V
=  (3.40) 

 

so that 

 

 2 Bk T
V

C
 =  (3.41) 

 

 This simple and elegant result shows that if all noise is of thermal origin, and 

the system is in thermal equilibrium, the total noise over the entire bandwidth of the 

system is determined just by the temperature and capacitance [32]. If we have a 

large resistance coupling noise to the capacitor, the noise per unit bandwidth is large 

but the entire bandwidth of the system is small: if we have a small resistance 

coupling noise to the capacitor, the noise per unit bandwidth is small but the entire 

bandwidth of the system is large. Thus, the total noise—the product of the noise per 

unit bandwidth
B4k TR and the bandwidth of the circuit 1/RC—is constant, 

independent of R.  

We illustrate for the example circuit of Figure 3.61 how the noise from various 

devices interact to yield a total noise of 
B / .k T C  A circuit with four transistors 

connected to a common node with capacitance C is shown. By convention the 

common node is denoted as the source of all transistors, and the forward currents of 

all transistors are indicated as flowing away from the node while the reverse currents 

of all transistors are indicated as flowing toward the node. Only the voltage
sV is free 

to fluctuate; all other voltages are held at fixed values so that the system has only 

one degree of freedom. The equipartition theorem of statistical mechanics predicts 

that if we add the noise from all transistors over all frequencies to compute the 

fluctuation in voltage 2

s ,V the total will equal 
B /k T C no matter how many 

transistors are connected to the node or what the other parameters are, so long as all 

the noise is of thermal origin and the system is in thermal equilibrium.  
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3.7 Concluding Remarks 
 

In this chapter the basic types of oscillators used in the role of exciters in EW 

systems were discussed. While the LC oscillators, discussed first here, are the oldest 

types, they have many failings in the functioning as exciters. Chief among them is 

their relative broad spectral occupancy (low Q). The signals so generated are too 

wide to be used effectively. Thus, other forms of resonant elements were sought. 

 Crystal resonators go a long way to addressing this problem. They are fairly 

stable with relatively (to LC oscillators) high Q. 

 Phase-locked loops are used almost exclusively in modern oscillator 

applications due to their flexibility. They are used as reference oscillators in many 

exciter applications. 

 Microelectromechanical systems are relatively new but have some very 

desirable properties: namely small size for applications where SoC are being 

considered. They also are capable of very high Q. 

 The last exciter technology discussed was direct digital synthesis where the 

ultimate in flexibility is possible. Just about any conceivable waveform can be 

generated with DDS technology. 

 

 

Figure 3.61 Equipartition theorem. 
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Chapter 4 
 

Introduction to RF Amplifiers 
 

 

4.1 Introduction 
 

Amplifiers, which are fundamental elements of circuit design, take a small signal 

and make it larger. They drive everything from ear buds to antennas. Placed ahead 

of analog-to-digital converters (ADCs), they reshape signals from sources as diverse 

as strain gauges to ultrasound probes. By properly selecting feedback passives, they 

can be configured into high-pass, low-pass, band-pass, and band-elimination filters. 

Feed them with multiple signals, and they produce harmonics of every component 

of those inputs—good for some applications, a headache in others.  

Extensive coverage of RF amplifiers is provided in many places. For our 

purposes [1–7] are recommended. 

This chapter is structured as follows. Delineation of the amplifier classes is 

presented first, and how biasing is used to place the operating point of the active 

device to implement these classes. We then briefly discuss Miller’s theorem and its 

implications in feedback systems. For such a simple result, its impact, especially for 

one form of amplifier, is tremendous. Next the frequency response of RF amplifiers 

is discussed and some techniques to quickly estimate the bandwidth are presented. 

Some wideband amplifier architectures are then presented. The chapter concludes 

with an introduction to RF amplifiers implemented with digital topologies. 

 

 

4.2 Amplifier Classes 
 

4.2.1 Amplifier Topology 

 

The general topology for a transistor amplifier is shown in Figure 4.1 (in this case 

shown with a MOSFET but any properly biased active device that provides gain at 

the frequency of operation could fill this role). In Figure 4.1, the inductors L1 and L2 
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serve as RF chokes which block the RF signals from reaching the power supplies 

VGG and VDD, respectively, while simultaneously providing DC power to the device. 

Capacitors Cb, in conjunction with L1 and L2, serve as bypass capacitors and provide 

filtering of the RF signals from the power supplies. The AC coupling capacitors CG 

and CD pass the RF signals while simultaneously isolating the DC bias levels in this 

stage from the stages prior and subsequent. This is one of the simplest configurations 

of biasing networks—we discuss more shortly. 

 The matching networks perform a few different functions depending on how 

the amplifier is to be used. As a linear amplifier the major concern is interfacing the 

amplifier properly with stages that precede this stage and the one following. Most 

of the time these concerns have to do with linearity and minimizing the distortion in 

the signals being processed, generating as small noise products as possible. When 

the amplifier is configured as a power amplifier, usually as the output stage of an 

amplifier chain, it would be feeding a transmission line that leads to an antenna for 

purposes of radiating the signal toward a target. In that case, the signals are large 

enough that linearity and noise are less of a concern and stability becomes the major 

issue. Efficiency is also a major concern in power amplifier stages. These two 

regimes yield matching networks that can be quite different. 

 

4.2.1.1 Background 

 

Historically, amplifier class designations were related to the biasing of amplifier 

devices—that is, over how many degrees of each input-signal swing they conducted. 

It worked for classes A, B, and C. For class AB, it made a certain kind of sense. 

Today, it’s not as clear-cut. In the beginning, classification revealed something 

about linearity versus efficiency. Class A amplifiers can be made very linear, but 

 
 
Figure 4.1 Basic topology of an RF amplifier (neglecting most biasing details). 
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with limited efficiency. In theory, a class A amplifier can achieve 50% efficiency 

with inductive output coupling or 25% with capacitive coupling. Class B amplifiers 

are subject to crossover distortion, but efficiency runs theoretically as high as 

78.5%.  

 

4.2.2 Biasing for RF Devices 

 

Biasing refers to placing the quiescent operating point of the active device so that 

certain conduction conditions occur [8]. Linear conduction means that changes in 

the amplified output of the circuit are proportional to changes at the input. All active 

devices have a limit on the range of input and output voltage and current that are 

allowed, beyond which the performance becomes nonlinear. 

Many RF schematics contain the statement: “bias circuit not shown”; when 

actually one of the most critical yet often overlooked aspects in any RF circuit 

design is the bias network. The bias network determines the amplifier performance 

over temperature as well as RF drive. The DC bias condition of the RF transistors 

is usually established independently of the RF design. 

The principal concerns when considering the biasing configuration are: 

 

• Power efficiency 

• Stability 

• Noise 

• Thermal runway 

• Ease of use 

 

Transistor amplifier biasing is required for several reasons: 

 

• Without a DC biasing network, we would require two separate voltage 

supplies to furnish the desired class of bias for both the emitter-collector 

and the emitter-base voltages. 

• Sometimes, when warranted, this is still done, but biasing was developed 

so that these separate voltages could be obtained from a single supply. 

• Transistor parameters are temperature-sensitive, causing thermal runaway. 

Thermal runaway will rapidly destroy a BJT, as collector current quickly 

and uncontrollably increases to damaging levels as the temperature rises, 

unless the amplifier is temperature stabilized to nullify this effect. 

 

4.2.3 Amplifier Bias Classes of Operation 

 

Specific classes of amplifier bias levels are utilized to achieve different objectives, 

each with its own distinct advantages and disadvantages. The most prevalent non-
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switching classes of bias operation are Class A, AB, B, and C. All of these classes 

use circuit components to bias the transistor at a different DC collector operating 

current, denoted by ICQ, where the Q refers to quiescent, and voltage levels. “Q” in 

this case refers to quiescent point (not to be confused with quality factor used 

prolifically, nor with heat in Chapter 12). The output characteristics for these classes 

are summarized in Figure 4.2 in the form of collector current, IC, versus the 

collector-emitter current, Vce, as a function of base current. 

 

4.2.4 Amplifier Classes 

 
An analog amplifier class is determined by how it is biased. RF amplifier classes A, 

B, C, and AB are analog amplifier classifications that are determined by the number 

of degrees of current flow during each 360-degree RF cycle over which plate, 

collector, or drain current flows. We introduce these classes in this section. 

 

4.2.4.1 Class A 

 

Class A are single-ended amplifiers and are ordinarily used only in small-signal non-

power applications. Class A will generally require a constant current bias source to 

fix the operating point regardless of the RF drive and output. The circuit will have 

to have some sort of feedback to keep the output current at a fixed level, or a circuit 

 
 
Figure 4.2 Typical BJT load-line characteristics for different bias classes. The resistive load-line is 

superimposed on the output characteristic of a BJT. IC is the collector current and VCE refers to the voltage 

between the collector and emitter. Similar curves apply to FETs and thermionic tubes as well, although 
the specific shapes of the IC vs Vce curves can be different. 
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must be created whose current is large compared to the amount of output power 

required (i.e., it is quasi class A in that the operating point movement is minimal).  

The amplifier device is biased in the region of the center of the input signal 

swing (see Figure 4.2.) In class A, biasing a single active device (a BJT, FET, or 

thermionic tube) allows it to operate in its linear conduction region during the entire 

input cycle.  

Class A amplifiers operate over a relatively small portion of a tube’s plate-

current, a transistor’s collector-current, or an FET’s drain current range and have 

continuous current flow throughout the entire 360o of each RF cycle. Their 

efficiency in converting DC-source-power to RF-output-power is poor. DC source 

power that is not converted to RF output power is dissipated as heat. However, in 

compensation, Class A amplifiers have higher linearity that is responsible for lower 

output-signal distortion than any other amplifier class. They are most commonly 

used in small-signal applications where linearity is more important than power 

efficiency, but also are sometimes used in large-signal applications where the need 

for high linearity outweighs cost and heat disadvantages associated with poor power 

efficiency. 

 

4.2.4.2 Class B 

 

A class B active device is biased so that conduction only occurs for ½ of the input 

signal period. During the other half, the device does not conduct at all. A push-pull 

arrangement ensues when two active devices are included in the amplifier and one 

active device conducts during half of an input cycle, the other during the other half. 

The two halves are reassembled at the amplifier’s output. These amplifiers are called 

push-pull because the outputs of the active devices have a 180° phase relationship.  

Class B operations require some form of positive biasing—though the operating 

point will move with RF drive. This will require an open loop circuit with some sort 

of compensation over ambient conditions. 

Class B amplifiers have their tube control grid, transistor base, or FET gate 

biased near plate, collector, or drain current cutoff, causing plate, or collector, or 

drain current to flow only during one-half (180o) of each RF cycle. The bias point, 

as shown in Figure 4.2, is on the Vce axis. That causes the DC source power to RF 

output-power efficiency to be much higher than with Class A amplifiers, but at the 

cost of severe output cycle waveform distortion. If the input is a sine wave, for 

example, only half of that sine wave will appear in the output current waveform.  

That waveform distortion is greatly reduced in practical designs by using 

relatively high-Q resonant output “tank” circuits to reconstruct full RF cycles, but 

the signal is at higher power levels than the input signal. The quality factor, also 

denoted by Q, is the ratio of an inductor’s reactance at a given frequency to its DC 

resistance. More generally, though, it reflects how sharply an L-C resonant circuit 

is tuned (where L implies the presence of one or more inductance and C implies one 
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or more capacitors). Low sinewave distortion results only if the Q of the tank circuit 

is sufficiently high. Unless the Q is infinite, which, of course, it never can be, the 

amplitude of one-half cycle will be larger than the other, which is a manifestation 

of harmonic energy content, of importance to EW amplifier designs. Coupling an 

antenna system too tightly to the resonant output tank circuit of an amplifier will 

lower its Q, increasing the percentage of harmonic content in the output. 

 

4.2.4.3 Class AB 

 

For class AB, the active device is biased to conduct over slightly more than half the 

input signal swing to simplify crossover. When configured in a push-pull 

arrangement, class AB amplifiers resemble class Bs, except their active devices are 

biased so both conduct during an overlapping portion of each input cycle. This 

sacrifices a certain amount of potential gain for better linearity (i.e., there’s a 

smoother transition at the crossover point of the output signal). Class AB sacrifices 

some of that efficiency for lower distortion.  

Simply by decreasing the ICQ of the amplifier by a small amount, class AB 

operation can be reached. But any class AB single-ended power amplifier will create 

more output distortion than a class-A type due the output clipping of the signal’s 

waveform. 

Like class B, class AB require some form of positive biasing—though the 

operating point will move with RF drive. This will also require an open-loop circuit 

with some sort of compensation over ambient conditions. An amplifier will operate 

in class AB when it is biased in the region shown in Figure 4.2. 

As the designation suggests, Class AB amplifiers are compromises between 

Class A and Class B operation. They are biased so plate, collector, or drain current 

flows less than 360o, but more than 180o, of each RF cycle. Any bias point between 

those limits can be used, which provides a continuous selection range reaching from 

low distortion, low efficiency on one extreme to higher distortion, higher efficiency 

on the other. 

 

4.2.4.4 Class C Amplifiers 

 

Class C amplifiers are biased well beyond cutoff, so that plate, collector, or drain 

current flows less than 180o of each RF cycle. That provides even higher power 

efficiency than Class B operation, but with the penalty of even higher input-to-

output nonlinearity, making use of relatively high-Q resonant output tank circuits to 

restore complete RF sine-wave cycles essential. High amplifying-nonlinearity 

makes them unsuitable to amplify signals where the amplitude is used to convey the 

information, such as AM, DSB, or SSB signals.  

However, most Class C amplifiers can be amplitude-modulated with acceptably 

low distortion by varying plate, collector, or drain voltage, because they generally 
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are operated in the region of plate, collector, or drain saturation so that the RF output 

voltage is dependent upon the instantaneous DC plate, collector, or drain voltage. 

They also are commonly used in continuous wave (CW) and FSK applications and 

in PM and FM transmitter applications where signal amplitudes remain constant, 

and the information is conveyed in the instantaneous phase of the carrier signal  

The active device in a class C amplifier is biased so that it conducts for less 

than half the input signal period. As such, they are nonconducting for over half this 

range. Their response is therefore very nonlinear. See Figure 4.2 for the bias region. 

Class C amplifiers offer high efficiency (up to 90%), but the high-Q filters 

needed for their operation (to return to linear performance) have narrow bands of 

resonance. Moreover, tank circuits for low (e.g., audio) frequencies are impractical 

to implement, which ultimately limits them to RF.  

For class C amplifiers used in RF applications, the output device drives a 

resonant tank circuit consisting of an inductor and one or two capacitors. It conducts 

for only a short portion of each input cycle.  

Class C generally requires a negative bias of some kind—or in most cases, the 

input of the transistor is tied to ground with an inductor or resistor, which is 

sufficient to keep the conduction angle correct. 

Class C amplifiers incorporate a single active device that’s biased to conduct 

during only a small portion of each input-waveform cycle. Energy is driven into a 

high-Q, L-C tank circuit that continues to ring at its resonant frequency during the 

times the active device isn’t conducting. An analogy would be the continuous 

tapping of a big bell with a small hammer at a rate equal to the resonant frequency 

of the bell. 

 

4.2.4.5 Summary 

 

Figure 4.3 summarizes the class of operation that ensues when an amplifier is biased 

as indicated. 

 The efficiency of the various amplifier classes is illustrated in Figure 4.4. While 

there are several different measures of efficiency, in general it refers to how well a 

particular amplifier topology converts power from the power supply into useful 

signal power. We will cover several definitions of efficiency in Chapter 9. 

 

4.2.5 Miller’s Theorem 

 

Miller’s theorem reflects the effects of gain in an amplifier and its interaction with 

feedback components. We briefly describe it here as we will use it later. 

Consider the network in Figure 4.5. An admittance Y = 1 / Z is connected 

between two nodes. Miller’s theorem provides a way for replacing the bridging 

admittance Y with two admittances Y1 and Y2 between node 1 and ground and node 

2 and ground.  
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Figure 4.4 Amplifier efficiency. 

 

 
 

Figure 4.3 Amplifier classes as defined by their bias quiescent point. 
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The relationship between V2 and V1 is given by G = V2 / V1. To find Y1 and Y2 

 

 
1 1 2 1 2 1 2 2 1 2 1 2( ) (1 / ) ( ) (1 / )I Y V V YV V V I Y V V YV V V= − = − = − = −  

 
1 1 2 2(1 ) ( (1 1/ )I YV G I YV K= − = −  

 
1 1 1 2 2 2I YV I Y V= =  

 
1 2(1 ) (1 1/ )Y Y G Y Y G= − = −  (4.1) 

 

Equations (4.1) are referred to as Miller’s theorem. 

 We can see from (4.1) that as G gets larger, the admittance represented by Y1 

gets linearly larger (although in the negative direction). Remember that frequently 

G is negative, making Y1 grow substantially. The biggest problem arises in active 

components where Y is actually Cgd (MOSFET) or Ccb (BJT). The larger these 

model elements are, the greater their impact, particularly on the frequency response 

of an amplifier using these components. We can also see that the larger G is, the less 

of an impact Y has on Y2, so the effects on the output get smaller.  

 

4.2.6 Frequency Response of Amplifiers 

 

The frequency response of amplifiers consists of three distinct regions (see Figure 

4.6). 

 

4.2.6.1 Midband 

 

This is the frequency range normally of most interest for amplifiers. In this region, 

large capacitors can be treated as short circuits and small capacitors can be treated 

as open circuits. The gain is constant and can be obtained by linear small-signal 

analysis.  

 

4.2.6.2 Low-Frequuency Band 

 

At the lower end of the frequency response is the low-frequency band. In this region 

the gain drops at frequencies lower than fL. Large capacitors can no longer be treated 

 
 

Figure 4.5 Miller’s theorem. 
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as short circuits. However, small capacitors can still be treated as open circuits. The 

gain roll-off is mainly due to coupling and bypass capacitors. 

 

4.2.6.3 High-Frequency Band 

 

Above the midband lies the high-frequency band. The gain drops at frequencies 

higher than fH. Small capacitors can no longer be treated as open circuits while large 

capacitors can still be treated as short circuits. The gain roll-off is mainly due to 

parasitic capacitances of the MOSFETs and BJTs. 

 

4.2.7 Some High-Frequency Analysis Techniques  

 

Under certain circumstances, accurate estimates of the frequency performance of 

amplifiers can be determined essentially by inspection of the circuits [9]. We 

introduce some of these techniques in this section. 

Known as the short-circuit time constant (SCTC) and open-circuit time 

constant (OCTC) methods, they are useful for estimating the bandwidth of networks 

that contain capacitors and resistors. The SCTC method estimates the lower 3-dB 

cutoff frequency while the OCTC method estimates the high 3-dB cutoff frequency 

(see Figure 4.7). OCTC is used to find the high-frequency cutoff (DC coupling) and 

SCTC is used to find the low-frequency cutoff frequency (AC coupling). 

 

4.2.7.1 Estimating the Upper 3-dB Frequency 

 

The general transfer function of an amplifier is given by 

 

 

 
Figure 4.6 Frequency response regions of an amplifier. 
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where zi represents the transfer function zero frequencies (the frequencies where 

there is no signal transferred from the input to the output) and pi the transfer 

function pole frequencies (the frequencies at which there is unlimited signal 

transferred from the input to the output). The upper 3-dB frequency is approximated 

from (4.2) as follows 
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Figure 4.7 Time constant method: (a) the circuit with all capacitors identified, (b) determining 
0 ,iiR and 

(c) determining .j

iiR   
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4.2.7.2 Dominant Pole Response 

 

Usually one of the poles has much lower (high) frequency than any of the other 

poles and zeros. A dominant pole exists if the lowest (high) frequency pole is at 

least 4 away from the nearest pole or zero. In that case, from (4.5) we can estimate 

that frequency with 

 

 
H p1

2 2 2 2

p1 p2 z1 z2

1

(1/ 1/ ) 2(1/ 1/ )
   

 +  −  + 
 (4.6) 

 

since squaring the frequency term in the denominator will ensure that the lowest 

(high) frequency is 16× away. 

 

4.2.7.3 Time Constant Methods 

 

Open Circuit Time Constant Method to Estimate Amplifier Bandwidth 

 

The OCTC is a method to estimate the bandwidth of an amplifier. From (4.2) 

 

 
1

p1 p2 p

1 1 1

n

b = + + +
  

 

 

The exact solution for the open-circuit time constant is given by 
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This can be approximated with 
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so that 
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If we can find (estimate) the RC time constants in the network we can compute their 

sum and determine the upper cutoff frequency with (4.9). This is the crux of the 

OCTCA method. First, we determine b1 with (4.7) by 

 

 0 0 0

1 1 11 2 22 3 33b C R C R C R= + +  

 
0

iiR are the equivalent resistances in parallel with Ci by treating the other capacitors 

as open circuits. 

 The method also uses a simplified method for finding the term linear in 

frequency based on summing the RC products for each capacitor in the circuit, 

where the resistor R for a selected capacitor is the resistance found by inserting a 

test source at its site and setting all other capacitors to zero (open circuits) (see 

Figure 4.8). Hence the name zero-value time constant technique. To determine rE in 

analysis of a BJT, both a voltage source is used as shown in Figure 4.8, as well as 

insertion of a current source. The resistance is the ratio of these two results. 

 

Short-Circuit Time Constant Method 

 

The SCTC method recognizes that all the filters in the circuit are of the high-pass 

type, and tend to yield increasing gain with frequency. It’s also worth noting that 

there are the same number of poles as there are zeros. Under these circumstances, 

it’s expedient to use the short-circuit time constant approximation (SCTCA) [10].  

With the SCTCA we approximate the combined effect of all the poles and zeros 

to make a single first order high-pass filter. In other words, we approximate the gain 

of the overall circuit as  

 

 
o

m

i o

V s
A

V s p
=

−
 

 

where Am is the midband voltage gain, and po is the single pole that approximates 

the combined effects of the actual poles and zeros of the circuit. To determine po, 

 
 

Figure 4.8 Simple RC circuit and auxiliary circuits to find time constants. 
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we determine the resistance seen by each capacitor, while all the other capacitors 

are shorted. We then multiply the resistance seen by the value of the capacitor of 

interest to obtain the short-circuit time constant for that capacitor (see Figure 4.9). 

This procedure is then repeated for all capacitors that govern the low-frequency 

response. Finally, po is then given by the sum of the reciprocal of each time constant. 

Mathematically, this is expressed as:  

 

 o

1

i i i

p
R C

 −  

 

Where Ri is the resistance seen by the ith capacitor with all other capacitors shorted. 

 

 

4.3 Amplifier Parameters 
 

The most prominent parameters associated with amplifier analysis and design are 

given in Table 4.1. 

 

4.3.1 Determining the Lower 3-dB Frequency 

 

The coupling and bypass capacitors produce a low-frequency high-pass frequency 

response with three poles (and three zeros where s =  j = 0, that is, at DC). If the 

poles are sufficiently separated then a Bode plot can be used to estimate the response 

(see Figure 4.10). The lower 3-dB frequency is the highest frequency pole. p2 is 

typically the highest frequency pole due to the small resistance represented by 1/gm. 

However, if the poles are located closely together, the lower 3-dB frequency has to 

be evaluated by the transfer function, which is more complicated. 

  

 

 
 

Figure 4.9 Time constant method SCTC: (a) the circuit with all capacitors identified, (b) determining 
resistances in parallel with all other capacitors short circuited, R1 for this example associated with C1. 

The resulting time constant is given by C1R1.  
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Figure 4.10 Bode plot. 

 

Table 4.1 Definitions of Amplifier Parameters 

Parameter Definition 

Current Gain, AI I o i
/A I I=  

Voltage Gain, AV V o i
/A V V=  

Power Gain, GP P o i
/G P P=  

Input Impedance, Zi i i i
/Z V I=  

Output Impedance, Zo o o o
/Z V I=  
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4.3.2 Selecting Values for the Coupling and Bypass Capacitors 

 

These capacitors are typically required for discrete amplifier designs. CS is 

determined to satisfy the needed fL. CC1 and CC2 are chosen such that the poles are 

5 to 10 times lower than fL. 

 

 

4.4 Amplifier Topologies 
 

Analog amplifier classes are categorized by which terminal is common to both the 

input and output circuits. Thus, we have for the BJT: common emitter, common 

collector, and common base, and for the FET: common source, common drain, and 

common gate. Each of these configurations has its own attributes, advantages, and 

disadvantages. 
 
4.4.1 Bipolar Transistor Configurations 

 

As the BJT is a three-terminal device, there are basically three possible ways to 

connect them within an electronic circuit with one terminal being common to both 

the input and output. Each method of connection responding differently to its input 

signal within a circuit as the static characteristics of the devices vary with each 

circuit arrangement: 

 

• Common base configuration   –   voltage gain but no current gain. 

• Common emitter configuration   –   both current and voltage gain. 

• Common collector configuration   –   current gain but no voltage gain. 

4.4.2 MOSFET Configurations 

 

Likewise, the MOSFET is a three terminal device that can be connected in three 

ways: 

 

• Common gate configuration – both voltage and current gain. 

• Common source configuration – voltage gain; current gain is meaningless 

for the MOSFET since the input current is zero. 

• Common drain configuration – current gain but no voltage gain. 
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4.4.3 Summary 

 

The topologies mentioned above will be discussed extensively in the material 

contained in the chapters to follow. They are mentioned here simply to list the 

configurations to be explored. 

 

 

4.5 Active Loads 
 

An active load replaces the collector or drain resistor with a current source 

consisting of a BJT or MOSFET network. Resistors (especially big ones) and 

capacitors take up excessive space on IC real estate. Active loads take up less. 

Consider the complementary MOSFET amplifier shown in Figure 4.11(a). M2 

and M3 form a PMOS current mirror. In addition to help form a current mirror, M2 

also functions as a current source; that is, an active load, for M1. For M2 to be a 

current source, it must operate in the saturation region.  

We show an output characteristic curve for M2 in Figure 4.11(b) (that is, VGS2 

is a constant value). Consider when I = Iref, then VGD2 = 0 due to symmetry with M1. 

This implies that V = VSG, which is the Q-point shown in Figure 4.11(b). This 

characteristic curve is the load curve for M1 formed by the active load M2. (Recall 

that a resistive, passive load curve is a straight line—the concept here is the same 

except that the very small slope on the saturation region of the characteristic curve 

implies a very large value for ro2, a desirable characteristic for a current source.) 

We can graphically construct the transfer function Vo/Vi for this amplifier. The 

drain currents of M1 and M2 are the same since they are in series. The operating point 

of the amplifier is found from the intersection of the M1 characteristic curve with 

the load curve of M2 for a particular VGS1 (see Figure 4.12). 

 Collecting these intersections from Figure 4.12 as VGS1 (= Vi) changes, we can 

construct point-by-point the transfer characteristic curve for this amplifier. The 

results are shown in Figure 4.13. From this chart we can see that Region 3 exhibits 

a linear relationship between Vo and Vi. This is the region where the circuit of Figure 

4.13 can be used as a linear amplifier. 

 The configuration shown in Figure 4.11(a), which uses both PMOS and NMOS 

devices, is used extensively in complementary MOS (CMOS) integrated circuits. 

As with other IC technologies, the advantage of active loads in CMOS IC designs 

is that an active load is comprised of just another transistor, which consumes 

considerably less real estate than large resistors. The same topology, of course, can 

be implemented with BJTs. They must be biased in their active regions and the 

transistors must be matched as well as possible.  The current mirror on the left side 

of Figure 4.14 is equivalent to the current source shown on the right side. Ideally 
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Figure 4.11 CS amp active load. 
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Figure 4.12 M2 load curve with M1 characteristic. 

 

 
 

Figure 4.13 Active load transfer characteristic. 
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the current source resistance is infinite. The current from the source is governed by 

 

 
2

0 ref

1

( / )

( / )

W L
I I

W L
=  (4.10) 

 

where, in this case, Wi is the width of the channel in MOSFET i and Li is the length 

of the channel in MOSFET i, i = 1, 2. Iref is typically established with a (smaller) 

resistor. 

The current mirror as an active load is the most prolific way to bias the active 

components in integrated circuits. 

 

 

4.6 Gain 
 

The maximum available power gain for unconditionally stable two-ports is given by 

 

 221

max R R

12

( 1)
s

G K K
s

= − −  (4.11) 

 

where KR is the Rollett stability parameter to be discussed in Chapter 10. 

The bilateral transmission power gain of a two-port can be split into three parts 

 
 
Figure 4.14 Current mirror. 
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S 0 LG G G G=  (4.12) 

 

where 
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 (4.15) 

 

where i is the reflection coefficient of the two-port input. 

 The curves of constant gain are circles in the reflection coefficient plane. The 

circle for the load-mismatched two-port with gain GL is centered at 

 

 22 11 S L
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with radius 
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 (4.17) 

 

The circle for the source-mismatched two-port with gain GS is centered at 
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with radius 
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with 
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 (4.20) 

 

The available power gain, GA, of a two-port network is reached when the load 

is conjugate matched to the output port: 
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The curves with constant gain GA are circles in the source reflection coefficient (S) 

plane with the center at 
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and radius 
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 (4.23) 

 

where
1 11 22 SC s s= −  and

2

A A 21/ .g G s=  

 The operating power gain, GP, of a two-port is given by the ratio of the power 

delivered to the load to that of the input of the amplifier. In terms of S-parameters it 

is given by 

  

 

2 2

21 L

P 2 2

22 L 11 S L

(1 )

1

s
G

s s

− 
=

−  − −  
 (4.24) 

 

The curves of constant gain GP are circles in the load reflection coefficient (L) 

plane. The center of the circles is at 
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 (4.25) 

 

with radius 
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where 

 

2 22 11 SC s s= −   

 

and 

 
2

P P 21/g G s=  

 

Example 4.1 

 

We will examine a single-stage CE BJT amplifier that is to 

operate at 1 GHz [11]. The particular BJT we use is the BFG193 

from Infineon whose S-parameters at 1 GHz are shown in Table 

4.2. The bias parameters are VCE = 10V and IC = 10mA. 

 From Table 4.2 we calculate that  

 

 
11   22  12 21 |         0.13 3|46| | | | 05 .2870.2 39s s s s j = = − = −   

 

2 2 2

11 22

R

12 21

1
1.0144

2

s s
K

s s

− − + 
= =   

 

KR > 1 (but not by much) and 1   so the circuit is stable at         

1 GHz. We assume that the input and output are conjugate 

matched so that 
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4.7 Wideband Amplifiers 
 

One of the common requirements for amplifiers in EW applications is broad 

bandwidth since the target set is rarely completely known in advanced. The 

amplifiers involved with generating the EW signal must be able to cover the entire 

frequency range of concern—preferably instantaneously so that retuning is not 

necessary. 

 There are some methods that can be used to widen the operating bandwidth of 

both small signal amplifiers as well as power amplifiers. We will discuss a few of 

these methods in this section.  

 

4.7.1 Distributed Amplifiers 
 

A technique that achieves extremely broadband operation is the distributed 

amplifier (DA), shown in Figure 4.15. In this configuration, instead of trying to tune 

out the transistor capacitances, they are used as part of a lumped-element 

approximation to a transmission line on both sides of the active device. On the input, 

inductors Lg are placed between the gate-to-source capacitances Cgs of the adjacent 

transistors, and the familiar lumped-element artificial transmission line with a 

characteristic impedance of g g gs/Z L C=  is formed. Zg is nearly frequency 

Table 4.2 S-parameters for a BFG193 BJT at 1 GHz 

 
 Mag/Phase Re/Im 

s11 0.4472166.5o −0.4348 + j0.1044 

s21 4.187065.1o 1.7629 + j3.7978 

s12 0.096050.4o 0.0612 + j0.0740 

s22 0.2586−57.0o 0.1408 − j0.2169 

 

 

 

 
 

Figure 4.15 A distributed MESFET amplifier using a very simplified unilateral FET model. 
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independent. The phase velocity of a wave traveling along this line is  

g g gs1/ .v L C=  This transmission line can be resistively terminated at the end with 

little loss of input signal. On the output, inductors Ld are placed between drain-to-

source capacitances of the adjacent devices, and a transmission line with a 

characteristic impedance d d ds/Z L C=  and phase velocity d d ds1/v L C=  is 

formed. This is an active transmission line and the signal builds up along it with 

each successive amplification stage. The phases of the outputs of the individual 

stages will only be appropriate for left-to-right propagation, so little power will be 

lost at the resistive termination at the left end of the line. In effect, the two 

transmission lines are coupled lines with a coupling coefficient greater than unity. 

The inductors Lg and Ld can be chosen to equalize the phase velocities of the two 

coupled lines. Terminating resistors Zg and Zd are placed to minimize destructive 

reflections. Note that this discussion is valid only for a unilateral transistor 

approximation. 

The transconductive gain of each device is gm and the output impedance seen 

by each transistor is half the characteristic impedance of the transmission line. The 

resulting overall voltage gain of the DA is: 

 

 V m 0

1

2
A Ng Z=   (4.27) 

 

where N is the number of stages. 
From the above discussion, we might surmise that an arbitrarily large gain can 

be achieved by employing a large number of sections. In the equivalent circuit for 

the transistor, however, there are some resistors as well (not shown in Figure 4.15), 

and they make the transmission lines lossy. As a result, a limited number of stages 

can be included before the losses overtake the gain. Gain as a function of the number 

of sections is shown in Figure 4.16 for one example. It shows that after 5 sections, 

there is no appreciable increase in gain, whereas the flatness of the gain is reduced. 

Distributed amplifiers have been reported with flat gain from 1 to 40 GHz, and into 

the 100 GHz range. 

Distributed amplifiers are normally monolithically integrated so that the 

devices are very small compared to the guided wavelength. In practice, it is difficult 

to make good inductors in monolithic circuits at high microwave frequencies. 

Therefore, short sections of transmission lines are used instead between the stages 

of a distributed amplifier. 

 

https://en.wikipedia.org/wiki/Terminating_resistor
https://en.wikipedia.org/wiki/Reflection_(physics)
https://en.wikipedia.org/wiki/Gain_(electronics)
https://en.wikipedia.org/wiki/Electrical_impedance
https://en.wikipedia.org/wiki/Transistor
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4.7.2 Balanced Amplifiers 

 

A common approach to the problem of broadband amplifier design is a balanced 

amplifier topology as shown in Figure 4.17. It consists of a pair of 3-dB couplers, 

acting as splitters (input) and combiners (output) of two matched amplifiers.  For 

example, if the couplers are ideal 90o hybrids (such as a branch line coupler), the 

scattering matrix for the balanced amplifier is: 

 

 
11,1 11,2 12,1 12,2

21,1 21,2 22,1 22,2

( ) / 2 ( ) / 2

( ) / 2 ( ) / 2

s s j s s

j s s s s

− + 
=  

+ − 
S   (4.28) 

 

 
 

Figure 4.16 Dependence of the gain versus frequency as a function of the number of sections of a 
MESFET distributed amplifier. 
 
 

 

 
 
Figure 4.17 Balanced amplifier configuration using directional couplers.  
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and if the two amplifiers are identical, the scattering matrix becomes: 

 

 
12

21

0

0

js

js

 
=  

 
S   (4.29) 

 

This means that, as long as the amplifiers are identical, they can be whatever we 

wish, and the amplifier still has input and output matching. The two amplifiers can 

individually be tuned for gain, noise, or flatness of frequency response.  

Another popular balanced amplifier configuration uses Wilkinson 

combiner/dividers instead of the branch-line couplers shown in Figure 4.17. In this 

case, quarter-wave sections in the two lines provide a 180o phase between the two 

waves reflected from the inputs of the amplifiers, and the reflections are canceled. 

The bandwidth of the amplifier is obviously limited by the bandwidth of the 

directional coupler or Wilkinson splitter, both of which rely on quarter-wave 

sections for proper operation. Therefore, a hybrid is not the best choice (it has about 

15% bandwidth). Instead, a Lange coupler based on coupled line sections is most 

commonly used, which can have a bandwidth of 2 octaves. It is also possible to 

design broadband multisection branch line and Wilkinson combiners with over a 

decade bandwidth. See Appendix 4A to examine how a Wilkinson power divider 

works. 

Balanced amplifiers ideally have the same gain and twice the output power as 

compared to a single amplifier. When the signal becomes large, each of the 

transistors receives only half the power, so balanced amplifiers can handle more 

power with less signal distortion. However, twice the input signal is required, as is 

two times more DC power. An additional disadvantage is the size of the circuit and 

the fact that a large part of the real estate is taken by passive elements. This is very 

costly in MMIC implementations. 

An important factor in balanced amplifier design is the amplitude and phase 

mismatch between the coupler output ports as a function of frequency, as well as 

the sensitivity of this mismatch to load impedance variations. This is normally 

verified with simulation prior to fabrication. 

 

4.7.3 Resistive Feedback Amplifiers 

 

Resistive feedback can also be used for implementing a broadband amplifier. The 

effect of a feedback resistor between the gate and drain of a MESFET is to lower 

the input and output impedance and to broaden the gain curve. The biggest drawback 

is resistive coupling between the bias circuits, as well as overall lower gain than for 

reactively matched amplifiers. 
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By observing the approximate circuit model for the MESFET with normalized 

resistance values (to 50 ), shown in Figure 4.18, the equations for the current and 

voltage in the input circuit are found to be: 

 

 
in m ini g v i= +   (4.30) 
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= +

+
  (4.31) 

 

Solving for the input impedance we obtain: 

 

 

ds
f

dsin

in

dsin
m

ds

1

1
1

r
r

rv
Z

ri
g

r

+
+

= =

+
+

  (4.32) 

 

For the output circuit, the current and voltage can be expressed as: 
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out f GS(1 )v r v= +   (4.34) 

 

 and the expression for the output impedance is: 
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  (4.35) 

 
 
Figure 4.18 Simplified equivalent circuits for input and output MESFET circuits in a series feedback 

amplifier. 
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In both cases, the impedance is reduced and can be controlled by the amount of 

feedback resistance. 

The above simplified analysis is an example of the more general case of series-

shunt resistive feedback shown in Figure 4.19, where in addition to the series 

feedback between gate and drain, there is a parallel feedback resistor placed in the 

source. The admittance matrix for this network (for a very simplified FET model) 

can be written as 
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m fp fs fs

1 1

1 1
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  (4.36) 

 

The admittance matrix can be converted to the S-matrix using standard 

conversion formulas and we get 
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where 

 

 
 
Figure 4.19 Simplified circuit for series-shunt resistive feedback amplifier. 
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When we match the input and output (i.e. 
11 22 0),s s= =  then the resistor values are 

related to the transconductance by 
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From the above equations, s21 and s12 can be found to be 
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and 
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R Z
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We can see that the gain of the amplifier depends only on the characteristic 

impedance and the value of the series feedback resistor, not on the device 

parameters, a very desirable characteristic since the device parameters can vary 

greatly. This means that we can obtain flat gain over a frequency range with such 

feedback. 

 

 

4.8 Switched-Mode RF Amplifiers 
 

4.8.1 Introduction 

 

Switching-mode power amplifiers are widely used in different frequency ranges and 

output power levels beginning from several kilowatts at low frequencies and up to 
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one to several watts at microwaves. In these power amplifiers, the transistors operate 

as ON-OFF switches and the waveforms of the output current and the output voltage 

(ideally) do not overlap at any given time. Therefore, the power dissipation is 

minimized and the efficiency is maximized. Such an operation mode can be realized 

by an appropriate choice of the values for the reactive elements in the output load 

network. 

The first possibility of increasing the efficiency of the single-ended PA by 

modifying the output matching circuit was described by Lohrmann in 1966 [12]. 

Three years later Artym [13] and Gruzdev [14] provided the theoretical analysis of 

the single-ended switching-mode power amplifiers with the calculation of their 

circuit parameters. Analysis was provided for switching-mode power amplifiers not 

only with the shunt capacitance but also with the resonant circuit tuned to the 

fundamental to provide the sinusoidal signal flowing into the load. Later, the 

generalized analysis of the electrical performance and circuit parameters of the 

single-ended switching-mode power amplifiers with shunt capacitance C and series 

inductance L, as well as with a parallel LC circuit was presented by Popov [15] and 

Kozyrev [16]. These topologies are shown in Figure 4.20 and Figure 4.21, 

respectively. These two general design models are still in use today.  

The salient benefit of a switching-mode PA is the high efficiency possible (up 

to 100%). But the transistors are used as switches and the largest disadvantage of a 

switching-mode PA is the resulting nonlinearity. Therefore, the signal spectrum can 

be degraded and severe adjacent channel interference can occur. 

The typical switching-mode power amplifiers are class D and class E power 

amplifiers. The class F power amplifiers are also popular and are often used as the 

driving stages of the class E power amplifiers. 

 

 

 

 

 
 
Figure 4.20 Switched-mode PA shunt. 
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4.8.2 Class D PA 

 

The original class D PA is the voltage mode class D power amplifier. Using a 

MOSFET device, the simplified circuit of this PA and its waveforms of the drain 

voltage and the drain current are shown in Figure 4.22. Two transistors are 

connected in parallel and a series filter comprising the inductor L and the capacitor  

  

 
 

Figure 4.21 Switched-mode PA shunt output. 

 

 
 
Figure 4.22 The voltage mode class D power amplifier and its waveforms. 
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C is employed. This filter is tuned to the fundamental frequency. The two transistors 

M1 and M2 are driven 180° out-of-phase. That means the input connection 

guarantees that only one transistor is driven ON at a given time, with one transistor 

handling the positive half-cycles and the other one the negative half-cycles. It works 

just like a push-pull class B PA (covered later in Chapter 9). The difference here is 

that the transistors are driven hard enough to act like switches. The voltage across 

the transistors is a square wave and the transistor current becomes a half-wave 

rectified sine wave. Zero-current-switching (ZCS) is implemented, which means 

that the drain current is zero, just when the transistor is turned ON. Ideally, there is 

no overlap of the drain voltage and the drain current. Therefore, the DC power 

consumption is theoretically zero. 

Unfortunately, a real transistor always has parasitic capacitors (e.g., the drain-

source capacitor in an FET). The transistor must be charged or discharged to the 

supply voltage VDD or ground through the transistor. That means the voltage 

waveform cannot have a perfect square wave shape and some transient current 

spikes occur when the transistor turns ON—the overlap of voltage and current 

cannot be totally avoided. The energy loss per cycle, Ec, is given by [17] 

 

 
2

c DS DS-ON

1

2
E C V=   (4.43) 

  

where CDS is the drain-source capacitance and VDS-ON is the drain-source voltage 

when the transistor is turned ON. Interestingly, this energy loss on the output 

capacitance is independent of the channel resistance of the transistor and becomes 

the dominant loss mechanism at high frequencies. 

To overcome the problem of energy loss the current-mode class D PA was 

developed, which is shown in Figure 4.23. Two transistors are again connected in 

parallel, but instead of a voltage source a current source is used. Instead of a series 

filter a shunt filter is employed, which is also tuned to the fundamental frequency. 

The resulting voltage across the transistors is a half-wave rectified sine wave and 

the transistor current becomes a square wave. Due to the filter resonance, there is 

no voltage across the transistors when a transistor is turned ON; therefore, a so-

called zero voltage-switching (ZVS) is realized where the transistor has no voltage 

across it (theoretically) when it is turned ON. The output capacitance of the 

transistors can be included as a part of the parallel filter, so that an overlap of the 

drain voltage and the drain current can be avoided, at least theoretically. 

 

4.8.3 Class E PA 

 

Another type of switching-mode PA is the class E PA, which was introduced by 

Socal in 1975 [18]. The topology of a class E PA is shown in Figure 4.24. A shunt  
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Figure 4.23 The current mode class D power amplifier and its waveforms. 

 

 
 
Figure 4.24 The schematic of a class E power amplifier. 
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capacitor Cp from the drain to ground is used to provide the charge-discharge 

function when switching. It ensures that the voltage across the switch remains 

relatively low, when the switch is turned OFF, until the drain current reaches zero.   

A series filter consisting of a series inductor Ls and a series capacitor Cs is 

employed between the drain and the load. This filter is tuned at the fundamental 

frequency to ensure a sine waveform on the load. RL,opt is the optimum load of the 

class E power amplifier, to which the 50  reference load should be transformed. 

The waveforms of the voltage across the transistor and the current flowing 

through it are shown in Figure 4.25.  

  The switch alternately opens and closes at the operating frequency, and the 

common choice of the duty cycle is 50%. During the ON state, the transistor is 

overdriven and should provide a resistance as low as possible while sustaining the 

current running through it. The voltage across the switch is zero and the current 

flows totally through the switch. Conversely, during the OFF state the transistor is 

in the cutoff region and should provide very high impedance. It should also be able 

to sustain the voltage rise across its terminals. The entire current is flowing through 

the shunt capacitor Cp, charging and discharging it, and the switch voltage has a 

characteristic asymmetric waveform. The voltage and the current waveforms never 

simultaneously have nonzero values, so that no power is dissipated in the switch and 

the efficiency of this operation can theoretically reach 100%. 

To realize the so-called soft switching, which means that the shunt capacitor 

will not be discharged through the switch resulting in power loss, two conditions 

must be fulfilled [19, 20]. The first is that the voltage returns to zero at the switch 

turn-on. The second one is zero voltage slope at the switch turn-on. These two 

conditions are described as 

 
 
Figure 4.25 Voltage and current waveforms for an optimum class E PA. 

 

 



RF Electronics for Electronic Warfare 

 

178 

 

 
DS( / 2) 0V t =  =   (4.44) 

 DS

/2

0
t

dV

dt
=

=   (4.45) 

 

where VDS is the drain-source voltage of the transistor as shown in Figure 4.24; the 

time constant is 

 

 
2

 =


  (4.46) 

 

These two conditions are met by an appropriate choice of the reactive elements in 

the output network. The value of these components can be determined with [21] 
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Therefore, the reference impedance, normally 50 , should first be transformed to 

RL,opt given in (4.47), considering the required output power. The other components 

can then be calculated in turn. The values of Ls and Cs depend on the chosen quality 

factor Q. The shunt capacitance Cp in (4.48) includes the output capacitance of the 

active device. 

Unfortunately, the transistors used as switches always have a finite ON-

resistance, and the transition times from the OFF-state to the ON-state and vice versa 

are not negligible. In order to avoid power loss from the finite ON-resistance of the 

switch, the FET is designed with a large gate width. On the other hand, doing so 

increases the transition time of the input signal due to the larger parasitic 

capacitance. To obtain the shortest transition time from one state to the other, it is 

necessary to use a driving stage in the power amplifier, which feeds a square-wave-
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like signal to the input of the class E PA. Class F power amplifiers are good 

candidates to generate such square-wave-like periodic signals, which we discuss 

next. 

 

4.8.3 Class F PA 

 

The class F PA was introduced by Tyler in 1958 [22]. In this topology, appropriate 

terminations at fundamental and harmonic frequencies are placed in the drain 

network to improve the efficiency of the active device output. Open- and short-

circuit terminations at odd and even harmonics are presented at the output of the 

transistors to shape the drain waveforms. This can be done with an output network 

that includes the load as well as series and shunt harmonic resonators. Ideally an 

infinite number of resonators should be used, which is obviously not feasible in 

practice.  

Figure 4.26 shows the schematic of a class F PA using an FET as the active 

device. This circuit has a band rejection filter tuned to the second harmonic in the 

output matching network, which consists of the inductors L1, L2, L3, and the 

capacitors C1, C2, and C3. Such a configuration provides a close approximation to a 

square wave for the output voltage [23], and hence can be used as the driving stage 

for a class E PA. L4 and L5 serve as RF chokes while C3 at the drain is the DC 

blocking capacitor. 

The waveforms of the drain voltage and the drain current are illustrated in 

Figure 4.27 for the ideal case [24] (i.e., the output matching network includes an 

infinite number of resonators). The drain-source voltage has a square waveform, 

while the drain current presents a half-sine waveform. The quiescent current, IQ, is 

defined using 

 

 
 

Figure 4.26 The topology of a class F power amplifier. 
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S QA A=   (4.51) 

 

where AS is the area covered by the half-sine waveform and AQ is the area covered 

by the quadrate shown in Figure 4.28. The area AS can be calculated as 

 

 
S m

0

sinA I xdx



=    

 
m2I=   (4.52) 

 

On the other side, the quadrate area AQ can be calculated as 

 

 
Q Q 2A I=     (4.53) 

 

Using (4.52) and (4.53) in (4.51), we obtain 

 

 
 

Figure 4.27 Ideal waveforms of a class F power amplifier. 

 

 

 
 
Figure 4.28 Calculation of the quiescent current. 
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m QI I=    (4.54) 

 

for the maximum value of drain current. 

In practice a class F PA has only a limited number of resonators; hence the 

drain-source voltage waveform includes one or more odd harmonics and only 

approximates a square-wave-like waveform. The current waveform includes even 

harmonics and approximates a half-wave rectified sine wave. Theoretically, the 

efficiency of a class F PA increases as more harmonics are included. It approaches 

the ideal value of 100% when all the harmonics are rejected. 

 

 

4.9 Concluding Remarks 
 

We provided an introduction to RF amplifiers in this chapter. This information will 

be expanded upon in the chapters to follow. 

 There are two fundamental types of RF amplifiers that a generally used: analog 

and digital. The former is considerably older than the latter, and were discovered in 

the early twentieth century largely due to the requirements of war efforts. The latter 

were discovered later in the century largely due to the advancement in 

semiconductor technology, and small, efficient amplifiers became available.  
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Appendix 4A Wilkinson Power Divider/Combiner 
 

The Wilkinson power divider / Wilkinson combiner uses quarter-wave transformers 

to split the input signal to provide two output signals that are in phase with each 

other (see Figure 4.29). 

The resistor between the two output ports enables the two outputs to be matched 

while also providing isolation. The resistor does not dissipate any power, and as a 

result the Wilkinson power divider can theoretically be lossless. In practice there 

are some losses, but these are generally low. 

The values within the two-way Wilkinson divider / combiner can be calculated: 

 

 
02R Z=   (4.55) 

 
match 02Z Z=   (4.56) 

 

where: 

 

    R = the value of the terminating resistor connected between the two ports 

    Z0 = the characteristic impedance of the overall system 

    Zmatch = the impedance of the quarter-wave transformers in the legs of the power 

divider/combiner. 

 

To see how the Wilkinson divider works, consider a signal entering the left-

hand port, P1, in Figure 4.29. The signal reaches the physical split and passes to both 

outputs, ports P2 and P3 of the Wilkinson divider. As the two legs of splitter / divider 

 
 

Figure 4.29 Wilkinson power divider, splitter / combiner circuit. 
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are identical, the signals appearing at the outputs will have the same phase. This 

means that ports P2 and P3 will be at the same potential and no current will flow in 

the resistor. 

As the power is being split, it is necessary to ensure that the impedances within 

the Wilkinson divider are maintained. To achieve this, the two output ports must 

each appear as an impedance of 2Z0—the two output ports of 2Z0 in parallel will 

present an overall impedance of Z0. The impedance transformation is achieved by 

placing a quarter-wave transmission line between the star point and the output— the 

transmission line has an impedance of 
02 .Z In this way, the impedance within the 

system is maintained. 

The Wilkinson power divider operates in both directions and can also be used 

as a combiner. In this mode signals entering ports P2 and P3 will emerge at port P1, 

and none at port P3 (i.e., it is isolated). 

Consider power entering port P2. It will split equally between the resistor and 

port P1. Thus, half the power passes to port P1 and half is dissipated in the resistor— 

a fact that is important for power applications. 

As the signal enters port P2, half passes through the resistor and the other half 

passes through the first quarter-wave transformer. It then appears at the star point. 

Any power passing through the other quarter-wave transformer to port P3 will be 

out of phase with that appearing via the resistor as it will have passed through two 

quarter-wave lines. As a result, there is isolation between the two ports, half the 

power is dissipated within the resistor and half appears at port P1. 

The Wilkinson power divider or combiner is used for many RF applications. 

Some of its key advantages: its low level of loss and its high level of isolation 

between the output ports means that the Wilkinson power divider is a particularly 

attractive proposition. A further advantage at microwave frequencies is that it can 

often be made very cheaply because the transmission line elements can be printed 

on the PCB. This means that the only component required for the Wilkinson divider 

is a resistor, although it may mean that additional board space is required. 

The Wilkinson power divider/splitter/combiner is widely used in many areas 

and is able to provide excellent performance. 
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Chapter 5 
 

 

Semiconductor Technologies 
 

 

5.1 Introduction 
 

While many active devices can be used to generate and amplify RF signals, we 

concentrate here on the use of bipolar junction transistors (BJTs) and metal oxide 

semiconductor field effect transistors (MOSFETs), and their close derivatives. 

This chapter is structured as follows. After a brief introduction to microwave 

semiconductors in general, we discuss as amplifying devices. We cover their 

structure, operation, and high-level characteristics. That is followed by a discussion 

of the same properties for MOSFETs. Power amplifier (PA) device technology is 

covered next, followed by a discussion of JFETs as amplifiers. GaAs semiconductor 

technology is next compared with GaN, as they are both used in the role of 

amplifiers. GaN on SiC is then discussed by comparing that approach to GaAs and 

Si MOSFETs. The characteristics are compared. After that, extensive discussions of 

the characteristics of GaN are presented. Lastly, we briefly mention MMIC 

approaches to high-frequency amplifier designs. 

 

 

5.2 Semiconductor Devices 

 

Many types of devices can be used for amplification of RF signals, including 

vacuum tubes, diodes of many varieties, and transistors. 

 Here we will focus on the BJT and MOSFET and their closely related families 

of devices. We exclude vacuum tubes because their use is minimal in the primary 

frequency ranges in which we are interested (less than 10 GHz). 

RF/microwave transistors offer many different performance capabilities by 

type of device, with some better for lower noise and some better for higher power. 
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Transistors for RF/microwave applications are based on several different 

elements and compounds, with each substrate material bringing its own strengths 

and weaknesses. Not long ago, the choice for a microwave transistor was essentially 

between silicon and gallium arsenide (GaAs). But the last few decades have seen 

the emergence of additional high-frequency semiconductor substrates, including 

indium phosphide (InP); silicon carbide (SiC); silicon germanium (SiGe); gallium 

nitride (GaN); and even combinations of the materials, such as GaN on SiC. 

Transistors fabricated on these semiconductor materials offer a wide range of 

performance capabilities, from low noise figures to high output powers, from the 

high-frequency (HF) range through millimeter-wave frequencies. 

The comparison of silicon BJTs to GaAs transistors, such as metal-epitaxial-

semiconductor field-effect transistors (MESFETs), has long been simply the 

differentiation of the two technologies’ operating frequency ranges. In addition to 

using different substrate materials, silicon BJTs and GaAs MESFETs differ in 

structure, although both are three-terminal semiconductor devices.  

Semiconductor devices have been in use for several decades for RF (HF, VHF, 

UHF, and microwave) applications. However, their extension to higher and higher 

frequencies has been rather slow. In the lower frequency regions, vacuum tubes are 

being gradually replaced by a variety of solid-state devices. However, until recently, 

the frequency range above 1 GHz remained the preserve of vacuum tubes. 

Microwave semiconductor devices and their associative circuits can perform a 

variety of functions, such as, generation, amplification, detection, switching 

modulation and limitation. Harmonics of the microwave signals can be generated; 

mixing of two microwave signals can be accomplished, and so on. In each function, 

the design of device and circuit is different. 

The first solid-state amplifiers for microwave applications were negative- 

resistance diodes. For example, a tunnel diode. This was followed by the 

development of parametric amplifiers that used as variable capacitance diode 

(varactor) and an oscillator to vary the junction capacitance. The main feature of 

parametric amplifiers was the low noise that could be achieved by cooling the diode 

to liquid nitrogen temperatures. Power outputs greater than 10 mW for tunnel diodes 

were difficult to obtain. On the order hand, the varactor multiplier source was more 

successful, since it uses a high-power high frequency generating power at a few 

hundred megahertz. Here, the transistor drives a nonlinear reactance, harmonics are 

generated, and the power transfer from the fundamental to the harmonics can be 

quite efficient. 

Parametric amplifiers became the prominent and most widely used solid-state 

amplifiers from 1958 to about 1970. By 1970, improvements in materials 

preparation and processing technology had resulted in development of NPN silicon 

BJTs with a maximum frequency of oscillation greater than 10 GHz. During the 

next two decades further progress in the design and manufacture of high-frequency 

microwave BJTs and FETs was dramatic. The key to successful microwave 
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transistors design is miniaturization, which is a necessity in order to reduce device 

and package parasitic capacitances, lead inductances, as also to overcome the lead 

inductances and the finite transit time of the charge carriers. An appreciation for the 

need to reduce parasitic capacitances and inductance can be obtained by referring to 

Table 5.1. For example, as seen from Table 5.1, an inductance of 0.1 nH at 10 GHz 

represents a reactance of 5.28 , which is not negligible in a 50  system. Similarly, 

a capacitance of 0.1 pF at 10 GHz has a reactance of 159 Ω and would be a 

significant shunt reactance across a 50  transmission line. 

Transit times are dependent on the election mobility and saturation velocity in 

the semiconductor material. In this regard, GaAs is better than silicon for high 

frequency devices. By 1980, the design and fabrication of MESFETs were well 

established in the frequency range above 5 GHz and MESFET devices are widely 

used. 

 In order to achieve high-frequency performance in transistors, it was necessary 

to develop the technology that would enable key device dimensions to be less than 

1 μm. For example, gate lengths with submicron dimensions. 

 

 

5.3 Microwave Semiconductor Devices 
 

There are mainly two types of devices used for the design of RF amplifiers for the 

EW applications we are concerned with: 

 

• Bipolar junction transistors; 

• Field effect transistors. 

 

5.3.1 Bipolar Transistors 

 

Microwave bipolar transistors are similar to low-frequency transistors but are 

fabricated so as to have improved performance characteristics, such as smaller 

transit time. To make the transit time a small fraction of a cycle, the base layer must 

be thin. At the same time, the base resistance must be small so that the inner collector 

capacitance can have a charging time, which is almost the same as the period of the 

Table 5.1 Reactance of a Few Components at Microwave Frequencies 

 

 
Frequency (GHz) 

1 10 100 

L = 0.1 nH 0.628 Ω 5.28 Ω 62.8 Ω 

L = 1 nH 5.28 Ω 62.8 Ω 628 Ω 

C = 0.1 pF 1592 Ω 159 Ω 15.9 Ω 

C = 1 pF 159 Ω 15.9 Ω 1.6 Ω 
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operating frequency. The base doping cannot be made too high because then the 

efficiency with which the emitter injects minority carriers will be lowered. Hence, 

the charging time can be kept low only by making the diameter narrow. Therefore, 

microwave transistors are now made in the form of many base and emitter strips 

that are very narrow and close to each other. 

 A cross section of a PNP BJT is sketched in Figure 5.1. The collector base 

depletion layer is made thin so that the transit time from the base across the depletion 

layer to the collector is small. The emitter charging time is also made very short. In 

the frequency range below 5 GHz silicon bipolar transistors are preferred except for 

very low noise amplifies design. 

 

5.3.2 Field-Effect Transistors 

 

Though FETs, including metal insulator semiconductor (MIS) devices, have a large 

number of uses, their speed at microwave frequency is not very high. Hence, they 

are inferior to BJTs. There are two main characteristics of FETs that make them 

superior to BJTs in RF amplifiers: the lower noise characteristics and the higher 

frequency of operation (due to the higher electron mobility in GaAs). The higher 

electron mobility and the absence of shot noise that result in low noise. 

 

5.3.3 Molecular Beam Epitaxy Technique  

 

By means of molecular beam epitaxy (MBE), it has been possible to grow high-

quality epitaxial layers and controlled doping profiles in highly localized regions. 

MBE techniques also led to the development of hetero structures, which in turn, led 

to the development of the high electron mobility transistor (HEMT), which can 

operate at frequencies as high as 100 GHz. 

 

 

 

 
 
Figure 5.1 PNP BJT cross section. 
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5.3.4 Bipolar Technology vs MOSFET Technology 

 

The BJT has the advantage over the MOSFET of a much higher transconductance 

(gm) at the same value of DC bias current. Thus, much higher values of voltage gain 

can be realized in a BJT amplifier stage than in the corresponding MOSFET circuit. 

Also, BJT amplifiers have superior high-frequency performance than their MOS 

counterparts. 

On the other hand, practically infinite input resistance (Rgs, where Zi = Rgs + 

Xgs) at the gate of a MOSFET makes it possible to design MOS amplifiers with 

extremely high input resistance and an almost zero input bias current. Also, the 

MOSFET provides an excellent implementation of a switch: while a saturated BJT 

exhibits an offset voltage of few tenths of a volt, the I-V characteristics of the 

MOSFET pass through the origin, resulting in zero offset. The availability of good 

switches in CMOS technology makes possible a host of analog circuit techniques 

that are employed in the design of, among other things, data converters and filters. 

It can thus be seen that each of the two circuit technologies, bipolar and MOS, 

has its distinct and unique advantages and disadvantages. 

 

 

5.4 Bipolar Junction Transistors 
 

The terminals in a silicon BJT are the base, collector, and emitter; a small current at 

the base terminal can switch or control a much larger current between the collector 

and emitter terminals. 

When two diodes are formed on the same substrate back-to-back a three-layer, 

two-junction, three-terminal device is formed that is the basis of a BJT. Depending 

 

 
 

Figure 5.2 BJT construction: (a) physical construction and (b) two-diode models. 
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on the particular type of semiconductor, N-type, doped predominantly with extra 

electrons, or P-type, doped predominantly with excess holes (lack of electrons), two 

configurations emerge as possible (see Figure 5.2).  

The different semiconductor materials can act as either an insulator or a 

conductor by the application of a small signal voltage. The transistor’s ability to 

change between these two states enables it to have two basic functions: switching 

(digital electronics) or amplification (analog electronics). 

Bipolar transistors operate within three different regions: 

 

• Active region   –   the transistor operates as an amplifier and 
C BI I= ; 

• Saturation   –   the transistor is operating as a switch, is fully-ON, and 

C saturationI I= ; 

• Cut off   –   the transistor is operating as a switch, is fully-OFF, and 
C 0.I =  

 

We will see in Chapter 9 that there are some configurations of switching amplifiers 

that have very desirable properties, partially blurring these distinctions. 

The word transistor is a combination of the words transfer varistor used to 

describe their mode of operation. There are two basic types of bipolar transistor 

construction, PNP and NPN, which describes the physical arrangement of the P-

type and N-type semiconductor materials from which they are made. Bipolar 

transistors are current regulating devices where the amount of current flowing 

between the emitter and collector is in proportion to the amount of biasing current 

applied to the base terminal acting like a current-controlled switch. The principle of 

operation of the two transistor types PNP and NPN is exactly the same, the only 

difference being in their biasing and the polarity of the power supply for each type. 

There are differences in performance between the two types, however, which is due 

primarily to the difference in the speed at which holes travel versus the speed at 

which electrons travel through the devices. The latter travels at a speed that is about 

twice as fast as the former (on average). 

 

5.4.1 Bipolar Transistor Construction 

  

The circuit symbols for both the PNP and NPN BJTs are shown in Figure 5.3 with 

the arrow in the circuit symbol always showing the direction of “conventional 

current flow” between the base terminal and its emitter terminal. The direction of 

the arrow always points from the positive P-type region to the negative N-type 

region for both transistor types, exactly the same as for the standard diode symbol. 

http://www.amazon.com/gp/aws/cart/add.html?ASIN.1=0962852570&Quantity.1=1&AWSAccessKeyId=AKIAIOB4VMPIMBIMN7NA&AssociateTag=basicelecttut-20
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The silicon (Si) BJT is the original solid-state RF power device. Since the BJT 

is a vertical device, as seen in the cross-section diagram in Figure 5.4, the power 

density can be very high. Si BJTs typically operate from 28V supplies and remain 

usable at frequencies up to 5 GHz and sometimes higher, especially in high-power 

(1 kW) pulsed applications. While Si RF power devices have higher gain at high 

frequencies, their fundamental properties are basically those of low power RF BJTs.  

The positive temperature coefficient of BJTs tends to allow thermal runaway. 

The high power dissipated at the collector junction causes heating at that junction, 

which causes further temperature rise. If this process continues unabated, thermal 

runaway occurs. To avoid thermal runaway the bias circuits have to be carefully 

designed. 

Power BJTs are typically composed of multiple, smaller BJTs essentially 

connected in parallel. Adding emitter resistance is generally employed to force even 

division of the current among these BJTs.  

 

 

 

 

 
 

Figure 5.4 NPN BJT cross section shown with biasing power supplies.  

 

 
 

Figure 5.3 BJT circuit symbols: (a) NPN and (b) PNP. 
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5.4.2 Operating Characteristics of BJTs  

 

Typical operating characteristics of a BJT are shown in Figure 5.5. The transfer 

characteristics in the form of IC as a function of the base current IB are shown in 

Figure 5.5(a). In the active region, where 
C B ,I I  the collector current is 

approximately a linear function of the base current as we see. The output 

characteristics are shown in Figure 5.5(b) along with a typical load line. The slope 

of the load line is given by the inverse of the output resistance as seen by the  

transistor. The region in the output characteristic that is essentially vertical, close to 

the ordinate axis represents a nonlinear region of the transistor. Where IC is 

maximum, the BJT is saturated (fully ON, approximately 40 mA in this example). 

Significantly to the right of this region, approximately where the load line cuts 

across the operating characteristic curves of the transistor, we can see that as the 

base current is varied the collector current is varied, as is Vce. Thus, we achieve 

current gain with the BJT. Where IC goes to zero, about 8V in this example, the 

transistor is OFF. 

 

 

5.5 Field Effect Transistors 
 

Like the BJT, an FET is also a three-terminal device (actually they are available 

with more than three but for our purposes assuming only three suffices). An FET’s 

terminals are the gate (G), source (S), and drain (D)—the voltage at the gate controls 

the current between source and drain. We can therefore consider the FET as a 

 
 

Figure 5.5 Typical operating characteristics of a BJT: (a) base current to collector current (transfer) and 

(b) collector current versus collector to emitter voltage (output). 
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transadmittance amplifying device 
D gs( / ).y I V= A diagram of an FET is shown in 

Figure 5.6. 

 The output characteristics of MOSFETs, as indicated by charts of ID versus Vds 

with Vgs as a parameter, are the usual way of considering MOSFETs. One such 

characteristic is illustrated in Figure 5.7. In the linear region the device acts like a 

(fairly linear) resistor with ID increasing as Vds increases—that is, with a positive 

linear slope. Past this region, as Vds is increased further (with a constant value of 

Vgs) is the saturation region. As Vds increases, the output current remains relatively 

constant, behaving much like a current source.  

An FET is a unipolar transistor because it uses only one form of conductor, 

electrons, or holes. The current that flows between the drain and the source is 

 
 

Figure 5.6 Field effect transistor. 

 
 

Figure 5.7 NMOSFET output characteristic. 
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controlled by the voltage between the gate and the source. FETs, in both silicon and 

GaAs forms, can be used as switches (as they often function in digital circuits or 

power supplies) or as amplifiers (providing gain). As mentioned above, switching 

amplifier architectures are available using FETs that are extremely efficient 

(compared with other topologies). More on this in Chapter 9. 

Silicon MOSFETs are capable of high power-handling capabilities at lower 

(such as audio) frequencies and in switching power supplies. GaAs FETs—although 

not capable of the high-power levels of silicon MOSFETs—can operate through 

microwave and millimeter-wave frequencies, typically in solid-state low-noise or 

power amplifiers. FETs can provide current gain, voltage gain, or both. 

To construct MOSFET topologies that can handle high power levels, many 

(thousands) of basic cells illustrated in Figure 5.8 are placed in parallel, with each 

cell handling only a small portion of the total power. 

 

5.5.1 CMOS 

 

Si served for many years as the favored substrate for many high-power silicon 

bipolar transistors at submicrowave frequencies. It has also been the principal basis 

for many high-frequency complementary MOS (CMOS) integrated circuits (ICs). 

When fabricated with sufficiently small dimensions, such as with 90-nm processes, 

silicon CMOS transistors are capable of low-power, high-gain operation at 

frequencies to 60 GHz and beyond. Digital and computer applications have been the 

primary use for CMOS devices; however, their low cost and capabilities for 

operation in the millimeter-wave region make them attractive candidates for use in 

higher-frequency applications. It is also possible to combine digital and analog 

functions on a single chip with this technology. 

 
 
Figure 5.8 Cross section of a power MOSFET, with square cells. A typical power transistor consists of 

several thousand cells like these. 
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Silicon also works with other elements as part of compound materials 

substrates, including SiGe and SiC, providing higher frequency and higher power 

capabilities. SiGe substrates provide for higher-frequency applications while SiC 

materials offer higher power levels, whether as the main semiconductor substrate or 

as a base for other types of semiconductors. 

High-frequency SiGe BiCMOS devices provide high-frequency analog and 

mixed-signal ICs. Some of this SiGe technology is based on 130-nm silicon CMOS 

foundations, and is suitable for applications at 60 GHz and higher frequencies. 

Heterojunction bipolar transistors (HBTs) for low-noise applications combines 

a blend of SiGe and carbon. Developed principally for 5-GHz wireless local area-

network (WLAN) applications, this transistor technology features a noise figure of 

only 0.75 dB with about 14-dB gain in the 5.8-GHz band. This performance 

represents a significant improvement in noise-figure performance and reasonable 

gain. The addition of carbon has made it possible to optimize the device’s collector-

base profile, increasing the range of supply voltages that can be used. 

SiC discrete devices and modules are capable of high-voltage, high-power 

operation through lower microwave frequencies. SiC MOSFET die and packaged 

devices are available at voltages to 1200V. Targeted for motor drives and switched-

mode power supplies applications, they are available that can handle 24A at +1200 

VDC. We discuss power supplies for RF amplifier applications in Chapter 13. 

Combining the electrical capabilities of GaN and the thermal capabilities of SiC 

yields a powerful combination, fabricating GaN-on-SiC transistors with excellent 

high-power, high-frequency capabilities [1]. One transistor is available as a discrete 

GaN-on-SiC HEMT that is usable from DC to 5.5 GHz. It provides 15-dB linear 

gain at 5. 5 GHz with 55W output power at that frequency when operating from a 

+28 VDC supply. It is built with 0.25μm production GaN processes and is suitable 

for commercial and military applications in communications, radar, and avionics 

systems. There is also a discrete GaN-on-SiC HEMT, with 100W output power from 

DC to 18 GHz. It offers maximum power-added efficiency of 52%, with 15.5-dB 

power gain at 3 GHz. These are, of course, only current-day examples of what is 

possible, as research reveals new capabilities continually. 

The thermal conductivity of GaN is much higher than that of GaAs, about 170 

W/m-K for GaN versus about 50 W/m-K for GaAs, which allows for much higher 

power levels for GaN devices compared to GaAs transistors. GaN also offers more 

than twice the bandgap energy of InP and GaAs. Quite simply, GaAs and InP 

transistors are limited in output power at higher frequencies, especially compared to 

GaN, making GaN an attractive semiconductor material into the terahertz region. 
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5.6 PA Device Technologies and Architectures 
 

There are a variety of solid-state devices that are used for RF amplifiers, each with 

its own characteristic advantages and limitations. These devices offer amplification 

to 100 GHz or more and are, in many cases, grown to order in MMIC form. A 

summary of the most common types of power transistors is presented in this section 

[2 – 6]. 

These active devices are currently available for use in RF power amplifiers, and 

RF power transistors are available in packaged, die, and grown-to-order forms. 

Packaged devices are used at frequencies up to X band, and are dominant for high 

power at VHF and lower frequencies. A given package can contain one or more 

module connected in parallel and can also include internal matching for a specific 

frequency of operation. In MMICs, the RF-power device is grown to order, allowing 

its size and other characteristics to be optimized for a particular application. This 

form of construction is essential for upper-microwave and millimeter-wave 

frequencies to minimize the effects of strays and interconnects. Virtually all RF 

power transistors are npn or n-channel types because the greater mobility of 

electrons (vs. holes) results in higher frequency capabilities. 

GaAs MESFETs have dominated higher frequency applications since their 

discovery in the 1970s. GaAs MMICs brought considerable integrated functionality 

to high frequency applications. CMOS manufacturing capability reached the 3-μm 

level in the 1980s, which brought CMOS into the mainstream, competing head-to-

head with bipolar technology. CMOS integration levels have reached the sub 1-μm 

level with considerable functionality possible on a single chip. CMOS is the 

technology of choice for prolific applications because of its inexpensive 

manufacturing costs and widespread installed base. Silicon laterally diffused MOS 

(LDMOS) devices began to be used in PAs for cellular phone systems in the 1990s. 

 

5.6.1 Metal-Oxide-Silicon Field-Effect Transistor 

 

The topology of a MOSFET includes an insulated gate. Structures with both vertical 

and lateral current flow are used in RF applications. Because the insulated gate 

conducts essentially no DC current, MOSFETs are very easily biased. 

The drain current decreases with temperature in a MOSFET because the 

temperature coefficient is negative. This prevents thermal runaway and allows 

multiple MOSFETs to be connected in parallel. The absence of base-charge storage 

time allows fast switching and also eliminates a mechanism for subharmonic 

oscillation. A saturated MOSFET can conduct drain current in either direction, 

which is very useful in switching mode operation with reactive loads and also allows 

them to be used as voltage-controlled resistors. 
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Vertical RF power MOSFETs are useable through VHF and UHF. These 

devices can deliver up to 1 kW at HF and 100s of watts at VHF. VMOS devices 

typically operate from 12, 28, or 50V supplies, although some devices are capable 

of operation from 100V or more. 

 

5.6.2 Vertically Diffused MOSFET 

 

The cross section of the vertically diffused MOSFET (VDMOSFET) is shown in 

Figure 5.9 [7].  A unique feature of the VDMOSFET is the shaped groove. We can 

see that the source is at the top of the device while the drain is at the bottom. Thus 

current flows vertically in the device instead of horizontally as in standard FETs. 

 The V-shaped gate increases the cross-sectional area of the source-drain path. 

This reduces the ON resistance of the device allowing it to handle much higher 

powers. The gate consists of a metalized area over the V-groove and this controls 

the current flow in the p region. 

 The main drawback to the VMOS FET is that the structure is more complicated 

than the traditional FET and this makes it slightly more expensive. 

 

5.6.2.1 Summary 

 

VDMOSFETs differ from lateral MOSFETs because of the vertical structure of the 

VMOS. These are used in a variety of applications that require high switching 

speeds and high frequency operation, along with a variety of voltage levels. The 

doping and channel lengths contribute to the characteristics of these MOSFETs. 

 

 
 

Figure 5.9 VMOS cross-section structure. 
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5.6.3 Laterally Diffused MOSFET Transistors  

 

Direct grounding of the source that eliminates bond-wire inductance that produces 

negative feedback and reduces gain at high frequencies make LDMOS transistors 

particularly useful at UHF and lower microwave frequencies. Such grounding also 

eliminates the need for a beryllium oxide (BeO) insulating layer commonly used in 

other RF-power MOSFETs. LDMOS devices typically operate from 28V supplies 

and are currently available with power outputs of 120W at 2 GHz. They are 

relatively low in cost compared to other devices for this frequency range. 

Up until recently, radio frequency power amplifiers (RFPA) in the VHF band 

could only be fabricated using bipolar transistors, because the devices designed in 

vertical MOS technology (VMOS), which were the only MOS power devices 

available at that time, were not able to amplify signals of more than a few hundred 

megahertz. There were two types of parasitic parameters caused by the vertical 

transistor layout: the source inductor and the output to input feedback capacitor 

(gate-drain capacitor). Both of these effects limited the frequency range to less than 

approximately 300 MHz [8].  

In RF power amplifiers, MOS transistors must be operated in the common-

source configuration since the package flange to which the source is electrically 

connected must be attached to the cooling heat sink (that is the ground) to dissipate 

heat. In the same way, BJT transistors are connected in the common-emitter 

configuration since for them the emitter is attached to the flange. 

For MOS transistors, the common-source configuration (which is analogous to 

the common emitter of the bipolar transistors) magnifies the capacitance existing 

between the gate and the drain, CGD, because of the Miller effect. In BJT transistors, 

the capacitance is the one between the base and the collector, CBC. Even a small 

value of these capacitances produces a strong feedback between the output and 

input, which decreases the gain. We examined the Miller effect in Chapter 4 and 

will encounter it many more times in the subsequent chapters. 

The main difference observed between bipolar and MOS transistors used in RF 

power applications is the gain: for the same output power level, a BJT has a typical 

gain value of approximately 8 to 9 dB, while an MOS transistor is able to provide 

gains up to 14 dB. Thus if bipolar devices are used as the power amplifiers driving 

the antenna, eight or nine amplifier stages may be necessary. If it is possible to use 

MOS power transistors, two to three intermediate stages could be eliminated, thanks 

to their higher gain. This obviously has many advantages. 

 

5.6.4 Technological Development 

 

To avoid the frequency limitations described previously it is possible to combine 

lateral diffusion (LD) with the VMOS transistor (vertical) process. The reductions 

of the feedback capacitor and the source inductor have allowed the devices to 



Semiconductor Technologies 

 

199 

support high power applications in the frequency range from approximately 300 

MHz to 3 GHz. 

There are two developments in the layout of the transistors that have allowed 

improving the frequency performance of the devices. The first reduces the feedback 

capacitor Cgd, comprised of the two series capacitors COX and CSI, where COX is the 

overlap capacitor between the gate and the diffused N– drain extension region (see 

Figure 5.10). This capacitance is proportional to the area of such overlap and 

depends on the oxide thickness. CSI represents the capacitor associated with the 

junction P– well and N– drain extension, the value of which depends on the depth of 

the junction and the doping of the n– drain extension region (see Figure 5.10). The 

CSI capacitor is reduced by the addition of the diffusion region n– drain extension. 

This is the larger of the two capacitors in the series, allowing the reduction of the 

total capacitor CGD.  

It is possible to cancel the source inductor by means of the diffusion of one p+ 

via that forms the contact between the source of the device and its substrate, which 

has direct contact with the package flange (see Figure 5.11). In such a way, the 

flange of the device represents the source contact that, in common-source 

configuration (which is the only one possible in RF and microwave power 

applications), must be connected directly to the ground, attaching the same flange 

of the transistor to the heat sink without an electrical insulator, which worsens the 

heat transfer. Avoiding the use of a bond wire between source and the ground 

cancels the associated inductor responsible for the gain decrease that is proportional 

to frequency.  

A cross section of a LDMOS transistor is shown in Figure 5.11. With this layout 

it is possible to realize with two devices (in push-pull) utilizing interdigitated 

structures in order to optimize the matching with the resulting power of up to 250W. 

It is also possible to implement the impedance matching networks required for 

external matching to the standard 50 Ω.  

 
 
Figure 5.10 LDMOS substrate capacitors. 
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The LDMOS transistor is simply a special version of the standard enhancement-

mode MOSFET. Designed for high power dissipation, it can achieve hundreds of 

watts at frequencies to about 6 GHz. This format is used primarily with silicon 

devices. 

 

5.6.5 Advantages Compared to Bipolar Technology 

 

The smaller intermodulation distortion and the better linearity in class A and class 

AB operations are characteristics that are intrinsic to MOS transistors compared to 

BJTs. LDMOS transistors have higher efficiency and superior thermal stability, 

particularly if the bias current for class A is next to the crossing point characteristics. 

The superior quality of such devices is their gain: their average value is 

approximately 4 to 5 dB higher than for bipolar transistors for equal output power 

levels. LDMOS transistors have a typical gain of 13 dB in wideband UHF 

applications; therefore, they could show gains of over 20 dB in narrowband 

conditions.  

It is possible to obtain RF power amplifiers capable of providing from 5 to 250 

W or more output power with lateral diffusion technology. In EW applications good 

linearity is required to minimize adjacent channel interference. These amplifiers 

require very good linearity that is necessary to minimize the interference. The main 

consideration to achieve that linearity is the DC biasing for optimal drain current for 

a given power output.  

 

5.6.6 Junction FET 

 

In many applications, the BJT has the disadvantage of low input impedance because 

the base of the transistor is the signal input and the base-emitter diode is forward-

biased. A semiconductor device that operates with the input diode junction reversed-

biased, called a junction field effect transistor (JFET) can serve as an amplifier as 

 
 

Figure 5.11 LDMOS cross section. 

 

http://hyperphysics.phy-astr.gsu.edu/hbase/solids/diod.html#c1
http://hyperphysics.phy-astr.gsu.edu/hbase/solids/diod.html#c1
http://hyperphysics.phy-astr.gsu.edu/hbase/solids/diod.html#c2
http://hyperphysics.phy-astr.gsu.edu/hbase/solids/diod.html#c2
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well. With the reverse-biased input junction there is little input current so it has very 

high input impedance. Having high input impedance minimizes the loading effect 

on the signal source. Impressive power and efficiency have been obtained from RF 

JFETs based on Si, SiGe, and SiC at frequencies through UHF [9]. 

For an N-channel FET, JFET, or MOSFET, the device is constructed from a bar 

of N-type material, with the shaded areas composed of a P-type material as a gate 

as illustrated in Figure 5.12. Between the source and the drain, the n-type material 

acts as a resistor. The current flow consists of the majority carriers (electrons for n-

type material). The difference between the MOSFET and JFET is that the current 

flow is controlled by the E-field established at the gate in the former while there is 

a junction in the latter. The amount of voltage on the junction controls the amount 

of current flowing from the source to the drain. 

The transfer characteristic is given as the drain current (which is also the source 

current since there is no gate current to speak of) at a constant value of VDS, and an 

example is shown in Figure 5.13. The transfer function is typically nonlinear, but 

there is a small region around Vgs ~  0V that can be considered linear. The control 

functioning of the JFET comes from depletion of charge carriers from the n-channel 

that reduces the drain current through the channel. When the gate is made more 

negative, it depletes the majority carriers from a larger depletion zone around the 

gate. This reduces the current flow for a given value of Vds. Modulating Vgs 

modulates the current flow through the device. Characteristic curves for the JFET 

are shown in Figures 5.13 and 5.14. 

The output characteristics for the JFET are illustrated in Figure 5.14, which are 

graphs of ID versus Vds at given values of Vgs. We can see that for a given value of 

Vgs, ID is very nearly constant over a wide range of Vds. The amount of output current 

supplied is controlled by the gate voltage. This characteristic makes the JFET, like 

MOSFETs, excellent current sources since the output voltage varies little with the 

current being drawn. Note that the inverse of an ID vs Vds curve is the output 

impedance of the JFET and is quite large because these curves are very nearly flat. 

 
 
Figure 5.12 N-channel JFET. 

http://hyperphysics.phy-astr.gsu.edu/hbase/solids/dope.html#c3
http://hyperphysics.phy-astr.gsu.edu/hbase/solids/dope.html#c4
http://hyperphysics.phy-astr.gsu.edu/hbase/electronic/fet.html#c1
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Figure 5.13 JFET transfer characteristic at a constant Vds 

 

 
 
Figure 5.14 JFET output characteristic. 
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The transfer characteristic for the JFET is useful for visualizing the gain from 

the device and identifying the region of linearity. The gain is proportional to the 

slope of the transfer curve. The current value IDSS represents the amount of drain 

current when the gate is shorted to ground, the maximum current for the device. The 

gate voltage at which the current reaches zero is called the pinch voltage, VP (–4V 

in Figure 5.13). Note that the line representing the gain in the linear region of 

operation strikes the zero current line at about half the pinch voltage; this is a 

common characteristic of a JFET. 

The circuit symbols for JFET devices are shown in Figure 15.15. 

 

5.6.7 High Electron Mobility Transistors 

 

The HEMT is a heterostructure FET. Its operating principle is based on a 

heterojunction that consists of two different semiconducting materials brought into 

contact. Because of the different band gaps and their relative alignment to each 

other, band discontinuities occur at the interface between the two semiconducting 

materials. 

These discontinuities are referred to as the conduction and valence band offsets 

ΔEc and ΔEv. If the proper materials in the right combinations are selected, the 

conduction band offset can form a potential well confining electrons in the 

horizontal direction only. Within the well the electrons can only move in a two-

dimensional plane parallel to the interface and the region is referred to as a two-

dimensional electron gas (2DEG). To determine the exact shape of the conduction 

and valence bands, the Schrödinger and Poisson equations must be solved self-

consistently. 

 

5.6.7.1 Indium Phosphide (InP) HEMT 

 

Taking advantage of the fact that the 2DEG offers exceptional high carrier 

mobilities compared to bulk material, a typical InP HEMT having the layer structure 

 
 

Figure 5.15 JFET symbols. 
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is shown in Figure 15.16. It consists of: 

 

• Silicon δ-doping layer. Highly doped layer with only few atomic layers 

thickness. Located between the Schottky-Barrier and spacer layer, it acts 

as a donor of charge carriers—it provides electrons to the channel. Since 

electrons tend to occupy the lowest allowed energy state, they drain into 

the potential well and form the confined 2DEG in the channel. A high δ-

doping level provides high electron densities in the channel and therefore 

results in high transconductances, current densities, and cutoff frequencies. 

• The spacer layer assures the separation between the electrons and their 

positively charged Si-donors, reducing impurity scattering and hence 

enhancing electron mobility. 

• A highly N-doped cap layer helps minimize the contact resistance of 

the source and drain contacts. The cap also provides protection from 

oxidation for the sensitive InAlAs layer beneath.  

• The Schottky-barrier layer, in contrast to the ohmic source and drain 

contacts, provides a so-called Schottky contact between gate-metal and 

semiconductor material with a rectifying characteristic. It prevents large 

currents from flowing through the gate and limits tunneling to the channel. 

• Channel properties have a major impact on the device performance. This 

is why InGaAs, with its excellent electron mobility properties at room and 

cryogenic temperatures, is the material of choice. 

• The gate has a special T-shape that helps minimize the gate resistance by 

enlarging the cross section while maintaining a small footprint and thus a 

small gate length. 

 

InP-HEMTs show excellent noise and gain performances at microwave frequencies. 

At cryogenic temperatures, these properties improve further. Thus InP-HEMTs are 

a prime choice for receiver systems, which have the most stringent requirements for 

 
 
Figure 15.16 InP HEMT structure. 
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low noise and high sensitivity due to the expense of cooling the device to such low 

temperature.  

 

5.6.7.2 Gallium Nitride HEMT 

 

Another HEMT is based on GaN with GaN/AlGaN heterojunctions [10]. Instead of 

using InP substrates as above, the substrates are based on sapphire (Al2O3) or silicon 

carbide (SiC). These semiconductors are both wide bandgap materials (5.4 eV and 

5.3 eV compared to 1.3 eV for InP) and therefore have high electric breakdown 

fields, which enables applications at high supply voltages. Furthermore, this allows 

the material to withstand high operating temperatures and provides improved 

radiation hardness.  

To achieve high currents and high frequency operation, high carrier mobilities 

and high saturation velocities are desirable. Typically, wide bandgap 

semiconductors attain only relatively low mobilities but high saturation velocity 

values. Compared to the InP-HEMT structure the main differences are: 

 
• No doping in the AlGaN barrier layer is required. Built-in polarization 

fields, due to spontaneous polarization and piezopolarization help induce 

the 2DEG. 

• Higher 2DEG concentrations are achievable (above 10¹³/cm²) due to the 

very large conduction band discontinuity. 

 

The direct bandgap of GaN and its alloys enables the material to be used for both 

optical and electronic applications. At 300 K the bandgap of GaN is 5.44 eV, which 

corresponds to a wavelength in the near ultraviolet region of the optical spectrum. 

This enables the fabrication of high-power optical devices as LEDs.  

In EW applications, GaN is an excellent option for high-power/high-

temperature microwave and lower applications because of its high electric 

breakdown field and high electron saturation velocity (~1.5  107 cm/s). The former 

is a result of the wide bandgap (5.44 eV at room temperature) and enables the 

application of high supply voltages, which is one of the two requirements for high-

power device performance. 

 

 

5.7 GaAs and GaN RF Power Amplifiers 
  

5.7.1 III-V Semiconductors 

 

GaAs and GaN are known as III-V compound semiconductors and they fall into 

categories of elements with either three or five valence electrons. Boron, aluminum, 
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gallium, indium, and thallium are Category III elements. Nitrogen, phosphorus, 

arsenic, antimony, and bismuth are Category V elements [11]. 

Combining a Category III element with a Category V element produces a 

covalent bond with eight electrons, yielding unique semiconductors. Such 

semiconductors have higher electron mobility than silicon, so their high frequency 

performance is better. GaAs and GaN are particularly useful for microwave power 

amplifiers. 

 

5.7.2 Other Transistor Types 

 

GaAs and GaN can be used to make any type of transistor including BJTs and 

MOSFETs. But other types are also possible, such as HBTs, MESFETs, HEMTs, 

and LDMOS transistors. These transistors take advantage of the materials to 

produce the best amplifying and power handling capability. 
HBTs are similar to the standard BJT configuration but use different materials 

for the base and emitter. One popular combination, a GaAs emitter and an 

aluminum-gallium-arsenide (AlGaAs) base, yields very high gain at microwave 

frequencies up to 150 GHz. 

A MESFET is essentially a JFET with a metal gate that’s used to form a 

Schottky junction with the main conducting channel. The operation is depletion 

mode, where the device is normally on and is turned off by a applying a negative 

gate voltage. MESFETs are usually made with GaAs and can have significant gain 

at microwave frequencies. 

The HEMT is a variation of the MESFET. Also called a hetrostructure FET 

(HFET) or modulation-doped FET (MODFET), it is usually made with GaAs or 

GaN with extra layers and a Schottky junction. It provides exceedingly high levels 

of performance at microwave frequencies. 

The HEMT offers a combination of low noise figure combined with the ability 

to operate at the very high microwave frequencies. Accordingly the device is used 

in areas of RF design where high performance is required at very high RF 

frequencies. It is a field-effect transistor incorporating a junction between two 

materials with different bandgaps (i.e., a heterojunction) as the channel instead of a 

doped region (as is generally the case for a MOSFET). 

The depletion mode is the most common configuration. The pseudomorphic or 

pHEMT version improves performance by using extra layers of indium to further 

speed electron movement. These devices work at frequencies up to 20 GHz or so. 

 

5.7.3 GaAs RF Power Amplifiers 

 

Most GaAs products are ICs, specifically monolithic microwave ICs (MMICs). 

These MMICs are usually low-signal-level gain blocks. Such amplifier blocks use 

HBTs or MESFETs, but some use pHEMTs. Frequency ranges up to 30 GHz are 
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achievable. The actual high-frequency cutoff (fT) or the unity gain-bandwidth for 

GaAs devices is in the range of 150 GHz. Such MMICs are widely used in most 

microwave equipment designs including EW systems. 

GaAs power amplifiers are available with power levels up to about 5W. That’s 

roughly the upper power limit for GaAs devices, since they cannot withstand the 

high voltages, currents, and heat levels of silicon or GaN. But by using multiple 

devices in push-pull or parallel or combining amplifier outputs in transformers or 

networks, power levels up to about 20 to 40W are possible. They are commonly 

configured as class AB linear amplifiers with maximum PAEs in the 20% to 50% 

range. 

 

5.7.4 GaN RF Power Amplifiers 

 

GaN has emerged as a technology of choice for millimeter-wave electronics 

including electronic warfare systems [12]. GaN’s high power density, or its ability 

to dissipate heat from a small package, makes it attractive for such applications. 

While GaAs has a basic power density of about 1.5 W/mm, GaN has a power density 

ranging from 5 to 12 W/mm. It also has high electron mobility, meaning it can 

amplify signals well into the upper-gigahertz ranges—typical transistor fTs are up to 

200 GHz. Furthermore, GaN can do all this at relatively high breakdown voltages 

levels, up to 80V or so. 

Although not normally a first-order concern for EW system applications, the 

downside to GaN is its high cost. The materials are expensive, and the processes to 

make devices are costly. As volume increases, production costs will come down but 

will still remain way above the process costs of bulk CMOS or even higher-cost 

GaAs production. We must remember, however, while it is on the list, cost is not 

normally a first-order concern for military equipment. Performance is almost always 

more important. 

GaN technology mainly focuses on microwave and millimeter-wave power 

amplifiers. Individual amplifiers can achieve power levels of tens of watts. In other 

parallel/push-pull/Doherty configurations, power levels of hundreds to thousands of 

watts are possible. 

Also, GaN amplifiers replace traveling wave tube (TWT) amplifiers in many 

applications. TWTs are capable of hundreds and even thousands of watts.  

GaN has greatly increased power density compared to other technologies. 

Increasing power density results in smaller transistor die with higher output power. 

Compared to Si LDMOS FETs and GaAs MESFETs of similar output power, GaN 

HEMTs have lower parasitic capacitances. The result is transistors that have higher 

gain with larger input and load impedances. The matching networks have fewer 

sections and exhibit broader bandwidth than those required for other technologies.  
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5.7.5 Advantages and Disadvantages 

 

Gallium nitride is a wide bandgap material, which enables operation at higher drain 

voltages. This further increases the transistor’s impedances relative to LDMOS and 

GaAs. Another benefit is tolerance of open- and short-circuited outputs, as well as 

operation into high VSWR loads. This is advantageous for applications where use 

of a circulator is not feasible such as when a multioctave amplifier is used to directly 

drive a broadband antenna, typical of EW applications. 

Currently, the principal disadvantage of gallium nitride technology is cost, 

which again is normally not a first order concern for EW applications. The majority 

of GaN HEMTs are produced on silicon carbide substrates, which are both costly 

and limited in size. In spite of the smaller die, they cost five to ten times more than 

LDMOS transistors of comparable output power. GaN HEMTs grown on silicon 

substrates potentially offer substantial cost savings over ones grown on silicon 

carbide. The drawback is reduced thermal conductivity of silicon substrates, which 

limits the power density of the transistor. 

The increased transistor cost in a GaN HEMT amplifier is somewhat offset by 

several factors. In applications where multiple lower power LDMOS FETs or 

MESFETs would need to be used in parallel to achieve the required power and 

bandwidth, a single pair of higher power GaN HEMTs could be used. For example, 

an 80W amplifier covering 800 MHz to 2500 MHz using GaAs MESFET 

technology would require eight 10W transistors configured in parallel. Three stages 

of power combining would also have to be implemented. The GaN topology would 

require only two 45W transistors in parallel. There are considerable savings in size, 

complexity, and tuning time, which lower the cost of the GaN amplifier, particularly 

as the power level and bandwidth are increased. 

GaN HEMTs exhibit soft power compression characteristic. LDMOS FETs and 

GaAs MESFETs typically exhibit gains identical to their small signal gains over 

most of their drive range. When producing the rated output power, the gain typically 

drops by 1 dB. This is called the P1dB output power. Output power will saturate at a 

power approximately 1 dB greater than P1dB, while the gain will have typically 

decreased by 3 dB compared to the small signal gain. By comparison, GaN HEMTs 

driven even 10 dB below their rated output power will exhibit a decrease in gain 

compared to the small signal gain. This results in a lower value for P1dB than the 
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rated power might indicate. GaN HEMT output powers are therefore usually 

specified where the gain drops by 3 dB or P3dB. When GaN HEMTs are used in 

multiple stages of a power amplifier, greater levels of gain compression can occur 

before the maximum output power is reached. 

The soft compression characteristic also impacts the linearity of GaN HEMT 

amplifiers. LDMOS and MESFET amplifiers usually exhibit third-order output 

intercepts (OIP3) 10 dB greater than their P1dB when measured at output powers 10-

dB or greater backed off from P1dB. At output powers closer to P1dB, OIP3 generally 

degrades due to the compression of the transistors.  There will be further discussion 

of this compression in Chapter 9. 

Figure 5.17 illustrates typical performance of a L-band GaN HEMT showing 

Po and OIP3 versus input power. Po peaks at about 49 dBm at maximum input power 

of –1 dBm (gain = 50-dB). On the other hand, the OIP3 peaks at midband at about 

58 dBm with  –9-dBm input power. 

Figure 5.18 illustrate the performance of a typical amplifier implemented with 

GaN technology and compares that performance to one implemented in LDMOS 

 
 

Figure 5.18 LDMOS vs GaN power output and efficiency. 

 

 
 

Figure 5.17 GaN L-band amplifier output power and OIP3 versus input power. 
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technology. We can see that the LDMOS amplifier exhibits somewhat better output 

power performance over the frequency range considered while the GaN amplifier 

shows a considerable improvement in efficiency, approaching a factor of two in 

mid-range. This efficiency performance brings several advantages including 

increased reliability, the possibilities of using a smaller power supply for the same 

output power, and a reduction in the amount of heat that needs to be dissipated. 
 

5.7.6 Summary 

 

The increased power density of GaN HEMTs enables the creation of power 

amplifiers with higher output power, smaller size, and greater efficiency than other 

technologies. A high efficiency class F power amplifier at L-band with over 60% 

efficiency was discussed. A broadband VHF/UHF power amplifier with over 50% 

efficiency has also been achieved over a decade bandwidth. 

GaAs continues to dominate the microwave space with small-signal MMICs 

and low-noise amplifiers (LNAs) as well as low-level power amplifiers. That will 

continue.  

 

 

5.8 Comparing GaN-on-SiC Power Transistor 

Technology with GaAs and Si  

 

Much has been written about the potential of GaN power devices to improve gain, 

bandwidth, linearity, and efficiency at VHF through microwave frequencies. In this 

section we compare the performance of GaN technology with the most common 

alternative technologies based on GaAs and Si [13]. 

Among these technologies, Si LDMOS power devices have established a strong 

presence in lower-frequency, high-power systems, as well as in wireless amplifiers 

operating in the 2-GHz range, while GaAs FET devices are commonly used at 

higher frequencies for space and terrestrial microwave applications. 

 

5.8.1 Silicon LDMOS 

 

Silicon LDMOS is the lateral type of power MOSFET. As we see in Figure 5.19, 

the lateral structure creates an inversion channel under the gate, over the laterally 

diffused P-well. Vertical power FETs are excellent at handling high power and high 

currents. However, they have very high input and output capacitances that severely 

limit high-frequency performance. LDMOS was developed to solve this problem, 

and the technology has proven to be effective with devices in the 100W range, 

available for operation up to 3 GHz and much higher power devices for lower 

frequency applications. 
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Si LDMOS features include high linearity, especially when compared to other 

silicon technologies, low input and output impedances, requiring internal matching 

for the desired frequency band, lower drain-gate capacitance than GaAs, higher 

breakdown voltage than GaAs, and low-cost, established silicon fabrication 

processes. 

 

5.8.2 GaAs FET Power Devices 

 

Gallium arsenide can be used up to at least 250 GHz. These devices include a semi-

insulating substrate with a dielectric constant of approximately 12.5 and high-bulk 

resistivity, which makes it feasible to fabricate microstrip or coplanar waveguide 

(CPW) structures on-chip. GaAs is radiation resistant for space applications and 

provides low-noise, high linearity, and very good broadband performance. 

Limitations include relatively poor thermal performance and modest breakdown 

voltage (12 to 20V). In addition, GaAs MESFETs and PHEMTs require a negative 

supply. 

GaAs is a mature technology, and several transistor structures have been 

developed including MESFETs and MMICs, PHEMT (Figure 5.20) and HBTs that 

offered a different set of advantages for low-noise, high-frequency operation, as 

well as reliable fabrication. Higher-voltage GaAs devices with Vds (Vce in HBTs) 

breakdown voltages of 28 to 50V and are available. These devices are primarily 

intended for satellite communication and point-to-point microwave equipment, 

provided in prematched configuration for the various microwave bands. They are 

useful for EW applications in this portion of the spectrum as well. Salient 

characteristics are indicated in Table 5.3. 

  

 
 
Figure 5.19 Simplified die structure of a Si LDMOS power transistor. LDMOS devices have multiple 

gate channels; two are shown here. 
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Figure 5.20 The basic GaAs HEMT structure. 

 

 
Table 5.3 Salient Characteristics of Selected Transistor Types 

 

MESFET 

Excellent microwave substrate 

Photonic properties (i.e., light-sensitive gate) 
16 to 20V breakdown 

Dual positive and negative supplies 

Relatively high channel temperature 

PHEMT 

Typical operation to 50 GHz 

High power and efficiency compared to other GaAs types 

12V breakdown, low operating voltage 
Dual positive and negative supplies 

E-beam fabrication increases cost 

HBT 

Single supply 

All-optical fabrication process 
Limited heat dissipation 

Requires emitter resistors for stability (Chapter 10) 

HV GaAs 

Reduces current requirement for GaAs amplifiers 

Typically, available as prematched devices for specific bands 

Breakdown voltages of 28, 40, 50 are available 

Available using MESFET and HBT technologies 
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5.8.3 GaN-on-SiC Technology 

 

Figure 5.21 is a simplified sketch of the GaN-on-SiC die structure, depicting GaN 

devices fabricated using a metal-organic chemical vapor deposition (MOCVD) in a 

high-volume reactor on 100-mm semi-insulating 4H SiC substrates. As shown in 

the figure, ohmic contacts are formed directly on the top AlGaN layer, with the gate 

connection extended toward the drain side to create a field shaping plate (FP).  

Among power transistor technologies, GaN has a smoother transition into 

saturation, which means that amplifiers can operate further into the saturated region 

where efficiency is higher. Although GaAs and Si LDMOS also have excellent 

linearity, power amplifiers using GaN devices can provide the same performance 

with high power-added efficiency (PAE). This behavior is achieved by several 

different characteristics. Compared to LDMOS or GaAs, GaN-on-SiC technology 

offers high electron mobility, higher breakdown voltage, higher power density, 

compact gate area with shorter interconnects, lower input and output capacitances, 

higher input and output impedances, and higher PAE.  

Each of these characteristics leads to improved linearity, both within the device 

itself and by enabling simpler matching with wider bandwidth. With greater inherent 

linearity, the remaining distortion can be more easily reduced by feedback, fixed 

predistortion, or adaptive predistortion (more in Chapter 11). We examine each of 

the items in this list. 

 

5.8.3.1 High Electron Mobility 

 

GaN has an electron mobility approaching 2000 cm2/V·s, which is higher than 

LDMOS but lower than GaAs. GaAs’ higher electron mobility enhances operation 

at higher frequencies; however, GaN structures and processing are still improving 

in the area of fmax. 

 

 

 

 
 

Figure 5.21 Schematic cross section of the RF GaN HEMT structure. 
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5.8.3.2 Higher Breakdown Voltage 

 

GaN devices can operate with Vds of 28 and 48V, compared to 12V for GaAs 

devices. LDMOS technology is available with the same operating voltages as GaN. 

For a given power level, higher operating voltages result in lower drain current and 

lower resistive losses. Along with GaN’s internal structure, high voltage operation 

contributes to higher impedance and lower capacitance, thus higher operating 

frequency possibilities. 

 

5.8.3.3 Higher Power Density 

 

The GaN structure enables effective thermal conduction pathways, but the SiC 

substrate is also a primary contributor to high thermal performance. SiC has far 

better thermal performance than sapphire or silicon substrates that are also used in 

GaN devices. High power density allows operation at higher heat sink temperatures, 

simplifying cooling requirements. An obvious benefit is the safety factor for systems 

that are able to maintain typical operating temperatures. We discuss this in more 

depth in Chapter 12. 

 

5.8.3.4 Compact Die Size 

 

The structure of a GaN HEMT (see Figure 5.21) allows straightforward 

implementation of passive components: thin film resistors, metal-insulator-metal 

(MIM) capacitors, and slot vias. 

 

5.8.3.5 Lower Input and Output Capacitances 

 

The small size also contributes to lower input and output capacitances as do the gate 

structure, high breakdown voltage, and straightforward interconnections. AM-PM 

conversion, a significant distortion factor in wireless PAs, results primarily from 

variation in Cgs with voltage. The smaller gate periphery of GaN results in lower 

Cgs, less change versus voltage, and reduced AM-PM conversion than other devices. 

 

5.8.3.6 Higher Input and Output Impedances 

 

Low capacitance and the higher resistive impedance resulting primarily from higher 

operating voltage result in higher impedances. This greatly simplifies matching, 

allowing simpler, lower loss circuits and enables wide bandwidth matching 

networks. In many cases, internal matching is not required, which is important for 

broadband EW applications. 
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5.8.3.7 Higher PAE 

 

GaN’s slower rise in distortion as the device approaches saturation allows amplifiers 

to operate closer to saturation; that is, with less backoff from Psat. This property 

helps effective implementation of linearization techniques like predistortion 

(discussed in Chapter 11). 

 

5.8.3.8 Summary 

 

GaAs, Si, and GaN power devices all have high linearity, along with a spectrum of 

characteristics that affect maximum power output, frequency range, bandwidth, 

thermal performance, and ease of circuit implementation. When all factors are taken 

into consideration, GaN has the overall highest performance for many applications, 

especially when priorities include high PAE, excellent thermal performance, and 

easy implementation of broad bandwidth matching, a primary requirement for many 

EW applications. 

 

5.8.4 GaN Technology Overview 

 

GaN has at least ten times the power density per power cross-section millimeter of 

transistor gate periphery, higher operating voltages (reducing impedance 

transformation issues), higher efficiency, and the ability to combine high RF power 

output over broad bandwidths at high frequencies.  

We now review the different configurations of GaN: on silicon, silicon carbide 

(SiC), or diamond substrates. The basic characteristics of these topologies will be 

presented and compared. 

 

5.8.4.1 GaN on Silicon 

 

This approach yields lower performance than either of the alternatives but has the 

potential advantage of using the world’s low-cost, large-wafer silicon CMOS and 

power silicon foundries. As a result, it is price-competitive with existing silicon and 

GaAs technologies. 

 

5.8.4.2 GaN on SiC 

 

The high-end version of GaN for RF, GaN on SiC will deliver GaN’s highest power 

levels and other performance metrics whose fit will be those applications where the 

highest performance is required irrespective of cost. While not independent of cost 

parameters, military EW applications usually do not put cost very high on the list of 
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trade-offs so this technique is particularly applicable for applications of interest to 

us. 

 

5.8.4.3 GaN on Diamond 

 

While the benefits are significant, it is not easy to combine these two materials. 

Industrial diamond has the highest thermal conductivity of any material known 

(more on this in Chapter 12). It therefore can remove heat better than any other 

material. Replacing SiC, silicon, or any other substrate materials with diamond 

allows the thermal conductivity benefits to be realized very close to the active area 

of the device. 

HEMT GaN transistors first started appearing in about 2004 with depletion-

mode (d-mode) RF transistors. The architecture employed used GaN on SiC 

substrates [14]. The HEMT structure was based on the phenomenon first described 

in 1975 by T. Mimura et al. [15] and again in 1994 by M. A. Khan et al. [16] A 

2DEG near the interface between an AlGaN and GaN heterostructure produces 

unusually high electron mobility. Adapting this phenomenon to GaN grown on 

silicon carbide, benchmark power gain in the multigigahertz frequency range was 

produced. The first d-mode RF HEMT transistor made with GaN grown on silicon 

wafers was introduced in 2005. 

GaN RF transistors have continued to make inroads in RF applications. Outside 

this market, however, penetration has been limited by device cost as well as the 

inconvenience of depletion-mode operation. In June 2009 the first enhancement-

mode (e-mode) GaN on silicon FET designed specifically as power MOSFET 

replacements was introduced. In addition to enabling enhancement mode devices in 

lieu to the more difficult to work with depletion mode, one of the goals was to 

produce them in high volume at low cost using standard silicon manufacturing 

technology and facilities. 

 

5.8.4.4 Gallium Nitride Characteristics 

Silicon has been the dominant material for power management since the late 1950s. 

All of the advantages of Si stemmed from the basic physical properties of silicon 

combined with a huge investment in manufacturing infrastructure and engineering. 

Table 5.4 shows four key electrical properties of the three principal semiconductor 

materials contending for the power management market [17, 18]. Silicon has been 

the dominant material primarily because of its availability.  

One way of translating these basic crystal parameters into a comparison of 

device performance in a power transistor is to calculate the best theoretical 

performance that could be achieved in each of the three candidates. For power 

devices there are many characteristics that matter in the variety of power conversion 
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systems available. Five of the most important characteristics are conduction 

efficiency, breakdown voltage, switching efficiency, size, and cost. 

Using the data from Table 5.4, we can calculate the theoretical minimum device 

on-resistance (the inverse of conductivity) as a function of breakdown voltage and 

as a function of material [18]. We can see in Figure 5.22 that SiC and GaN both 

have a superior relationship between on-resistance and breakdown voltage due to 

their higher critical electric field strength compared to Si [19]. Devices can thus be 

smaller and the electrical terminals closer together for a given breakdown voltage 

requirement. GaN has an extra advantage compared with SiC as a result of the 

enhanced mobility of electrons in the 2DEG. GaN devices with a smaller size for a 

given on-resistance and breakdown voltage can therefore be constructed. 

e-GaN FETs result from a relatively new technology and, as such, remain 

somewhat more expensive to produce than their silicon counterparts. This, however, 

is a temporary situation. There are no known insurmountable barriers to achieving 

an even lower cost for an equivalent performance e-GaN FET compared with a 

power MOSFET or IGBT. 

 

5.8.4.5 Basic GaN FET Structure 

 

The basic GaN d-mode transistor structure is shown in Figure 5.23. As with any 

power FET, there are gate, source, and a drain electrodes. The source and drain 

electrodes penetrate through the top AlGaN layer to form an ohmic contact with the 

underlying 2DEG. A short circuit between the source and the drain is thus created 

until the 2DEG pool of electrons is depleted and the semi-insulating GaN crystal 

can block the flow of current. In order to deplete the 2DEG, a gate electrode is 

placed on top of the AlGaN layer (see Figure 5.23). In many of the early GaN 

transistors, this gate electrode was formed as a Schottky contact to the top surface 

(as opposed to utilizing the field effect as in other MOSFETs). By applying negative 

Table 5.4 Material Properties of GaN, SiC, and Silicon at 300 Kelvin 

 

Property GaN Si SiC 

EG (eV) 3.4 1.12 3.2 

EBR (MV/cm) 3.3 0.3 3.5 

Vs (107 cm/s) 2.5 1.0 2.0 

 (cm2/VS) 990-2000 1500 650 

From: [17. 18]. 

EG is the bandgap energy  
EBR is the critical electric field for breakdown in the crystal  

Vs is the saturated drift velocity 

µ is the mobility of electrons 
GaN gains an additional boost to the mobility (µ) by virtue of the ability to form a 2DEG at the 

GaN/AlGaN interface. This 2DEG more than doubles the mobility of electrons (from 990 cm2/Vs to 

about 2000 cm2/Vs [17]). 
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Figure 5.22 Theoretical on-resistance vs blocking voltage capability for silicon, silicon-carbide, and 

gallium nitride [19]. 

 

 

 
 

Figure 5.23 Typical AIGaN/GaN HFET structure with three metal-semiconductor contacts for the 

source, gate and drain. 
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voltage to this contact, the Schottky barrier becomes reverse-biased and the 

electrons underneath are depleted (rejected). Therefore, to turn this device OFF, a 

negative voltage relative to both drain and source electrodes is needed.  

In power conversion applications, d-mode devices are inconvenient because at 

the startup of a power converter, a negative bias must first be applied to the gate of 

power devices or a short circuit will result. An enhancement mode (e-mode) device, 

on the other hand, does not suffer this limitation. With zero bias on the gate, an e-

mode device is OFF and does not conduct current.  

Characteristics between a d-mode and e-mode GaN FET are shown in Figure 

5.24.  

 

5.8.4.6 e-GaN FET Structure: Enhancement Mode 

 

The enhancement mode manufacturing process begins with silicon wafers. A thin 

layer of aluminum nitride (AlN) is grown on the silicon to provide a seed layer for 

the subsequent growth of a GaN heterostructure. A heterostructure of aluminum 

gallium nitride (AlGaN) and then GaN is grown on the AlN. This layer provides a 

foundation on which to build the e-GaN FET (see Figure 5.25). 

A thin AlGaN layer is then grown on top of the highly resistive GaN. It is this 

thin layer that creates a strained interface between the GaN and AlGaN crystal 

layers. This interface, combined with the intrinsic piezoelectric nature of GaN, 

creates the 2DEG, which is filled with highly mobile and abundant electrons [20]. 

Further processing of a gate electrode forms a depletion region under the gate. 

To cause conduction in the FET, a positive voltage is applied to the gate in the 

same manner as turning on an n-channel, enhancement mode power MOSFET. A 

cross section of this structure is depicted in Figure 5.25. Additional layers of metal 

are added to route the electrons to gate, drain, and source terminals (see the cross 

section in Figure 5.25). This structure is repeated many times to form a power 

device. Conveniently, e-GaN FETs behave similarly to silicon MOSFETs with some 

exceptions that will be explained in the following sections. 

 
On-Resistance 

 

On-resistance (RDS(ON)) versus gate-source voltage (Vgs) curves are similar to 

MOSFETs. e-GaN transistors are designed to operate with 4-5 V gate drive. The 

temperature coefficient of RDS(ON) of the e-GaN FET is also similar to the silicon 

MOSFET as it is positive, but the magnitude is significantly less. At 125°C the 

RDS(ON) is 1.45 times the RDS(ON) at 25°C compared to 1.7 for silicon. This advantage 

increases with increasing device voltage rating. 
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Figure 5.24 Comparison of output characteristics between an enhancement mode GaN FET (top) and  

a depletion mode GaN FET (bottom). 
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Gate Threshold Voltage 

 

The threshold of e-GaN FETs is lower than that of silicon MOSFETs. This is made 

possible by the almost flat relationship between threshold and temperature along 

with the very low gate-to-drain capacitance (Cgd). Since the device starts to conduct 

significant current at 1.6V, care must be taken to ensure a low impedance path from 

gate to source when the device needs to be held off during high speed switching. 

 

Capacitance 

 

In addition to the low RDS(ON), the lateral structure of the e-GaN FET makes it a very 

low capacitance device as well. It has the capability of switching hundreds of volts 

in nanoseconds, giving it high power and multiple megahertz capability. Most 

important in switching is Cgd. With the lateral structure, Cgd comes only from a small 

corner of the gate and is much lower than the same capacitance in a vertical 

MOSFET. 

Gate-to-source capacitance (Cgs) consists of the junction from the gate to the 

channel, and the capacitance of the dielectric between the gate and the field plate. 

Cgs is large when compared with Cgd, giving e-GaN FETs good dv/dt immunity, but 

still small when compared with silicon MOSFETs. The drain-to-source capacitance 

Cds  is also small, being limited to the capacitance across the dielectric from the field 

plate to the drain. Capacitance versus voltage curves for e-GaN FETs are similar to 

those for silicon except that, for a similar resistance, its capacitance is significantly 

lower. 

 

Body Diode 

 

The parasitic bipolar junction common to silicon-based MOSFETs is known as the 

body diode. As seen in Figure 5.25, the GaN transistor structure is a purely lateral 

 
 

Figure 5.25 e-GaN FET structure. 
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device, absent the body diode of MOSFETs. As such, reverse bias or diode 

operation has a different mechanism but similar function. 

With zero bias gate to source there is a minimum of electrons under the gate 

region. As the drain voltage is decreased, a positive bias on the gate is created 

relative to the drift region, injecting electrons under the gate. Once the gate threshold 

is reached, there will be sufficient electrons under the gate to form a conductive 

channel. 

The benefit to this mechanism is that there are no minority carriers (holes) 

involved in conduction, and therefore no reverse recovery losses. While QRR is zero, 

output capacitance (COSS) has to be charged and discharged with every switching 

cycle. For devices of similar RDS(ON), e-GaN FETs have significantly lower COSS 

than silicon MOSFETs. As it takes a bias on the gate greater than the threshold 

voltage to turn on the e-GaN FET in the reverse direction, the forward voltage of 

the diode is higher than silicon transistors. 

Since the fundamental operation of e-GaN FETs is similar to that of silicon 

MOSFETs, they can be represented schematically the same way as shown in Figure 

5.26. 

 

Summary 

 

In this section we introduced the technology for making power transistors using 

gallium nitride grown on top of silicon. Enhancement mode transistors have 

characteristics very similar to the power MOSFET, but with improved high speed 

switching, lower on-resistance, and a smaller size than their silicon predecessors. 

These capabilities, combined with high-density packaging, enable reduced power 

losses, reduced system size, improved efficiency, and ultimately, reduced system 

costs. 

 

 

 

 
 

Figure 5.26 Standard symbol for an enhancement mode MOSFET or e-GaN FET. (As a memory trigger 
the broken line for the channel indicates that the gaps need to closed for current to flow, thus, 

enhancement.) 
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5.9 Miller Plateau Region 
 

MOSFETs (as well as IGBJTs) are controlled by the various charges distributed 

throughout the device. The capacitors internal to a MOSFET device are responsible 

for holding these charges. 

 The turn-on characteristic for a MOSFET is illustrated in Figure 5.27. The gate 

driver is responsible for providing sufficient current to charge the capacitor between 

the gate and the source, CGS. A pulse provided to the gate at t0 causes the gate 

voltage, VGS, to increase as the charge provided by the current increases. At t1 the 

charge provided by the gate driver is sufficient to cause VGS to attain a VGS threshold 

and the MOSFET begins to turn on and ID begins to rise. At t2 another VGS threshold, 

Vplt, is reached but the charge provided on the gate by the driver is inadequate to 

allow the voltage on the gate to rise. The region from t1 to t2 is known as the Miller 

plateau region.  During this time VGS is essentially flat. At t3 the charge provided to 

CGS by the gate driver, QGD, is sufficient to cause VGS to again increase causing VDS 

to fall to zero and the MOSFET is fully on. 

 There is a similar characteristic plateau when the MOSFET turns off. This is 

illustrated in Figure 5.28. 

The Miller plateau region is a concern for when the MOSFET is used in high-

power switching applications such as power supplies. It is also a concern when using 

power MOSFETs in switching amplifiers, such as D, E, F, F–1, G, and S 

architectures. 

 

  

5.10 MICs and MMICs 
 

Microwave amplifiers usually constructed either as hybrid microwave integrated 

circuits (MICs) or as monolithic microwave integrated circuits (MMICs). In hybrid 

 
 

Figure 5.27 Turn-on characteristic for MOSFET devices. 
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construction, the transmission lines and matching networks are usually realized as 

microstrip circuit elements on a suitable substrate material and then the discrete 

components, such as, chip capacitor, resistors, and transistors are connected in place 

by soldering or using wire-bonding techniques. Discrete device are available with 

beam leads for easy insertion into the hybrid circuit. 

A MMIC is a circuit where all active devices, for example transistors and 

passive circuit elements, such as transmission lines, capacitors, resistors, and 

inductors are fabricated on a single semiconductor crystal. The substrate material 

used has typically been GaAs, because of its high resistivity in the undoped state. 

In the frequency range below 10 GHz, where distributed circuit elements are 

relatively large, the hybrid form of construction is often less costly than monolithic 

construction. However, in the frequency range of 1.0 to 10 GHz, the ability to 

produce miniature inductors and capacitors has led to the development and 

production of many MMIC systems using lumped circuit elements instead of 

distributed circuit elements. The millimeter wavelength band monolithic microwave 

integrated circuit construction promises to be more cost effective and to yield 

circuits with greater reliability and uniformity. 

 

5.10.1 Monolithic Microwave Integrated Circuits 

 

MMICs integrate RF power devices and matching/decoupling elements such as on-

chip inductors, capacitors, resistors, and transmission lines. The proximity of these 

elements to the RF-power devices is essential for input, output, and interstage 

matching at microwave and millimeter-wave frequencies. 

  
 

 

 

 

 
 

Figure 5.28 Turn-off characteristic for MOSFET devices. 
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5.11 Concluding Remarks 
 

We introduced the predominate semiconductor technologies used for low power as 

well as power amplifiers in EW systems in this chapter. These topics will be further 

expanded in the chapters to follow, as this is the principal topic of this material. 

 We discuss the general characteristics of BJT amplifiers in the next chapter and 

MOSFET amplifiers in the chapter following that. Power amplifiers are then 

examined as that is where the heavy lifting in EW systems occurs. 
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Chapter 6 
 

 

BJT Amplifiers 
 

 

6.1 Introduction 

 

In this chapter we discuss the basics of amplifiers constructed with BJT devices. 

Most analysis of amplifier circuits, whether constructed with BJT or other 

active devises, other than with computer simulation, use models of the active device. 

In the case of the BJT there are several models that can be used; however, we will 

use what is called the hybrid-π model shown in Figure 6.1. 

This chapter is structured as follows [1 – 5]. First we examine the principal 

small signal models for BJTs that are used to perform linear analysis. Then we have 

a section were the CE topology is discussed, followed by a section on the CC 

configuration, and lastly the CB structure. Next the BJT cascode amplifier is 

discussed and last the Darlington pair topology is examined. 

 

 

6.2 BJT Models 
 

Models of BJTs are frequently employed for circuit analysis purposes. We introduce 

two such models in this section. Which of these models to use is circuit-dependent. 

However, they are equivalent and both lead to the same results. 

 

6.2.1 BJT Hybrid-π High-frequency Model 

 

The BJT high-frequency hybrid-π model is shown in Figure 6.1. Resistor 
Bb'r  

(sometimes referred to as 
x ,r and much smaller than ),r

and 
πC  are added to the 

input of the low-frequency hybrid BJT model along with two feedback components 
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r
and .C

This model is generally used when the CE and CC amplifier topologies 

are being considered. 

The unity-gain, or cutoff frequency, denoted by 
t ,f is where the current gain of 

the device becomes 0 dB. It is given by 

 

 m

t

1

2

g
f

C C 

=
 +

 

 

The cutoff frequency is typically used as an indicator to evaluate the high-frequency 

capability of the device. 

 

6.2.2 BJT T-Model 

 

To model the CB configuration of a BJT amplifier, the modified T-model shown in 

Figure 6.2 is normally used.  is the short-circuit current gain of the device.  

 

 
 

Figure 6.2 CB BJT high-frequency T-model. 

 

 
 

Figure 6.1 CE BJT hybrid- high-frequency model. 

 



BJT Amplifiers 

 

229 

 

6.3 Common Emitter 
 

In the common emitter (CE) or grounded emitter configuration, the input signal is 

applied between the base and emitter, while the output is taken from between the 

collector and the emitter as shown in Figure 6.3. This type of configuration is the 

most commonly used circuit for transistor-based amplifiers and represents the 

normal method of bipolar transistor connection. 

The common emitter amplifier configuration produces the highest current and 

power gain of all the three bipolar transistor configurations. This is mainly because 

the input impedance is LOW as it is connected to a forward-biased PN-junction, 

while the output impedance is HIGH as it is taken from a reverse-biased junction. 

In a CE amplifier, the NPN configuration of which is shown in Figure 6.3, the 

emitter is typically at RF ground. This is accomplished by bypassing the emitter 

biasing resistor with an appropriately sized capacitor. The capacitor maintains the 

correct DC biasing level. The CE amplifier is typically used as a voltage amplifier. 

The input signal is applied to the base and the (inverted) output signal is extracted 

from the collector. 

 

6.3.1 Common Emitter Amplifier 

 

A common emitter amplifier configuration is shown in Figure 6.4 where one form 

of biasing is included (we cover other biasing techniques later). We will first 

determine its low-frequency characteristics by considering the effects of each 

capacitor separately. 

 

 

 

 

 
 

Figure 6.3 Basic NPN common-emitter circuit (neglecting most biasing details). 

 

http://en.wikipedia.org/wiki/Electronic_amplifier
http://en.wikipedia.org/wiki/Biasing
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6.3.1.1 
C1C Only 

 

When we consider only 
C1C we get the equivalent circuit shown in Figure 6.5. Now3 

 

 
B

Src

B Src

C1

1

R r
V V

R r R
sC







=

+ +

 

 
o m C L( )V g V R R= −  

 

M

p1

m B C Lo

S B Src

C1 B Src

( ) ( )

1

( )A

g R r R RV s

V R r R
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C R r R









= −
+

+
+

 

 p1

C1 B Src

1

( )C R r R

 =
+

 

 
m B C L

M

B Src

( ) ( )g R r R R
A

R r R





= −
+

 

 

6.3.1.2 CE Only 

 

When we consider only 
EC with the other capacitors shorted we get the equivalent 

circuit shown in Figure 6.6. Small signal analysis yields 

  

                                                           
3 Note: Parallel lines (||) indicate components in parallel. 

 
 
Figure 6.4 Common-emitter: (a) circuit and (b) equivalent high-frequency circuit. 

 

http://en.wikipedia.org/wiki/Series_and_parallel_circuits#Parallel_circuits
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Figure 6.6 CE only. 
 

 

 
 

Figure 6.5 CC1 only. 
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thus 

 

 pE

B Src

E e

1

1

R R
C r

 =
 

+ 
 + 

 

 

6.1.3.3 CC2 Only 

 

Last, we consider 
C2C only with the other capacitors shorted. The equivalent circuit 

is shown in Figure 6.7. Small signal analysis yields 

 

B π

π Src

B π Src

R r
V V

R r R
=

+
 

 C

o m L
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R
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yielding 
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 p2

C2 C L

1

( )C R R
 =

+
 

 

6.3.1.4 The Lower 3-dB Frequency 

 

The coupling and bypass capacitors result in a high-pass frequency response with 

three poles: 

 

 o

M

Src p1 p2 p3

V s s s
A

V s s s

   
= −    

   +  +  +    

 

 

The lower 3-dB frequency is the highest frequency if the poles are sufficiently 

separated. The highest frequency pole is typically 
p2 due to the small resistance of 

E .R An approximation of the lower 3-dB frequency is given by 

 

 L

C1 C1 E E C2 C2

1 1 1 1

2
f

C R C R C R

 
 + + 

  
 

  

 
 
Figure 6.7 CC2 only. 
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The coupling and bypass capacitors are typically required for discrete amplifier 

designs. CE is determined first to satisfy the needed 
L .f C1C and 

C2C are chosen such 

that the poles are 5 to 10 times lower than
L .f  

 

6.3.1.5 Characteristics of the CE BJT Amplifier 

 

The salient characteristics of the CE BJT amplifier shown in Figure 6.3 are 

discussed in this section using the hybrid-π model shown in Figure 6.1. These 

characteristics are the short-circuit current gain, the open-circuit voltage gain, the  

output impedance, and the input impedance. 

 

Short-Circuit Current Gain 

 

The short circuit current gain is given by 

 

 

L

o

I

i 0R

I
A

I
=

= =   (6.1) 

 

Typically,  has a value between 20 and 200 for most general-purpose transistors. 

 

Open-Circuit Voltage Gain 

 

The open-circuit voltage gain is given by 

 

 

L

o C

V

i E( 1)
R

V R
A

V r R=


= = −

+  +
 

 
C

E

1
R

R
 −    (6.2) 

 

Input Resistance 

 

The input resistance is given by 

 

 
i E( 1)R r R= + +  (6.3) 

                      
E 1R     (6.4) 
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Output Resistance 

 

The output resistance is given by 

 

 
o CR R=  (6.5) 

6.3.2 Emitter Degeneration 

 

The gain in CE amplifiers depends strongly on both transistor temperature and bias 

current, making the resulting gain somewhat unpredictable. Stability can also be an 

issue with such high gain circuits. Instability can arise because of unintentional 

positive feedback that may arise in implementation. One way of addressing these 

issues is to use emitter degeneration, which is a form of negative feedback. An 

unbypassed resistance is added between the emitter and ground as shown in Figure 

6.8. The result of adding this resistance is to reduce the transconductance 
m mG g=  

of the amplifier by a factor of 
m E 1;G R + that is 

 

 
m C

V

m E1

g R
A

g R

−
=

+
 (6.6) 

                                   
C

m E

E

( 1)
R

g R
R

 −   (6.7) 

 

which, of course, reduces the voltage gain to 
m C Eif 0.g R R− =  Adding 

ER

effectively makes the voltage gain more dependent on the not-so-sensitive bias 

 
 
Figure 6.8 Common emitter degeneration. Adding an emitter resistor, RE, decreases gain, but increases 

linearity and stability (discussed in Chapters 10 and 11). 

 

 

http://en.wikipedia.org/wiki/Stability
http://en.wikipedia.org/wiki/Negative_feedback
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resistances than on the BJT’s characteristics. What this benefit costs is a reduction 

in gain by the factor of
m E 1.g R +  

 

6.3.3 Bandwidth 

 

The bandwidth of the common emitter amplifier tends to be low due to high input 

capacitance resulting from the Miller effect. The base-collector capacitance shown 

in Figure 6.1 added to the basic model to account for operation at RF, is effectively 

multiplied by the factor  
 

 
V1 A+   (6.8) 

 

thus substantially increasing the total input capacitance and which results in 

reduction of the overall bandwidth. This bandwidth reduction problem is less severe 

with emitter degeneration than without it partially due to the reduction in gain, 

which reduces the multiplying factor given by (6.8). 

 

6.3.4 Common-Emitter Amplifier High-Frequency Response 

 

The AC model of a simple BJT CE amplifier is shown in Figure 6.9. The equivalent 

circuit showing the discrete components is shown in Figure 6.10 while the 

simplified equivalent circuit incorporating the Miller effect capacitors is shown in 

Figure 6.11. The high-frequency voltage gain of the CE BJT amplifier based on 

Figure 6.11 is given by 

  

 
 

Figure 6.9 CE midband equivalent where the capacitors have no effect on performance. 
 

 

http://en.wikipedia.org/wiki/Miller_effect
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Figure 6.10 CE equivalent circuits using the hybrid-π model of the BJT. 

 

 
 

Figure 6.11 CE equivalent circuits htat shows the Miller effect capacitance. Co is the Miller effect output 

capacitance which is minimally affected by the feedback path. 
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where 

 

 
S Src BR R R=  

 

and the Miller effect capacitances are 

 

 
eq m o C L[1 ( )]C C g r R R= +  

 
m o C L

o

m o C L

1 ( )

( )

g r R R
C C

g r R R


+
=  

 
i eq μ m o C L[1 ( )]C C C C C g r R R = + = + +  

 

So, the high-frequency poles for the CE BJT amplifier are given by 

 

 p1

o o C L

1

1 ( )j C r R R
 =

+ 
 (6.10) 

 

and 

 

 
 p2

i S Bb

1

1 ( )j C r R r

 =
+  + '

 (6.11) 

 
We can see from (6.9) that the high-frequency voltage gain is just the product of the 

midband gain and the two pole terms. 

 

6.3.5 Summary 
 

The CE is probably the most prolific of the BJT amplifier forms. It provides high-

voltage gain and moderate impedance levels. It is also a very flexible configuration, 

and can be used in many applications. Stability and temperature performance must 

be taken into consideration in most cases. We consider these in Chapters 10 and 12. 
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6.4 Common Collector 
 

In a common collector BJT amplifier configuration, the collector is held at RF 

ground, and the output is taken from the emitter, which is connected to ground 

through the emitter resistor, RE. The input is applied to the base of the BJT. Such a 

configuration is also referred to as an emitter follower and voltage follower. The 

most common use for this amplifier is as a voltage buffer. 

 A simplified configuration for the emitter follower is shown in Figure 6.12 

while a topology for a common collector amplification stage is shown in Figure 6.13 

with biasing details included with specific component values. The power supply has 

also been shorted to reflect AC operation. 

The major advantage of a voltage follower is for transformation of impedance 

levels. The input impedance is relatively high, making coupling to the previous stage 

easier by reducing the loading effects. This is particularly useful in the load 

 
 

Figure 6.12 Basic NPN common collector circuit (neglecting most biasing details). 

 
 

 

 
 
Figure 6.13 CC NPN BJT amplifier circuit used for small signal analysis. The voltage sources are 

removed (shorted).  

 
 

 

http://en.wikipedia.org/wiki/Biasing
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impedance (without the voltage follower) is low. Likewise, the output impedance is 

low, making the voltage follower a good voltage source for the following stage.  

 

6.4.1 Common Collector Characteristics 

 

The salient characteristics of the common collector (emitter follower) topology are 

given in this section. At low frequencies we use a simplified hybrid-π model. 

 

6.4.1.1 Current Gain 
 

Referring to Figure 6.12 

 

 
E C BI I I= +  

 
C BE

I

B B

I II
A

I I

+
= =  

 
C

B

1
I

I
= +  

 1= +  (6.12) 

 1     (6.13) 

 

6.4.1.2 Voltage Gain 

 

The voltage gain of the CC amplifier is given by 

 

 
o m E

V

i m E 1

V g R
A

V g R
= =

+
 

 
m E1 1g R   (6.14) 

 

This type of bipolar transistor configuration is noninverting in that the signal 

voltages of 
iV  and 

oV are in-phase. It has a voltage gain that is always less than 1. 

The load resistance of the common collector transistor receives both the base and 

collector currents giving a large current gain (as with the common emitter 

configuration), therefore good current amplification with no voltage gain are 

provided with this topology. 

 

6.4.1.3 Input Resistance 

 

The input resistance to the emitter follower is given by 

http://en.wikipedia.org/wiki/Hybrid-pi_model
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i

i E

i

( 1)
V

R r R
I

= = +  +  

                                    
E m E 1and 1R g R      (6.15) 

 

so it minimizes the loading effects on the previous stage by increasing the 

(otherwise) low impedance as given by 
E ,R by a factor . 

 

6.4.1.4 Output Resistance 

 

The output resistance of the emitter follower is given by 

 

                       Src

o E
1

r R
R R  + 

=  
 + 

 

 
Src Src

i Src

m

1
1and 

R R
R R

g
 +    

 
 (6.16) 

 

The second approximation is because, typically, 
Src m/ 1/ .R g   

Using (6.15) and (6.16) we see that placing such an amplification stage between 

a source with large output impedance and a load with small impedance allows for 

voltage buffering. 

The emitter follower is commonly used in the output stages of class-B and 

class-AB amplifiers. The base is biased to the correct point to cause the transistor to 

operate in class-B or -AB mode. 

The common collector, or emitter follower, configuration is very useful for 

impedance matching applications because of the very high input impedance, in the 

region of hundreds of thousands of ohms, while having relatively low output 

impedance. 

The AC model of a  BJT common-collector amplifier is shown in Figure 6.14. 

The midband equivalent circuit is shown in 6.14(a) while the high-frequency 

equivalent is shown in Figure 6.14(b). For simplicity we will assume that 
or is very 

large compared to 
ER  (and since 

or appears in parallel to 
ER at the output, it can be 

neglected). 

The Miller effect capacitances are 

 

 ( )i m E1C C C g R = + +  

http://en.wikipedia.org/wiki/Class_B_amplifier
http://en.wikipedia.org/wiki/Class_AB_amplifier
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 m E
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m E

1 g R
C C C

g R
 

 +
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The pole introduced by
iC is of primary interest since 

oC is significantly less than 

the input capacitance. Therefore, assume that the pole introduced by
oC is 

sufficiently large so that Co can be replaced by an open circuit. The resulting high-

frequency voltage gain of the common-collector amplifier is 
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 (6.17) 

 

The dominant high-frequency pole is 

 

 p1
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 (6.18) 

 
 

Figure 6.14 CC high-frequency equivalent circuits: (a) midband AC equivalent (all capacitors are 

neglected) and (b) high-frequency equivalent (neglecting r). 
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6.4.2 Common-Collector Amplifier Approximate High Cutoff Frequency 
H  

 

In this section we will estimate the high cutoff frequency of the CC amplifier. We 

will derive an expression for the high cutoff frequency using the OCTC method. 

  

Example 6.1: In this example we will determine the bandwidth 

of the amplifier shown in Figure 6.14 assuming that 

CC EE 5V,V V= = and assuming the transistor parameters are 

T 0 μ x500MHz, 100, 0.5pF,and 250 .f C r=  = = =     

The CC amplifier is redrawn in Figure 6.15 by replacing the 

transistor in Figure 6.13 by its high-frequency small signal model. 

All the coupling and bypass capacitors are considered short 

circuits at high-frequency.  

Figure 6.15 can be simplified as shown in Figure 6.16 where 

 
 
Figure 6.16 Simplified circuit to calculate the high-frequency response of the CC amplifier.  

 

 
 

 

 
 

Figure 6.15 The CC amplifier in Figure 6.13 redrawn with the transistor replaced with its high-frequency 

small signal model. 
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B

eq Src

Src B

R
V V

R R
=

+
 

 

and 

 

 
Src B

eq

Src B

R R
R

R R
=

+
 

  

For C
 
the resistance seen across the capacitor terminals is 

determined using Figure 6.17(a). The calculation may be 

simplified by considering the equivalent circuit in Figure 6.17(b) 

 

πo x x( / )R r V I=

x e x eq x m x x L E( ) ( )( )
b

V V V I R r g v I R R= − = + − −'
 

x m L E x eq x L E[1 ( )] [ ( )]V g R R I R r R R+ = + +

eq x L Ex

x m L E

( )

1 ( )

R r R RV

I g R R

+ +
=

+
 

 
eq x L E

πo x

m L E

( )

1 ( )

R r R R
R r

g R R

 + +
=   + 

 

 
eq x L E

πo

m L E

( )

1 ( )

R r R R
R

g R R

+ +


+
 

 
 

Figure 6.17 Circuit used to calculate the open-circuit time constant associated with Cπ.
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and the time constant associated with C
 
is 

πo .C R
 

For Cµ
 
the resistance across the capacitor terminals may be 

calculated from Figure 6.18 

  

 
CC

μo eq x in eq x π 0 L E( ) ( ) [ ( 1)( )]R R r R R r r R R= + = + +  +  

 
eq xR r +  

 

so the time constant associated with C
 is

0 .C R 
 

The approximate high cutoff frequency is: 

 

 
H 2

πo π μo μ
o

1

1 1
ω

i i

i

R C R C
R C

=

 =
+


 

π
eq x L E eq x μ

m L E

1

[ ( )] ( )
1 ( )

C
R r R R R r C

g R R

=
 

+ + + +  + 

 

 

If we assume that 
L E eq x( )R R R r +  in the expression of 

0R
 

we get the estimate:  

 

 
 

Figure 6.18 Circuit used to calculate the open-circuit time constant associated with C 
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 H

π
eq x μ

m L E

1
ω

( )
1 ( )

C
R r C

g R R


 

+ +  + 

 

 

The DC circuit of the amplifier may be obtained from the CC 

amplifier circuit in Figure 6.19 by considering all the capacitors 

as open circuits and the AC sources equal to zero yielding the DC 

circuit shown in Figure 6.20.  

Considering the B-E loop and assuming that the transistor is 

in the active mode, we have 

 

B B BE E E EE 0I R V I R V+ + − =  

 
 

Figure 6.19 Common collector NPN BJT amplifier circuit. 
 

 

 

 
Figure 6.20 Common collector NPN BJT DC equivalent. 
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B

E E BE EE

0

0
1

R
I R V V

 
+ + − = 

+  
 

 EE BE

E

B
E

0

5 0.7
1.08mA

100
3

1011

V V
I

R
R

− −
= = =

++
+ 

 

 
C 0 E 1.08mAI I=    

  

In the C-E loop 

 

 
CC CE E E EEV V I R V= + +  

 

so 

 

 
CE 5 1.08 3 5 6.76VV = −  + =  

 

Since 
CE CESat ,V V then the transistor is in the active region as 

assumed, with Q-point = (1.08 mA, 6.76V). 

 So  

 

 
C

m C

T

40 43.2 mS
I

g I
V

= = =  

 
T

π

C

100 25mV
2315

1.08mA

V
r

I

 
= = =   (6.19) 

 
eq Src B

100
1 100 0.99kΩ

101
R R R= = = =  (6.20) 

 
m

T

13.25pF
2

g
C C

f
 = − =


 

 
L C 47 3 2.82kΩR R = =  

H

eq x L E eq x

m L E

1

[ ( )] ( )
1 ( )

C
R r R R R r C

g R R




 =

+ + + +
+

 

 
12

1
945Mrad/sec

(438 620) 10
−

= =
+ 
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 H L H 150MHz
2 2

W
 −  

=  =
 

 

 

By comparing the bandwidth of the CC amplifier to that of the CE 

amplifier we find the bandwidth of the CC is much larger. This is 

because of the absence of the Miller’s capacitance associated with 

the common emitter configuration.  

 

6.4.3 Common-Collector Amplifier Approximate Low Cutoff Frequency ωL  

 

In this section we will determine low cutoff frequency of the CC amplifier shown 

in Figure 6.19. We employ the SCTC technique discussed above.  

 

Example 6.2: We again assume that 
0 100 =  and 

CC EE 5V.V V= =  The small signal circuit may be obtained with a 

short circuit on the DC supplies as shown in Figure 6.13.  For 
1C  

the resistance seen across the capacitor terminals may be 

calculated from Figure 6.21:  

 

 
CC

1S Src B i Src B π 0 E L( ) { [ ( 1)( )]}R R R R R R r R R= + = + +  +  

 

and the time constant associated with C1
 
is 

1 1S.C R  

For 
2C the resistance across the capacitor terminals may be 

calculated with Figure 6.22  

 

 
 
Figure 6.21 Circuit used to calculate the SCTC associated with C1. 
 
 

 



BJT Amplifiers 

 

249 

 
eqCC

2S L E o L E

0

( )
1

r R
R R R R R R

 + 
= + = +  

 + 
 

 
eq Src BR R R=  

  

So the time constant associated with C2
  
is 

2 2S.C R  

The low cutoff frequency is calculated as:  

 

 
2

L

1 S

1

i i iR C=

    

 

 1 Src B π 0 E L

eq

2 L E

0

1

[ ( 1)( )]

1

1

C R R r R R

r R
C R R



=
 + +  + 

+
 + 

+  
 +  

 (6.21) 

 

To calculate ωL we need the value of 
πr  that was found at (6.19) 

at the DC operating point of the amplifier, as well as 
eqR  that was 

found at (6.20). Substitution of (6.19) and (6.20) in (6.21) yields 

 

 L 133 0.21 133.2rad/sec = + =  

 

 
 

Figure 6.22 Circuit used to calculate the SCTC associated with C2.
  

 

 

 
 

 



RF Electronics for Electronic Warfare 

 

250 

 

6.5 Common Base 
 

As its name suggests, in the common base or grounded base configuration, the base 

connection is common to both the input signal and the output signal with the input 

signal being applied between the base and the emitter terminals. The corresponding 

output signal is taken from between the base and the collector terminals with the 

base terminal grounded or connected to a fixed reference voltage point (which is an 

equivalent AC ground). 

The common base topology is characterized by a large voltage gain, small 

current gain (less than one, so actually a gain loss), low input resistance, and high 

output resistance. 

The common-base amplifier is typically used as a current buffer or voltage 

amplifier. In this circuit the emitter terminal of the transistor serves as the input, the 

collector the output and the base is common to both (see Figure 6.23). 

This arrangement is popular in high-frequency amplifier applications (VHF and 

UHF) because its input capacitance does not suffer from the Miller effect, which 

degrades the bandwidth of the common emitter configuration, and because of the 

relatively high isolation between the input and output. This high isolation means 

that there is less feedback from the output back to the input, yielding better stability. 

This configuration is useful as a current buffer since it has a current gain of 

approximately unity. A cascode topology ensues when a CE stage precedes a CB 

stage. The cascode has several useful properties and is discussed later. 

 

6.5.1 Low-Frequency Characteristics 

 

The circuit in Figure 6.24 can be represented by that in Figure 6.25 at low 

frequencies and under small-signal conditions; the hybrid π model for the BJT has  

 
 
Figure 6.23 Basic NPN common base circuit (neglecting most biasing details). 

 

 

http://en.wikipedia.org/wiki/Electronic_amplifier
http://en.wikipedia.org/wiki/Current
http://en.wikipedia.org/wiki/Buffer_amplifier
http://en.wikipedia.org/wiki/Voltage
http://en.wikipedia.org/wiki/Amplifier
http://en.wikipedia.org/wiki/VHF
http://en.wikipedia.org/wiki/Ultra_high_frequency
http://en.wikipedia.org/wiki/Miller_effect
http://en.wikipedia.org/wiki/Common_emitter
http://en.wikipedia.org/wiki/Small-signal
http://en.wikipedia.org/wiki/Hybrid-pi_model
http://en.wikipedia.org/wiki/Biasing
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Figure 6.25 Low-frequency small-signal common-base amplifier. 

 

 

 

 
 

Figure 6.24 Common-base amplifier. 
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been employed. The input signal is represented by a source voltage source, 
Src ,V   

with a series resistance
SrcR and the load is a resistor 

L .R We use this circuit to derive 

the characteristics of the common-base amplifier. 

A common-base amplifier circuit is shown in Figure 6.24. The small signal 

equivalent circuit for this amplifier is shown in Figure 6.26 ignoring 
or  by assuming 

that 
o Cr R  and

o C.r R  

 

6.5.1.1 Small-Signal Current Gain 

 

The short-circuit current gain; that is, with no load at the output, is given by 

 

L

o o

I

i π o0
( 1)

R

I r r
A

I r r



=

+ 
= =

+  +
 1 1     (6.22) 

 

6.5.1.2 Small-Signal Voltage Gain 

 

The open-circuit voltage gain; that is, with an open circuit for the load, is given by 

 

 

L

o m o C

V

i o C

( 1)

R

V g r R
A

V r R
→

+
= =

+
 

 
 

Figure 6.26 Common-base amplifier midfrequency AC equivalent based on the modified T-model of 

the BJT shown in Figure 6.2. 
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m C o Cg R r R       (6.23) 

 

6.5.1.3 Input Resistance 

 

The input resistance is given by 

 

( )o C L ei

i

C Li

o e
1

r R R rV
R

R RI
r r

+
= =

+ +
 +

 

 e o C L

m

1
( 1)r r R R

g

 
     

 
 (6.24) 

 

Since 
e T E/ ,r V I= where 

TV  is the thermal voltage and 
EI is the DC emitter current, 

the input resistance is extremely low.  For example, for 
T 26 mVV = and 

E 10 mA,I = typical values, then 
i 2.6 .R =   If 

EI is reduced to increase 
i ,R  there 

are other consequences like lower transconductance 
m( ),g  higher output resistance, 

and lower β that also must be considered. A practical solution to this low input 

impedance problem is to place a common emitter stage at the input to form a cascode 

amplifier, which we discuss below. 

 Typically, small 
iR is an undesirable trait, although in EW/RF systems where 

impedance values of 50 Ω are the norm, low impedance is of significant value due 

to the high powers involved, especially in PA discussions. Low impedances lead to 

lower losses. 

 

6.5.1.4 Output Resistance 

 

The output resistance is given by 

 

 ( ) ( ) 
S

o

o C m Src o Src

o 0

1

V

V
R R g r R r r R

I
 

=

 = = + + −
 

                           
( )( )

C o Src e

C Src m o Src e

,

1 ,

R r R r

R r R g r R r

 
 

 +   

 (6.25) 

 

 

 

http://en.wikipedia.org/wiki/Boltzmann_constant#Role_in_semiconductor_physics:_the_thermal_voltage
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6.5.1.5 Summary 

 

In summary, the seminal characteristics of the CB amplifier are: 

 

• Very low input resistance 

• 
VA  can be large, although 

SrcR  is critical 

• 
isA =   

• Output resistance can be large (dependent on 
CR ) 

 

Depending on the source and load shown in Figure 6.25 and with a voltage 

source as signal, generally the overall voltage/current gain may be substantially less 

than the open/short-circuit gains shown above. 

 

6.5.2 Common-Base Amplifier Low Cutoff Frequency, ωL, Estimation 

 

In this section the low cutoff frequency of the CB amplifier will be determined. 

 

Example 6.3 The CB amplifier circuit in Figure 6.27 is the 

topology under consideration. We will assume that the numerical 

values are 
0 CC EE, 5V.V V = =   

The small-signal circuit may be obtained by shorting the DC 

supply as shown in Figure 6.28.  For 
1C  the resistance seen across 

the capacitor terminals may be calculated from Figure 6.29 as 

 

1S Src E Src E e

CB
i

( ) ( )R R R R R R r= + = +  

 
 

Figure 6.27 Common base amplifier circuit. 
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Figure 6.28 CB amplifier circuit used for small-signal analysis.  
 

 

 

 
 

Figure 6.29 Circuit used to calculate the short-circuit time constant associated with C1. 
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so the time constant associated with 
1C  is 

1 Src E e( ).C R R r+  

For 
2C the resistance seen across the capacitor terminals may 

be calculated from Figure 6.30.  

 
CE

2S L C o L C o( ) ( )R R R R R R r= +  +  

                             
L CR R +   

 

using Miller’s theorem and assuming high gain. So the time 

constant associated with 
2C  is

2 L C( ).C R R+   

The low cutoff frequency is estimated as:  

 

 
2

L

1 S 1 Src E e 2 L C

1 1 1

[ ( )] ( )i i iR C C R R r C R R=

  = +
+ +

  (6.26) 

 

We can see that to calculate
L we need to find 

e ;r this value may 

be found from the DC operating point of the amplifier. The DC 

circuit of the amplifier may be obtained from the CE amplifier 

circuit in Figure 6.27 by considering all the capacitors are open 

circuits and the AC sources are zero. The DC circuit is shown in 

Figure 6.31.  

From the B-E loop and assuming that the transistor is in the 

active mode we get 

 

 
BE E E EE 0V I R V+ − =  

 
EE BE

E

E

5 0.7
0.1mA

43k

V V
I

R

− −
= = =  

 

 
 

Figure 6.30 Circuit used to calculate the short-circuit time constant associated with C2.
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C 0 E 0.1mAI I=    

For the C-E loop  

 

 
CC C C E E EEV I R I R V= + +  

 
ce 5 0.1 (22 43) 5 3.5VV = −  + + =  

  

The transistor is in the active region at Q-point = (0.1 mA, 3.5V) 

as we assumed since 
ce CESat .V V Also 

 

 
T

e

E

25mV
250

0.1mA

V
r

I
= = =   (6.27) 

  

Substituting (6.27) in (6.26) yields 

 

 
L 610 10 620rad/sec = + =  

 

6.5.3 Common-Base Amplifier High Cutoff Frequency, 
H ,  Estimation  

 

In this section the high cutoff frequency of the CB amplifier will be determined.  

 

Example 6.4 We will derive an expression for the high cutoff 

frequency for the circuit in Example 6.3 shown in Figure 6.27. 

We will also calculate the amplifier bandwidth assuming that 

CC EE 5VV V= =  given the following transistor parameters: 

T 0500 MHz, 100, 0.5 pF,f C=  = = and 
x 250 .r =    

The CB amplifier is redrawn for small-signal analysis as 

shown in Figure 6.32 by replacing the transistor in Figure 6.28 by 

its high-frequency small-signal model. All the coupling and 

 
 
Figure 6.31 CB DC circuit.  
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bypass capacitors are considered short circuit at high-frequency 

as well.  

The small-signal model can be simplified by using 

Thevenin’s theorem. The simplified circuit is shown in Figure 

6.33.  

 

 
E

eq Src

Src E

R
V V

R R
=

+
 

 
Src E

eq

Src E

R R
R

R R
=

+
 

  

For C
the resistance seen across the capacitor terminals may be 

calculated from Figure 6.34(a). The calculation may be simplified 

by considering the circuit in Figure 6.34(b).  

 

 
 
Figure 6.33 Simplified circuit to calculate the high-frequency response of the CB amplifier. 

 

 

 
 

 

 

 

 
 

Figure 6.32 The CB amplifier in Figure 6.27 redrawn with the transistor replaced by its high-

frequency small-signal model.  
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x

πo

x

V
R r

I
=  

 
x b' E x x m x x eq( )V V V I r g V I R= − = − −  

x m eq x eq x(1 ) ( )V g R I R r+ = +  

 
eq xx

x m eq1

R rV

I g R

+
=

+
 

 
eq x

πo

m eq1

R r
R r

g R


+
=

+
 

 

Assuming that 
0 1   and 

xr r    

 

eq x

πo

m eq1

R r
R

g R

+
=

+
 

 

so the time constant associated with C
is 

0 .C R 
 

For C
the resistance seen across the capacitor terminals may 

be calculated from Figure 6.35. Note that split-source 

transformation is used to ease the calculation. Assuming that

0 1   and 
x .r r These assumptions imply that

B 0I = or 

E C m b'EI I g V= = as well as all the current sourced from
xI that 

shunt
xr will pass in

xr only.  

For the loop containing
x , ,r r

and
eqR  

 
 

Figure 6.34 Circuit used to calculate the open-circuit time constant associated with Cπ. 
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 x x m eq m eqb b E b E b E
(1 R )V I r V g V R V g=  + = +' ' ' '  

 
x x

Eb

m eq1

I r
V

g R
=

+
'  

 

Summing the current at the collector node  

 

 m x

C m x L C x L CEb

m eq

( )( ) 1 ( )
1 R

g r
V g V I R R I R R

g

 
= − + = − + 

 + 
'  

 
m L Cb' Cx

μo x L C

x x m eq

( )
1

1 R

g R RV VV
R r R R

I I g

 −
= = = + + 

 + 

 

  

so the time constant associated with C
is 

0 .C R 
 

The high cutoff frequency is   

 

         
H 2

πo μo
o

1

1 1

i i

i

R C R C
R C  

=

 = =
+


 

eq m L C

x L C

m eq x m eq

1

1 1
1 1

R g R RC
r C C R R

g R r g R


 

=
   

+ + + +     + +     

 

 

 
 

Figure 6.35 Circuit used to calculate the open-circuit time constant associated with C. 
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Neglecting the first term which is of order
T1/   and hence the last 

term is dominant.  

 

 
H

L C

1

( )C R R

   

 
L C 75 22 17kR R = =   

 
H 117.6Mrad/sec =  

 H L H 18.73MHz
2 2

W
 −  

=  =
 

 

 

By comparing the bandwidth of the CB amplifier to that of the CE 

amplifier we see that the bandwidth of the CB is much higher. 

This is due to the absence of the Miller’s capacitance associated 

with the common emitter configuration.  

 

6.5.4 Active Loads for the CB Amplifier 

 

For voltage amplification, the range of allowed output voltage swing in this 

amplifier is tied to its voltage gain when a resistor load RC is employed, as in Figure 

6.24. That is, as indicated by (6.23), large voltage gain requires large
C ,R and that in 

turn implies a large DC voltage drop across
C.R For a given supply voltage, the larger 

this drop, the less output swing is allowed before saturation of the transistor occurs, 

with resultant distortion of the output signal. To avoid this situation, an active load 

can be used; for example, a current mirror. If this choice is made, the value of
CR in 

(6.23) is replaced by the small-signal output resistance of the active load, which is 

generally at least as large as the
or  of the active transistor in Figure 6.24. On the 

other hand, the DC voltage drop across the active load is a fixed low value (the so-

called compliance voltage of the active load), much less than the DC voltage drop 

incurred for comparable gain using a resistor
C.R   

However, active load or not, large AC gain still is coupled to large AC output 

resistance, which leads to poor voltage division at the output except for large loads

L o.R R  

For use as a current buffer, as we can see from (6.22) gain is not affected by 

C ,R but output resistance is [see (6.25)]. Because of the current division at the output, 

it is desirable to have an output resistance for the buffer much larger than the load

LR being driven so large signal currents can be delivered to a load. 

 

http://en.wikipedia.org/wiki/Active_load
http://en.wikipedia.org/wiki/Current_mirror
http://en.wikipedia.org/wiki/Current_mirror#Compliance_voltage
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6.5.5 Common-Base Amplifiers 

 

Because the input impedance is so low, most signal sources have larger source 

impedance than the input impedance of the common-base amplifier,
i .R  The 

consequence is that the source essentially delivers a current to the input rather than 

a voltage, even if it is a voltage source, given by
i Src Src/ .I V R= If the output signal 

is also a current, the amplifier is a current buffer and delivers the same current as its 

input. If the output is taken as a voltage, the amplifier is a transresistance amplifier, 

and delivers a voltage dependent on the load impedance; for example
o i LV I R= for a 

resistor load
LR  much smaller in value than the amplifier output resistance 

o .R  That 

is, the voltage gain in this case is:  

 

 
Src

o o L i L L

Src

V
V I R I R R

R
=  =  

 

so that 

 

 
o L

V

i Src

V R
A

V R
=   (6.28) 

  
We can note that for source impedances such that

Src E ,R r the output impedance 

approaches 
o C m Src o[ ( ) ].R R g r R r=  

For a very low impedance source, the common-base amplifier functions as a 

voltage amplifier. In this case, when RSrc << rE and RL << Ro, the voltage gain 

becomes: 

  

 o L

V m L

Src E

V R
A g R

V r
= =   (6.29) 

  

where 
m C T/g I V=  is the transconductance. Notice that for low source impedance,

o o C.R r R=  

The inclusion of 
or  in the hybrid-π model predicts reverse transmission from 

the amplifiers output to its input, that is the amplifier is bilateral (as opposed to 

unilateral where signals flow only one way). One consequence of this is that the 

input/output impedance is affected by the load/source termination impedance, 

respectively. For example, the output resistance,
o ,R may vary over the range 

http://en.wikipedia.org/wiki/Transresistance
http://en.wikipedia.org/wiki/Impedance
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o C o o C( 1)r R R r R   + depending on the source resistance, 
Src.R  The amplifier 

can be approximated as unilateral when neglect of 
or  can be accommodated (valid 

for low gains and low to moderate load resistances), of course simplifying the 

analysis. This approximation often is used in discrete amplifier manifestations, but 

generally less accurate in RF circuits, and in integrated circuit designs where active 

loads are normally used.  

 

6.5.5.1 Voltage Amplifier 

 

The circuit is shown in Figure 6.36 for the case when the common-base circuit is 

used as a voltage amplifier. When the source impedance is low
S E( )R r the output 

resistance is large, at least
C o .R r In a voltage amplifier a large output resistance is 

normally undesirable, as it leads to poor voltage division between the output 

resistance and the load at the output. Nonetheless, there is still considerable voltage 

gain even for small loads: according to (6.23), with
Src ER r= the gain is 

V m L / 2.A g R=  For larger source impedances, the gain is determined more by the 

resistor ratio
L Src/ ,R R and less so by the transistor properties, which is a 

considerable advantage where insensitivity to temperature or transistor variations is 

important (which is most of the time). 

The amplifier is transitional between voltage amplifier and current buffer when 

the 
SrcR  value is in the vicinity of 

E .r  For 
Src ER r  the driver representation as a 

Thévenin source should be replaced by a Norton source. The common-base circuit 

stops behaving like a voltage amplifier and behaves like a current follower, as 

discussed next. 

The input current flowing into the emitter is quite large as it’s the sum of the 

base current and collector current 

 

 
 
Figure 6.36 CB amplifier. 
 

 

http://en.wikipedia.org/wiki/Voltage_division
http://en.wikipedia.org/wiki/Th%C3%A9venin%27s_theorem
http://en.wikipedia.org/wiki/Norton%27s_theorem
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E B CI I I= +  

 

therefore, the collector current output is less than the emitter current input, resulting 

in a current gain for this type of circuit of unity or less. In other words, the common 

base configuration attenuates the input signal (see Figure 6.36). 

This type of amplifier configuration is a noninverting voltage amplifier circuit, 

in that the signal voltages
iV and

oV are in-phase. This type of transistor arrangement 

is not very common due to its unusually high voltage gain characteristics. Its output 

characteristics represent that of a forward-biased diode while the input 

characteristics represent that of an illuminated photodiode. 

Also, this type of BJT configuration has a high ratio of output to input resistance 

or more importantly load resistance 
L( )R  to input resistance 

i( )R  creating the 

notion of resistance gain. The voltage gain
V

( )A for a common-base configuration 

is therefore given as 

 

 o C L L

V

i E i i

V I R R
A

V I R R
= = =   (6.30) 

 

where: 
C E/I I =  is the current gain and

L i/R R  is the resistance gain. 

The CB circuit is generally only used in single-stage amplifier circuits such as 

RF amplifiers due to its very good high-frequency response. 

 

6.5.5.2 Current Follower 

 

A low- to mid-frequency CB amplifier used as a current follower is shown in Figure 

6.37. The input signal is provided by an AC Norton source (current 
Src ,I Norton 

resistance
Src )R at the input, and the circuit has a resistor load

LR at the output. We 

assume, which is normally the case, that the load is active with an infinite output 

resistance so
CR  is omitted. 

 

6.5.6 Common-Base Amplifier High-Frequency Response 

 

The AC model of a BJT CB amplifier is shown in Figure 6.38. Since there are no 

capacitors between the input and output nodes, there is no Miller effect to take into 

consideration. Therefore, the poles are at very high frequencies since the values of 

the capacitors that are present are quite small. 

We will assume that the base current is small so the voltage across
br  is also 

small. Then
br can be ignored so that 

E .V V −  The poles are located at 

http://en.wikipedia.org/wiki/Norton%27s_theorem
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Figure 6.38 CB equivalent circuits: (a) midband AC equivalent, (b) high-frequency equivalent. 
 
 

 

 
 

Figure 6.37 Common-base circuit with Norton driver; RC is omitted because an active load is assumed 

with infinite small-signal output resistance. 
 

 

http://en.wikipedia.org/wiki/Active_load
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m Src E F

p1 t p2

Src E C

(1 )( ) 1
and

( )

r g r R R

C r R R C r C R

 

    

+ + 
 =  =   =  (6.31) 

 

Both of these poles are located at very high frequencies with the result that CB 

amplifiers are seldom the bandwidth-limiting elements in a multistage amplifier. 

They are normally used for impedance transformation for other kinds of RF 

amplifiers. 

 

 

6.6 Cascode Amplifiers 
 

6.6.1 BJT Cascode 

 

As we discussed, FET amplifiers can provide extremely high input impedances. 

Another circuit configuration that provides high input impedances is the two (or 

more) BJT cascode configuration. The cascode amplifier we discuss here consists 

of a CE input stage with a CB output stage, illustrated in Figure 6.39. Of course, 

FETs can be used in lieu of BJTs. Together, the two transistors overcome some of 

the performance limitations of either the CE or CB configurations. 

 The voltage gain for this circuit is given by 

 

o L

V 1 2

i B 1 e1 E/ ( 1)

V R
A

V R r R
= = − 

 + + +
    (6.32) 

 

where
e1r is the

1Q dynamic emitter resistance. This gain is the same as a CE amplifier 

except for the additional 2 loss of
2.Q The advantage of the cascode is that when 

the output resistance,
o ,r of Q2 higher than for the CE. For a BJT, this may be 

insignificant at low frequencies but is important for RF applications. The CB 

isolates the collector-base capacitance, 
BCC (or C

 of the hybrid-π BJT model), from 

the input by returning it to a dynamic ground at 
B.V  At the output,

LR  is shunted by

BCC  only, without a Miller-effect multiplier. The 
1Q  collector voltage is also nearly 

constant and
BCC of 

1Q appears from the input with essentially no Miller effect. The

BCC of the CE has, in the cascade, been isolated from the output and the Miller effect 

eliminated. This is its primary advantage and is why it is used in fast amplifiers and 

RF stages.  
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 Small-signal analysis of the circuit shown in Figure 6.40 yields the following 

results: 

 

 
S 1 SrcBb 1

( )R r r R= +'  

 
1 SR R =  

 
1 S m1 c1 c1(1 )R R g R R = + +  

 o2 L

c1 o1 e2

o2 L 2/ ( 1)

r R
R r r

r R

  +
=   

+  +   
 

 
H 1 1 1 1 s1 π2 c1 L cs2 2 L o( ) ( )( )C R C R C C R C C C R R     = + + + + + +  

 
o 2 o2R r   

 H

H

1

2
f 


 

 M m o L

SrcBb

( )
r

A g r R
r r R





= − 
+ +'1

 

 
 

Figure 6.39 Cascode amplifier. 
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 Another advantage of the cascode over a CE is that the right-half plane zero 

that causes preshoot in a step response is also eliminated. In the CE configuration 

alone, 
BCC provides a parallel, passive path from input to output. When a step is 

applied as 
i ,V it is coupled to the output node of the CE collector uninverted and 

precedes the amplified and inverted step as preshoot, but not for the cascode. 

Consequently, the step response of the cascode is not only faster, but cleaner than 

for the CE alone. 

The cascode incremental output resistance is (with infinite
o )r simply

L ,R and the 

incremental input resistance is 

 

 
i B 1 e1 E( 1)( )r R r R= +  + +  (6.33) 

 

The resistance in the emitter branch of the input circuit is referenced to the base as 

 + 1 times the emitter side resistance and adds to the base resistance in series with 

it. 

 

 

  

 
 

Figure 6.40 Cascode BJT amplifier. 
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6.7 Darlington Pair 
 

The Darlington configuration of an amplifier consists of two transistors where the 

second transistor is the emitter load of the first (see Figure 6.41 for the BJT NPN 

configuration). In essence the emitter current of the input transistor 
1Q  becomes the 

base current of the output transistor, 
2.Q  The Darlington pair acts like one transistor 

with a beta substantially higher than either transistor alone, thereby forming a 

current amplifier. The overall beta is given by 

 
1 2 1 2 =   + +  (6.34) 

They are used where high output currents are needed. In addition, the input 

impedance of the Darlington configuration is quite high.  

 The Darlington configuration has more phase shift at higher frequencies 

compared to a single transistor so therefore can more easily become unstable with 

negative feedback. 

Switching of the second transistor is often slow, limiting the usefulness at RF.  

This is because the first transistor can’t suddenly inhibit the base current of the 

second. To resolve this problem a resistor is sometimes connected between the two 

 
 

Figure 6.41 Darlington pair. 
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emitters (
EE(R  in Figure 6.41). This resistor acts as a low impedance discharge path 

for the charge accumulated on the base-emitter junction of Q2. REE is not present 

when the slow switching speed is not an issue. Darlington pairs are available as 

single packages, usually with the resistor included.  

One drawback of the Darlington pair is that the quiescent leakage current of Q1 

is amplified by Q2. This causes significant steady-state leakage. As such, Darlington 

configurations rarely consist of more than two transistors. 

 

 

6.8 Concluding Remarks 
 

6.8.1 Bipolar Transistor Amplifier Summary 

 

To summarize, the behavior of the bipolar transistor in each of the configurations 

shown in Figure 6.42 is very different and produces different circuit characteristics 

with regards to input impedance, output impedance, and gain whether this is voltage 

gain, current gain or power gain. These characteristics are summarized in Table 6.3. 

  

 

 

 

 

Table 6.3 BJT Amplifier Configuration Characteristics 

 
Characteristic Common Base Common Emitter Common Collector 

Input impedance Low Medium High 

Output impedance Very high High Low 

Phase shift 0o 180o 0o 

Voltage gain High Medium Low 

Current gain Low Medium High 

Power gain Low Very Highh Medium 

 

 

 
 

Figure 6.42 BJT summary. 
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Chapter 7 
 

 

MOSFET Amplifiers 
 

 

7.1 Introduction 
 

We examine MOSFET RF amplifiers in this chapter. We explore the basic 

characteristics of these amplifiers focusing mostly on the frequency response 

characteristics. We also discuss the impedance characteristics as well as the gain [1 

– 3]. 

The structure of this chapter is as follows. First the RF models of MOSFETs 

are presented. These models are used to approximate the characteristics of these 

devices at high-frequency. We then examine the three circuit topologies in order: 

common source (CS), common drain (CD, and common gate (CG). At the end these 

topologies are compared. 

 

 

7.2 Long- and Short-Channel MOSFETs 
 

MOSFET devices are frequently categorized as short channel or long channel. These 

are depicted in Figure 7.1.  

The long-channel MOSFET is defined as a device with width and length long 

enough so that edge effects from the four sides can be neglected. Channel length L 

must be much greater than the sum of the drain and source depletion widths. 

 A short-channel MOSFET is defined as a device with width and length short 

enough so that the edge effects cannot be ignored. The channel width L is 

comparable to the depletion widths associated with drain and source. Considerably 

more investigations have been explored for long-channel devices than short-channel 

so substantially more results are available. 
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7.3 MOSFET High-Frequency Model 
 

7.3.1 High-Frequency MOSFET Model 

 

The MOSFET high-frequency hybrid-π model is shown in Figure 7.2. A simplified 

high-frequency model based on Figure 7.2 is shown in Figure 7.3. For this 

simplification, the source and body terminals are shorted, CGD plays an important 

role in the amplifier response primarily because of the Miller effect, and CDB is 

neglected. The circuit including the Miller effect capacitance is shown in Figure 7.4. 

 

7.3.2 Unity-Gain Frequency 

 

Smaller parasitic capacitances Cgs and Cgd are desirable for higher unity-gain 

frequency. For the MOSFET it is given by 

 

 m

t

gs gd

1

2

g
f

C C
=

 +
 

 
 
Figure 7.1 Short-channel MOSFET. 

 

 
 

Figure 7.2 MOSFET high-frequency model. 
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Figure 7.3 MOSFET simplified high-frequency model. Assumes rd = rs = 0. 

 

 

 
 

Figure 7.4 MOSFET high-frequency amplifier with Miller effect capacitance. 
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and 2

t 1/ .f L  We can see that ft is strongly influenced by the channel length, L, 

because of this relationship. A higher unity-gain frequency can be achieved for a 

given MOSFET by increasing the bias current or the overdrive voltage. 

 

7.3.3 Common Source 

 

At high frequencies, the MOSFET behaves as illustrated in Figure 7.5. There are 

two significant capacitances that are present that limit the high-frequency 

performance: (1) Cgs, the gate to source capacitance, and (2) Cgd, the gate to drain 

capacitance. The model shown in Figure 7.5 includes the drain and source 

resistances. If we assume that d s 0r r= = then this model is that shown in Figure 7.4.  

 We assume a dominant pole introduced by Cgd in parallel with Cgs and get a 

pole in the amplifier transfer function as 

 

 H

T S

gs gd m L S

ds

1 1

1
[1 ( )]

C R
C C g R R

g

  =
 

+ + 
 

 

 

We see that the Miller effect has a significant effect on the input side of the 

amplifier, whereas there is little impact on the output side. 

 

 

 

 

 
 

Figure 7.5 MOSFET complete high-frequency model. gds is given by the slope of the ID versus Vds curve 

at the quiescent point and ds o1 / .g r=  The low- and mid-frequency model is obtained by removing the 

capacitors. 
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7.4 Common Source 
 

Like the common emitter BJT amplifier configuration, the common source 

MOSFET amplifier topology is perhaps the most prolific, for reasons discussed in 

this section. 

In a common source MOSFET amplifier, the source is shared between the input 

and output circuits and it is held at zero (AC) potential. The output of the amplifier 

is taken from the drain of the MOSFET, which is connected to bias voltage through 

a drain resistor, RD. The input is provided to the gate of the FET (see Figure 7.6). 

Such a configuration is typically used as a voltage amplifier. At low-frequency, the 

input impedance is very high due to the essentially zero gate current draw from the 

previous stage. 

Adding the resistance of a source, a biasing resistor to the gate over which to 

develop the MOSFET input voltage (rather than let it float to whatever value it wants 

to), and a resistor to represent the load impedance at the drain produces the circuit 

shown in Figure 7.7. 

The high-frequency model which adds the device input capacitance Cgs and the 

feedback capacitor Cgd is shown in Figure 7.8.  

 

7.4.1 CS MOSFET Characteristics 

 

The small-signal, low and midfrequency common source model of a MOSFET 

amplifier is shown in Figure 7.7 which is based on the simplified hybrid-π model 

shown in Figure 7.2. Using this model, the circuit is shown in Figure 7.8 with the 

characteristics are described in this section. 

 

 

 

 
 

Figure 7.6 Basic N-channel MOSFET common source circuit (neglecting most biasing details). 

 

http://en.wikipedia.org/wiki/Biasing
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Figure 7.8 CS equivalent circuit of the circuit shown in Figure 7.7. 

 

 
 
Figure 7.7 CS equivalent circuits with one form of biasing. 
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7.4.1.1 Midband Voltage Gain 

 

The midband voltage gain is given by 

 

L

G

M m

G Src

R
A g R

R R
= −

+
 

 

where 

 

 
L o D LR r R R =   

 

and where its frequency response is given by 

 

 

gd

M

mo

V 2

Src

1

1

C
A s

gV
A

V s s 

 
− 

 
= = −

+ +
  (7.1) 

 Src G L L

m L gd gs

Src G Src G

1
R R R R

g R C C
R R R R


     

= + + + +    
+      

  

 L Src G

gd gs

Src G

R R R
C C

R R



=

+
  

 

The amplifier high-frequency cutoff frequency is given by 

 

 ( ) L

1

H Src G m gd gs
ω 1R R g R C C

−

 =   + +   
  

 

The CS amplifier has one zero and two poles at higher frequencies. The 

amplifier gain falls off at frequencies beyond midband. The amplifier bandwidth is 

defined by the 3-dB frequency that is typically evaluated by the dominant pole (that 

is, the lowest frequency) in the transfer function. The dominant pole is normally 

determined by the Miller effect capacitance C given by 

 

 μ gd m L(1 )C C g R= +   
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7.4.1.2 Short-Circuit Current Gain 

 

Without RG, Ii = 0, and this is a meaningless parameter. With RG present all of the 

input current flows through it, so Ri = RG. 

 

7.4.1.3 Open-Circuit Voltage Gain 

 

The midband  impedance 

 

 
m

V

Src

,
L

G

g R

R R
A

+
= −  

 
D

m Src

Src

1
R

g R
R

 −   (7.2) 

 

7.4.1.4 Input Resistance 

 

Without RG, Ii = 0 and, the input resistance is given by 

 

 iR =   (7.3) 

 

7.4.1.5 Output Resistance 

 

The output resistance is given by 

 

 

 o DR R=  (7.4) 

 

7.4.2 Source Degeneration. 

 

Adding a source resistance increases the stability of the CS MOSFET amplifier. 

This topology is shown in Figure 7.9. We use the hybrid-π model to analyze this 

amplifier and ignore ro of the FET. The model is shown in Figure 7.10. ro is 

generally very much larger than the other resistors in the drain circuit so this is an 

acceptable assumption and leads to little error in most cases. 

 

7.4.2.1 Current Gain 

 

The AC current gain of the CS MOSFET amplifier with source degeneration is 

given by 



MOSFET Amplifiers 

 

281 

 

  

  

 
 

Figure 7.10 MOSFET source degeneration small signal parameters. 
 

 

 
 

Figure 7.9 Basic N-channel MOSFET common source circuit with source degeneration. 
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o Gm D

I

i D L m S1

I Rg R
A

I R R g R
= = −

+ +
       (7.5) 

 
7.4.2.2 Voltage Gain 

 

The AC voltage gain of the CS MOSFET amplifier with source degradation 

included is given by 

 

                       
( )m D LG

V

G Src m S1

g R RR
A

R R g R
= −

+ +
 (7.6) 

 
( )D LG

m S

G Src S

1
R RR

g R
R R R

 − 
+

 (7.7) 

  

Thus, we see that when m S 1,g R  the voltage gain becomes independent of the 

MOSFET characteristics. This is a major benefit of using source degeneration. 

 Conversely, without RS (RS = 0), we see from (7.6) that AV is proportional to gm 

and is directly dependent on the physical properties of the transistor (and biasing) 

because 

 

 d

m n gs t

gs

( )
I W

g k V V
V L

= = −'   (7.8) 

  

in the case of an NMOS device. 

 The price we pay for this desirable behavior in (7.7), where AV is not dependent 

on gm, is a reduced value for AV. This AV is largest when RS = 0, as we can see from 

(7.6). 

 

7.4.2.3 Input Resistance 

 

Since ii = 0, then 

 

 i GR R=  (7.9) 

 

7.4.2.4 Output Resistance 

 

From Figure 7.10, with VSrc = 0, then I must be zero, leading to 
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 o DR R=  (7.10) 

 

7.4.3 CS MOSFET Amplifier Frequency Response 

 

The high-frequency CS MOSFET amplifier topology is shown in Figure 7.11. This 

model includes the capacitance between the gate and drain, which forms a feedback 

path. 

 

7.4.3.1 Bandwidth 

 

At higher frequencies the internodal capacitances establish the frequency response. 

In particular, the Miller effect capacitance from the drain to the gate dominates the 

cutoff frequency. Other parasitic capacitances can frequently be neglected because 

they have only a minor effect on bandwidth in comparison to the Miller effect 

capacitance. 

The bandwidth of the common source amplifier tends to be low, due to high 

equivalent input capacitance resulting from the Miller effect. The gate-drain 

capacitance is effectively multiplied by the factor v1 ,A+ thus increasing the total 

input capacitance and lowering the overall bandwidth. Figure 7.11shows the high-

frequency small-signal model when a load resistor RL is added at the output node 

and a driver of applied voltage VS and series resistance RS is added at the input. The 

limitation on bandwidth in this circuit stems from the coupling of parasitic transistor 

capacitance CGD between gate and drain and the series resistance of the source RS.  

Incorporating the Miller capacitance, the circuit of Figure 7.11 is transformed 

to that of Figure 7.12, which shows the Miller capacitance C on the input side of 

the circuit. C is given by 

 

 
gd D

gd gd

gs G

1
V V

C C C
V V



 
= = − 

 
 

 

 
 

Figure 7.11 High-frequency, small-signal model for N-channel MOSFET common source amplifier. 

 
 

 

http://en.wikipedia.org/wiki/Bandwidth_%28signal_processing%29
http://en.wikipedia.org/wiki/Miller_effect
http://en.wikipedia.org/wiki/Parasitic_capacitance
http://en.wikipedia.org/wiki/Parasitic_capacitance
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where 

 

 
D

m o L

G

( )
V

g r R
V

 −  (7.11) 

 

yielding 

 

 
gd m o L[1 ( )]C C g r R = +  (7.12) 

  

The gain m o Lg r R is large for large RL, so even a small parasitic capacitance Cgd 

can have large influence in the frequency response of the amplifier. In addition, if 

the input capacitance, Cgs, is taken into effect it is simply added to the value of C, 

further reducing the bandwidth.  

From Figure 7.12, the gate voltage is related to the input signal level by 

 

 G Src

Src

1

1
V V

j C R

=
+ 

 (7.13) 

 

By convention, the bandwidth (also called the 3-dB frequency) is the frequency 

where the signal drops to 1/ 2  of its low-frequency value. A reduction to 1/ 2

occurs when S 1,C R = making the voltage gain at ω3dB G Src/ 1/ (1 )V V j= + where 

1 2.j+ =  As a result the 3-dB frequency, f3dB, is given by (including Cgs) 

 

 3dB

Src gs gd m o L

1

2 { [1 ( )]}
f

R C C g r R
=

 + +
 (7.14) 

 

 
 
Figure 7.12 Small-signal model for N-channel MOSFET common source amplifier using Miller’s 

theorem to introduce Miller capacitance C . 

 

 
 

 

http://en.wikipedia.org/wiki/Bandwidth_%28signal_processing%29
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We can see that the bandwidth as indicated by f3dB becomes larger if the source 

resistance RSrc is small, so the amplification of the capacitance caused by the Miller 

effect has less effect upon the bandwidth. Thus adding a voltage-follower (discussed 

later) between the driver and the common source stage reduces the bandwidth 

limiting effects of the Miller capacitance. 

 

7.4.3.2 MOSFET Cutoff Frequency 

 

The short-circuit current gain of the MOSFET high-frequency model is given by 

 

 m

I

gs gd( )

g
A

j C C

−
=

 +
 (7.15) 

 

The cutoff frequency of a MOSFET is where AI = 1. Thus, by rearranging (7.15) we 

get 

 

 m

t

gs gd2 ( )

g
f

C C

−
=

 +
 (7.16) 

 

Realistic cutoff frequencies must also include the parasitic and fringing 

capacitances, Cp, which add to the gate capacitance so that 

 

 m

t

gs gd p2 ( )

g
f

C C C

−
=

 + +
 (7.17) 

 

7.4.3.3 Low-Frequency Response of the Common Source Amplifier 

 

The common source amplifier topology and its equivalent circuit are shown in 

Figure 7.13. Using small-signal analysis, we get the following 
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so 
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 p1
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The drain current is given by 
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so 

 

 
m
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S
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The output voltage is given by 
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so 

 

 
 
Figure 7.13 Common source: (a) circuit and (b) small signal equivalent. 
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 p3

C2 D L

1

( )C R R
 =
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Thus, we have 

 

 
m G D Lo

Src G Src p1 p2 p3

Midband gain

( )g R R RV s s s
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= −    

   + +  +  +    
 

 

and 

 

 
m G D L

M

G Src

( )g R R R
A

R R
= −

+
 

 

 

7.5 Common Drain  
 

The common drain (also known as the source follower) is architecturally similar to 

the BJT emitter follower. The input signal is applied to the gate and the output is 

taken from the source—that is, connected to ground through the source resistor (see 

Figure 7.14). The drain is common to both the input and output and is connected to 

VDD (zero RF voltage). As with BJT emitter follower, this configuration is typically 

used as a voltage buffer and impedance transformation module.  

 The input impedance is that of the gate of an MOSFET, ideally infinite but at 

least very large (at low-frequency anyway). The source follower places very little 

load on the previous circuit due to this high impedance. On the other hand, the output 

 
 

Figure 7.14 Basic enhancement-mode N-channel MOSFET source follower circuit (neglecting most 

biasing details). 
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impedance is low, making the source follower an excellent voltage source for the 

following stage. Low impedance sources for amplifiers is normally a desirable 

characteristic. 

 

7.5.1 Characteristics of the Source Follower 

 

At low frequencies, the source follower (see Figure 7.14) has the following small 

signal characteristics. 

 

7.5.1.1 Short-Circuit Current Gain 

 

Since Ii = 0, this parameter makes no sense. 

 

7.5.1.2 Open-Circuit Voltage Gain 

 

The open-circuit voltage gain is given by 

 

 

L

o m S

V

i m S 1
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V g R
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V g R
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= =
+

 

 m S1 1g R   (7.18) 

 

7.5.1.3 Input Resistance 

 

Since Ii = 0,  

 

 iR =   (7.19) 

 

7.5.1.4 Output Resistance 

 

The output resistance of the CD amplifier is given by 

 

 o Src m(1/ )R R g=  

 m Src

m

1
1g R

g
   (7.20) 
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7.5.2 MOSFET CD High-Frequency Response  

 

7.5.2.1 Voltage Gain 

 

Consider the high-frequency small-signal model shown in Figure 7.15. Solving for 

the voltage gain AV(s) = Vo/Vi yields 
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 (7.21) 

 

The zero is due to Cgs that directly couples the input to the output. If the poles are 

far apart, then the s term in the denominator represents the dominant pole: 
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Figure 7.15 MOSFET source follower at high-frequency: (a) circuit and (b) equivalent circuit. 
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7.5.2.2 Common-Drain Amplifier High Cutoff Frequency ωH 

  

In this section we determine an estimate of the high cutoff frequency of the CD 

amplifier with the topology shown in Figure 7.16.  

 

Example 7.1: We will derive an expression for the high cutoff 

frequency and the bandwidth for the CD amplifier in Figure 7.16. 

We will assume that gm = 1 mA/V. Note that since the drain is 

grounded CGD
 
can be redrawn as in Figure 7.17.  

The small-signal circuit can be simplified in obvious ways as 

shown in Figure 7.18 yielding  
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and 
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From Figure 7.18 the resistance seen across the terminals of 

Cgs may be calculated using Figure 7.19 as  

 

x

gso

x

V
R

I
=  

 
 
 Figure 7.16 Common drain amplifier circuit. 
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Figure 7.18 Simplified circuit to calculate the high-frequency response of the CD amplifier.  

 

 

 

 
 
Figure 7.17 The CD amplifier in Figure 7.16 redrawn with the transistor replaced by its high-frequency 

small signal model.  
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 x g S x eq m x x L S( )( )V V V I R g V I R R= − = − −   

 x m L S x eq L S[1 ( )] [ ( )]V g R R I R R R+ = +   

 
eq L Sx

gso

x m L S

( )

1 ( )

R R RV
R

I g R R

+
= =

+
  

  

so the time constant associated with Cgs
 
is 

gs gso .C R  

For Cgd
 
the resistance seen across the capacitor terminals may 

be calculated from Figure 7.20. Once the current source between 

G and D is removed, CD

iR becomes an open circuit, which yields 

 

 
CD

gdo eq i eqR R R R= =  

 

so the time constant associated with Cgd
 
is gd eq .C R

 
 

The high cutoff frequency is 

 

H 2

gso gs gdo gd eq
o

gs gd eq
1

m

L S

L S

1 1 1
ω

( )

1 ( )
i i

i

R C R C R R RR C C C R
g R R=

= = =
+  +

  +
 + 


 

 

 
 
Figure 7.19 Circuit used to calculate the open-circuit time constant associated with Cgs.

 
 

 

 

 



MOSFET Amplifiers 

 

293 

Note that this expression may be obtained from that for the BJT 

common collector by setting rπ as infinite and rx as zero in the 

final expression.  

 The bandwidth is approximated by assuming that L is near 

zero so that 

 

 
H L Hω ω ω

2π 2π
W

−
=   

 

We can see that the bandwidth of the CG amplifier is much higher than that of 

the CS amplifier. This is due to the absence of the Miller’s capacitance associated 

with the CS configuration.  

  

7.5.2.3 CD High-Frequency Input and Output Impedances 

 

Since source follower amplifiers are often used as voltage buffers, the input and 

output impedances are important considerations. We will calculate the input and 

output impedances in this section. 

 The input impedance is calculated by using the high-frequency small-signal 

model shown in Figure 7.3. This impedance is the impedance looking into the input 

port, which is comprised of just Cgs—see Figure 7.21. The result is 

 

 m

i

gs gs mb L

1 1
1

g
Z

sC sC g sC

 
= + + 

  + 

 (7.22) 

 
 

Figure 7.20 Circuit used to calculate the open-circuit time constant associated with Cgd.
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The output impedance (ignoring gmb for simplicity), Zo, is shown in Figure 7.22 

and we get 

 

 
Src gs

o

m gs

1R sC
Z

g sC

+
=

+
 (7.23) 

 

Thus, at low-frequency, o m1/ ,Z g  and at high-frequency, o Src.Z R  The shape 

of the response depends on the relative size of RSrc and 1/gm. Two examples of Zo 

response are shown in Figure 7.23. In addition, Zo can look inductive or capacitive 

depending on 1/gm and RSrc. 

 

7.5.2.4 Common-Drain Amplifier Low Cutoff Frequency ωL
 
Estimation  

 

Example 7.2: In this section the low cutoff frequency of the CD 

amplifier shown in Figure 7.16 will be estimated using the SCTC 

method. We will assume that the MOSFET is biased such that gm 

= 1 mA/V.  

 
 
Figure 7.22 MOSFET CD Zo. 

 

 
 

Figure 7.21 MOSFET CD Zi. 
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For C1
 
the resistance seen across the capacitor terminals may 

be calculated from Figure 7.24  

 

 
i

CD

1S Src G Src G( )R R R R R R= + = +  

 

and the time constant associated with C1
 
is 1 1S.C R

 
 

The resistance seen across C2 may be calculated from Figure 

7.25 yielding 

  

 
CD

2S L S o L S m( ) (1/ )R R R R R R g= +  +     

 

and the time constant associated with C2
 
is C2R2S.

 
 

The low cutoff frequency is calculated as: 

  

 
 

Figure 7.24 Circuit used to calculate the short-circuit time constant associated with C1. 
 

 

 

 
 
Figure 7.23 MOSFET CD Zout plots. 
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2

L

1 S 1 Src G

2 L S

m

1 1 1

( ) 1i i iR C C R R
C R R

g

=

 = = +
+   

+  
  

  

 41 0.9 41.9rad/sec= + =  

 

7.6 Common Gate 
 

The common gate configuration shares the gate between the input and output loops. 

They are generally used as impedance transformation circuits. 

The common gate amplifier configuration, shown in Figure 7.26, also serves as 

a voltage amplifier or a current buffer. The gate is shared with the input applied to 

the source node of the MOSFET and the output taken from the drain. In the topology 

shown in Figure 7.26, current source ID represents an active load, as we discussed 

in Chapter 4. The signal to be amplified is applied at node Vi and the output is taken 

from node Vo. The output can be current or voltage. 

This configuration is especially useful in implementation of CMOS RF 

applications when approaching the frequency limitations of the FETs because of the 

ease of impedance matching and potentially lower noise. However, it is used less 

often than the common source or source follower. 

 

7.6.1 Low-Frequency Characteristics 

 

Some of the ideal characteristics of the CG amplifier are given below, based on the 

model shown in Figure 7.27 where the hybrid-π model for the MOSFET has been 

  

 
 

Figure 7.25 Circuit used to calculate the short-circuit time constant associated with C2. 
 

 

http://en.wikipedia.org/wiki/Active_load
http://en.wikipedia.org/wiki/Impedance_matching
http://en.wikipedia.org/wiki/Electronic_noise
http://en.wikipedia.org/wiki/Common_source
http://en.wikipedia.org/wiki/Source_follower
http://en.wikipedia.org/wiki/Hybrid-pi_model
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Figure 7.27 Small-signal low-frequency hybrid-π model for CG MOSFET amplifier driven by a Norton 

signal source. 

 

 
 

 

 
 

Figure 7.26 N-channel common gate circuit (neglecting most biasing details); with an active load. 

 
 

 

http://en.wikipedia.org/wiki/Hybrid-pi_model
http://en.wikipedia.org/wiki/Norton%27s_theorem
http://en.wikipedia.org/wiki/Norton%27s_theorem
http://en.wikipedia.org/wiki/Biasing
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employed. The approximate expressions are based on the (commonly true) 

assumptions that ro >> RL and gmro >> 1. 

 

7.6.1.1 Current Gain 

 

The current gain including the loading effects of RD is given by 

 

 
o D

i

i D L

I R
A

I R R
= =

+
 (7.24) 

 

From (7.24) we get the short-circuit current gain by letting RL = 0, which is the same 

as assuming an active load (rather than RD). It is given by 

  

 

L

o

I

Src 0

1

R

I
A

I
=

= =  (7.25) 

 

7.6.1.2 Voltage Gain 

 

The voltage gain including input and output loading provided by RSrc, RD, and RL is 

given by 

  

 m D L

m Src

o
v

S

( )

1

V
A

V

g R R

g R
= =

+
 (7.26) 

 

Because the input impedance of the common gate amplifier is very low, like 

the CB BJT amplifier, the cascode amplifier often is used instead. The cascode 

places a common source amplifier between the voltage driver and the common gate 

circuit to permit voltage amplification using a driver with RSrc >> 1/gm. We discuss 

the cascode amplifier later. 

The open- circuit voltage gain is when LR → in (7.26) and is given by 

(with RD) 

 

                    

L

m Do
v

S m Src1
R

V
A

V

g R

g R
=

= =
+

 

 
m D m Src

D Src m Src

1

/ 1

g R g R

R R g R


 


 (7.27) 

 

http://en.wikipedia.org/wiki/Cascode
http://en.wikipedia.org/wiki/Common_source
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With an active load, RD is replaced by o o,load .r r  

 

7.6.1.3 Input Resistance 

 

The input resistance for the MOSFET CG amplifier is given by 

 

                                    
S L o

i

Src m o 1

V R r
R

I g r

+
= =

+
 

 o L m o

m

1
and 1r R g r

g
    (7.28) 

 

7.6.1.4 Output Resistance 

 

Since we are assuming an active load for the MOSFET, as we discussed above, the 

equivalent resistance of the active load is ro,load. From the small-signal circuit above, 

with VS = 0 we find that I = 0 since the gate is grounded. Consequently, the output 

resistance is given by 

 

 o o,load oR r r=  (7.29) 

 

If the load is RD rather than an active load, then 

 

 o DR R=  (7.30) 

 

In general the overall voltage/current gain may be substantially less than the 

open/short-circuit gains listed above (depending on the source and load resistances) 

due to the loading effect. 

 

7.6.2 Common-Gate Amplifier Low Cutoff Frequency ωL
 
Estimation  

 

In this section the low cutoff frequency of the CG amplifier shown in Figure 7.28 

will be estimated. We do this by way of an example.  

 

Example 7.3: We will assume that the MOSFET is biased where 

gm = 1 mA/V.  For C1
 
the resistance seen across the capacitor 

terminals may be calculated from Figure 7.29.  

 

 ( )CG

1S Src S i Src S m(1/ )R R R R R R g= + = +     

http://en.wikipedia.org/wiki/Loading_effect
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Figure 7.29 Circuit used to calculate the short-circuit time constant associated with C1. 

 

 

 
 

 

 
 

 

Figure 7.28 Common gate amplifier circuit. 
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so the time constant associated with C1 is 1 Src S m(1/ ) .C R R g +     

For C2
 
the resistance seen across the capacitor terminals may 

be calculated from Figure 7.30. 

 
CG

2S L D o L D o( ) ( )R R R R R R r= +  +  

L DR R +  

 

using Miller’s theorem and assuming high gain. So the time 

constant associated with C2 is C2(RL + RD).  

The low cutoff frequency is  

 

 
2

L

1 S 1 Src S m 2 L D

1 1 1
ω

[ (1/ )] ( )i i iR C C R R g C R R=

 = +
+ +

  

 197.5 10 207.5rad/sec= + =  

 

Note that since the input resistance of the CG amplifier is higher 

than that of the CB amplifier (since the transconductance of the 

MOSFET is less than that of the BJT), the low cutoff frequency 

will be lower in the CG amplifier compared to the CB amplifier 

for the same capacitance and resistance values.  

 

7.6.3 MOSFET CG High-Frequency Response 

 

One way to avoid the frequency limitations of Miller multiplication of CGD is to 

utilize a CG amplifier configuration as shown in Figure 7.31. We use the same basic 

 
 
Figure 7.30 Circuit used to calculate the short-circuit time constant associated with C2. 
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model for the MOSFET but the input is changed to the source. This configuration 

has two time constants: 

 

At the input (source node) 

 

 
S

S

Src m mb1/

C

R g g
 =

+ +
 

 

At the output (drain node) 

 

 D D DC R =  

 

The output drives additional load capacitance such that the output pole is dominant. 

The frequency response of CG amplifiers is then combined with a CS stage to form 

a cascode amplifier discussed later. 

 
7.6.3.1 Common-Gate Amplifier High Cutoff Frequency ωH

 
Estimation 

  

In this section we will develop the estimated high cutoff frequency expression using 

the OCTC method for the CG amplifier in Example 7.3. 

 

Example 7.4: The CG amplifier is redrawn for small-signal 

analysis as shown in Figure 7.32 by replacing the transistor in 

Figure 7.28 by its high-frequency small-signal model. All the 

coupling and bypass capacitors are considered short circuits due 

to the high-frequency as well.  

 
 

Figure 7.31 MOSFET common-gate amplifier high-frequency model. 
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The small-signal circuit can be simplified as shown in Figure 

7.33. 

 

 
S

eq Src

Src S

R
V V

R R
=

+
 

 
Src S

eq

Src S

R R
R

R R
=

+
 

 

From Figure 7.33, the resistance seen across Cgs may be calculated 

using Figure 7.34. At the source node in Figure 7.34(b)  

 

 x

x m x

eq

V
I g V

R
= +  

so 

 

 
 

 

Figure 7.33 Simplified circuit to calculate the high-frequency response of the CG amplifier. 

 

 

 
 

Figure 7.32 The CG amplifier in Figure 7.28 redrawn with the transistor replaced by its high-frequency 
small-signal model  
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eqx

gso

x m eq1

RV
R

I g R
= =

+
 

 

and the time constant associated with Cgs
 
is

gs gso .C R
 
 

For Cgd
 
the resistance seen across the capacitor terminals may 

be calculated from Figure 7.35. Applying KVL  

 

 gs m gs eqV g V R− =  

 gs m eq(1 ) 0V g R+ =  

 

therefore 

 

 
gs 0V =  

 

 and 

 

 
 

Figure 7.35 Circuit used to calculate the open-circuit time constant associated with Cgd. 
 

 

 
 

Figure 7.34 Circuit used to calculate the open-circuit time constant associated with Cgs. 



MOSFET Amplifiers 

 

305 

 

 
x

gdo L D

x

V
R R R

I
= =  

  

So, the time constant associated with Cgd
 
is gd L D .C R R

 
 

The high cutoff frequency is 

 

 H 2

gso gs Do gd eq
o

gs gd L D
1

m eq

1 1 1

1
i i

i

R C R C R
R C C C R R

g R=

 = = =
+  

+  + 


 

 

and 

 

 
H L Hω ω ω

2π 2π
W

−
=   

 

We can see that, like the CD topology, the bandwidth of the 

CG amplifier compared to the CS amplifier is again much higher. 

Again, this is because of the absence of the Miller’s capacitance 

associated with the common source configuration between the 

output and input nodes. 

 

 

7.7 MOSFET Cascode 
 

We will use the OCTC method to estimate the high-frequency response of the 

MOSFET cascode amplifier. A MOSFET cascode amplifier topology is illustrated 

in Figure 7.36, where the device capacitances have been made explicit. 

 

• Capacitance Cgs1 sees a resistance RSrc 

• Capacitance Cgd1 sees a resistance Rgd1 given by 

 

gd1 m1 d1 Src d1(1 )R g R R R= + +  

 

• Capacitance (Cdb1 + Cgs2) sees a resistance Rd1 

 

d1 o1 i2 o1 o2 L m2 o2[( ) / ]R r R r r R g r= = +  
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• Capacitance (CL + Cgd2) sees a resistance L oR R  

 

o o2 o1 m2 o2 o1R r r g r r= + +  

 

• Effective time constant 

 

 
H gs1 Src gd1 m1 d1 Src d1

db1 gs2 d1 L gd2 L o

[(1 ) ]

( ) ( )( )

C R C g R R R

C C R C C R R

 = + + +

+ + + +
 (7.31) 

 

• The upper 3-dB frequency 

 

 H

H

1

2
f =


 

 

 
 

Figure 7.36 Cascode amplifier. 
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 In the case of a large RSrc the first term in (7.31) dominates, especially if the 

Miller multiplier is large (typically with large RD1 and RL). A small RL (on the order 

of ro) is needed for extended bandwidth. The midband gain drops as the value of RL 

decreases—thus we see a trade-off between gain and bandwidth. 

 If RSrc is small the first term in (7.31) becomes negligible and the third term 

dominates. A large RL (on the order of A0ro) can be used to boost the amplifier gain. 

In the case of zero RSrc we have 

 

 H

L o L gd2

1 1

2 ( )( )
f

R R C C


 +
 

 m

t

L gd2

1

2

g
f

C C


 +
 

 

 A comparison of the cascode MOSFET topology with the MOSFET CS 

configuration is shown in Figure 7.37. We can see that the low-frequency gain of 

the cascode topology is higher than that of the CS. On the other hand, the 3-dB 

bandwidth of the CS is larger. 

 

 

7.8 Concluding Remarks 
 

MOSFET Transistor Amplifier Summary 

 

The summary of the MOSFET amplifier configurations shown in Figure 7.38 is 

contained in Table 7.1. 

 

 
 
Figure 7.37 MOSFET Cascode CS comparison. 

 



RF Electronics for Electronic Warfare 

 

308 

 

  

 
 

Figure 7.38 MOSFET  summary. 

 

Table 7.1 MOSFET Amplifier Configuration Characteristics 

 
Characteristic Common Gate Common Source Common Drain 

Input impedance Low/moderate Very high Very high 

Output impedance Medium/high Medium/high Low 

Phase shift 0o 180o 0o 

Voltage gain High Medium/high Low 

Current gain Low Very high Very high 

Power gain Low Very high Very high 
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Chapter 8 
 

 

Active Device Biasing 
 

 

8.1 Introduction 
 

As mentioned previously, biasing is an integral part of amplifier (any electronic 

circuit really) design. Biasing a circuit places the quiescent operating points of 

active devices where they need to be in their characteristic curves to obtain the 

desired operating feature. We address an introduction to biasing techniques for BJT 

and MOSFET amplifiers in this chapter; however, just as in any design effort, the 

coverage is not comprehensive. For those who wish to pursue more details on 

semiconductor biasing methods [1 – 3] are recommended. 

This chapter is structured as follows. We begin the discussion of bias 

approaches considering the BJT RF amplifier. We put forth five methods of biasing 

and discuss the merits of each. We then cover biasing MOSFET devices for the RF 

amplifier function. Due to their much higher input impedance, bias circuit design 

for MOSFETs is much simpler than for BJT devices. Next, we discuss biasing both 

circuit types with passive components, followed with a discussion on biasing with 

active circuits. The chapter concludes with a brief introduction to biasing MMIC 

amplifiers. 

 

 

8.2 BJT Amplifier Biasing 
 

The quiescent bias points for these classes of BJT amplifier are depicted in Figure 

4.2, repeated here as Figure 8.1. 

The most predominant biasing schemes used to obtain both temperature 

stabilization and single-supply operations are: 
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• Base-biased emitter feedback; 

• Voltage-divider emitter feedback; 

• Collector-feedback; 

• Diode feedback; 

• Active-feedback bias. 

 

All five are found in Class A and AB operation, while Class B and C amplifiers can 

implement other methods. We discuss these methods below. 

 

8.2.1 Base-Biased Emitter Feedback 

 

Base-biased emitter feedback works in the following way (Figure 8.2): The base 

resistor (RB), the 0.7 V base-to emitter voltage drop (VBE), and the emitter resistor 

(RE), are all in series. As the collector current (IC) increases due to a rise in the 

transistor’s temperature, the current through the emitter resistor will also increase, 

which increases the voltage dropped across RE. This lowers the voltage that would 

normally be dropped across the base resistor and, since the voltage sum around a 

closed loop must always equal zero, this reduction in voltage across RB decreases 

the base current, which then lowers the collector current. 

The emitter capacitor (CE) across RE bypasses the RF signal around the emitter 

resistor to eliminate RF gain degeneration by RE. The higher the voltage across RE 

(VE), the more temperature stable the amplifier, but the more power will be wasted 

 

 
 

Figure 8.1 Quiescent points. 
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in RE due to 
2

E E/ ,V R as well as the decreased AC signal gain if RE is not bypassed 

by a low reactance capacitor. 

Typical values of VE for most HF amplifiers are between 2 to 4V to stabilize 

ΔVBE. UHF and higher frequency amplifiers normally avoid these emitter resistors 

completely. 

 

8.2.2 Voltage Divider Emitter Feedback 

 

The voltage divider emitter feedback configuration is shown in Figure 8.3. The roles 

of RC, RE, and CE are the same. R1 and R2 form the necessary base bias current. Some 

low-frequency high gain intermediate frequency (IF) amplifiers will split the single 

emitter feedback resistor (RE) into two separate emitter resistors, with only one of 

these resistors having an AC capacitor bypass, while the other one is providing 

constant degenerative feedback to enhance amplifier stability reducing the chance 

of oscillations. This topology allows solid setting of the gain of the amplifier by just 

changing the value of R4. This topology is depicted in Figure 8.4. 

 

8.2.3 Diode Temperature Compensation 

 

For better temperature compensation the most common method is diode 

temperature compensation. Two diodes, D1 and D2, attached to the transistor’s 

heatsink or to the device itself, will carefully track the transistor’s internal  

 
 

Figure 8.2 Base-biased emitter feedback. 
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Figure 8.4 Stable IF amplifier. 

 
 

Figure 8.3 Voltage divider emitter feedback for a common emitter BJT amplifier. 
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temperature changes. This scheme is depicted in Figure 8.5. This is accomplished 

by the diode’s decrease in its internal resistance with any increase in heat, which 

reduces the diode’s forward voltage drop, thus lowering the transistor’s base-emitter 

voltage, and diminishing any temperature-induced current increase in the BJT. 

 

8.2.4 Collector Feedback 

 

A very low-cost biasing scheme for RF and microwave circuits, but with less 

thermal stability than above, is called collector feedback bias as illustrated in Figure 

 
 

Figure 8.6 Collector feedback bias. 

 
 

Figure 8.5 Diode temperature compensation bias. 
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8.6. The circuit employs only two resistors, along with the active device, and has 

very little lead inductance due to the emitter’s direct connection to ground. 

Collector-feedback bias temperature stabilization functions so as the 

temperature increases, the transistor will start to conduct more current from the 

emitter to the collector.  But the base resistor is directly connected to the transistor’s 

collector, and not to the top of the collector resistor as in the above biasing 

techniques, so any rise in IC causes more voltage to be dropped across the collector 

resistor. This forces less voltage to be dropped across the base resistor, which 

decreases the base current and, consequently, IC. 

 

8.2.5 Class C BJT Bias 

 

For bipolar transistors, class-C amplifiers permit the use of three biasing techniques: 

 

• Signal; 

• External; 

• Self-bias. 

 

8.2.5.1 Signal Bias 

 

Some class-C transistor amplifier are not given any bias at the base whatsoever, the 

so-called signal biased technique, but in order to lower the chances of any BJT  

 
 

Figure 8.7 Class C signal bias. 
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power device instability the base should be grounded through a low-Q choke, with 

a ferrite bead (FB) on the base lead’s grounded end as illustrated in Figure 8.7.  

These biasing techniques still require an RF signal with amplitude high enough 

to overcome the reverse (or complete lack of) bias at the class-C input. 

 

8.2.5.2 External Bias 

 

A less common method in class-C amplifiers is to use an external bias as illustrated 

in Figure 8.8. This circuit uses a negative bias supply to bias the base, and a standard 

positive supply for the collector circuit. The RFC acts as high impedance for the RF 

frequency itself so that it does not enter the bias supply. 

 

8.2.5.3 Self-Bias 

 

Self-bias of class C BJT amplifiers is the same as that shown in Figure 8.9, collector 

feedback bias. This bias technique utilizes the collector voltage to provide the 

necessary Vx and IB. See Figure 8.9. One important characteristic of this approach is 

that the collector has a higher potential than the base, thus guaranteeing active-mode 

operation of the BJT regardless of the value of β as the base bias is derived from the 

collector voltage. 

In this approach, since the base bias resistor, RB is connected to the collector, 

instead of to VCC, if the collector current increases, the collector voltage drops, 

reducing the base drive and thereby reducing the collector current. This is a form of 

negative feedback that tends to increase the stability of the amplifier. The opposite 

reaction occurs when the transistor’s collector current decreases. This method of 

biasing is called self-biasing, producing good stability for most amplifier designs. 

 To ensure proper bias the following guidelines should be followed: 

 

 
 

Figure 8.8 Class C external bias. 
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• 
C B /R R   

• 
BE CC BEV V V  −  

 

Significant variation to transistor parameters is common even among transistors of 

the same variety. These variations arise due to production variables as well as 

environmental conditions. This bias approach provides good insensitivity to 

variations in  as well as insensitivity to variations in VBE. It also produces decreased 

sensitivity to time and temperature variations as well. 

 

8.2.6 Transformer Biasing 

 

Transformers provide an alternative means of isolating the bias voltages between 

two amplifier stages, as opposed to using DC blocking capacitors. One example is 

illustrated in Figure 8.10. 

 This approach has the added advantage of providing wideband tuning of the 

amplifier stage. The transformers can be incorporated in the matching networks at 

both the input and output. 

 

8.2.7 Highly Stable Active Bias for High-Frequency Amplifiers 

 

The most common form of biasing RF circuits is the current mirror. This basic stage 

is used everywhere and it acts like a current source. It takes a current as an input and 

this current is usually generated, along with all other references, by a circuit called 

a bandgap reference generator. A bandgap reference generator is a temperature-

independent bias generating circuit that balances VBE dependence on temperature, 

to result in a voltage or current nearly independent of temperature. The most basic 

 
 

Figure 8.9 Self-bias. 
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current mirror topologies are illustrated in Figure 8.11. In this mirror, the bandgap 

reference generator produces current Ibias and forces this current through Q1. Scaling 

 

the second transistor allows the current to be multiplied up and used to bias working 

transistors.  

One major drawback to the circuit in Figure 8.11(a) is that it can inject a lot of 

noise at the output due primarily to the gain of the transistor Q1 which acts like an 

amplifier for noise.  A capacitor can be used to clean up the noise as in Figure 

 
 

Figure 8.10 Transformer coupled CE BJT. 

 
 

Figure 8.11 Current mirrors: (a) basic current mirror and (b) with de-noising capacitor C. 
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8.11(b), and resistor degeneration can be put into the circuit to reduce the gain of 

the transistor, also shown in Figure 8.11(b). 

With any of the mirror topologies, a voltage at the collector of NQ1 must be 

maintained above a minimum level or else the transistor will go into saturation. 

Saturation will lead to bad matching and nonlinearity. 

 

8.2.8 Temperature Reference Circuits 

 

The general method for making temperature independent references is to add a 

voltage that goes up with temperature to one that goes down with temperature. If 

the two slopes cancel, the sum will be independent of temperature. Such a 

temperature reference circuit is depicted in Figure 8.12. 

To realize this idea, bandgap voltage reference circuits are typically used. This 

produces an output voltage that is traceable to fundamental constants and therefore 

relatively insensitive to circuit variations, temperature, and supply. With proper 

choice of R1 and R2, the output voltage will have zero variation with temperature, 

providing at the same time (at the emitters of Q1 and Q2) a voltage proportional with 

temperature (thermometer output, Vtherm). 

Generally, the output impedance of the bias circuitry should be kept small in 

order to increase the linearity of the output bias stage. However, the output 

impedance is typically designed to have a large resistance in order to reduce the 

noise contribution from the bias circuitry, and to avoid significant loading on the RF 

 
 

Figure 8.12 Temperature reference circuit. 
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input port.  For example, using an inductor in the bias circuit to form low impedance 

near DC, and high impedance near the RF signal band. An RF choke (RFC) is 

sometimes used for this purpose; such devices are essentially short circuits at DC 

and open circuits at RF. 

 

8.2.9 BJT LNA Biasing 

 

It is difficult to compare different bipolar LNAs if the biasing arrangement is not 

mentioned. Using an external bias from an external power supply can increase the 

IIP3 of an LNA compared to an LNA with on-chip bias. 

 

8.2.9.1 Active Voltage-Feedback Bias 

 

The biasing scheme shown in Figure 8.13 uses two transistors (PNP and NPN) in a 

voltage-feedback scheme from the collector to the base of Q1. The voltage-feedback 

maintains the collector of the RF LNA Q1 at one-half the supply voltage plus one 

Vbe (about 0.4V). Transistor Q2 measures the voltage difference between the 

collector of Q1 and the center point of the two resistors R1 and R2, which is amplified 

and fed back to the base of Q1. Q1’s collector voltage holds accurately at half the 

 
 

Figure 8.13 Voltage feedback bias. 
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supply voltage plus one VBE because of the gain in the feedback loop. Gain changes 

with temperature in all of the transistors are corrected for, and no adjustable resistor 

is required. This bias circuit has to be carefully bypassed at both high and low 

frequencies as well, and for the same reasons. 

 

 

8.3 MOSFET Bias 
 

FET output operating characteristics are similar to those for the BJT. An example is 

shown in Figure 8.14 along with bias points.  Bias networks are used to put an FET  

at the intended quiescent operating point. For example, we might want to operate an 

FET in a PA at 12V VDS and at 50% of the saturated drain current (IDSS/2). This is 

the quiescent point. The same as in the BJT case, there are at least three ways to bias 

an FET amplifier to get to the intended quiescent operating point. 

One option is to have separate DC power supplies for the gate and drain 

connections, with the gate supply being adjustable, and ground the source. 

Grounding the source will provide the most gain and efficiency from the FET. In 

this case generally the gate bias supply is a fixed negative power supply around         

–5V, with an adjustable resistor-divider network being employed to supply the 

needed gate voltage.  

Another method of biasing an FET is with an active bias network, generally 

designed in a feedback configuration to maintain constant quiescent current. 

Common source FETs can utilize a common Class-A biasing technique called 

source bias, a form of self-bias, shown in Figure 8.15. With FETs, unlike BJTs, no 

gate current will flow with an input signal present, so the drain current will always 

 

 
 

Figure 8.14 FET output characteristics. 
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be equal to the source current. However, source current does flow through the source 

resistor RS, creating a positive voltage at the top of this resistor. Since the FET’s 

source is shared by both the drain and the gate circuits, and the gate will always be 

at 0V with respect to ground (since no gate current equals no voltage drop across 

RG), then the gate is now negative with respect to the common source. This allows 

the FET to be biased at its Class A, AB, or B quiescent currents ICQ’s, depending on 

the value chosen for RS, while a capacitor can be inserted across RS in order to 

restrain the bias voltage to a steady DC value and as an RF bypass for RS. The Source 

decoupling capacitor CS is required to ensure that there is no RF power loss on RS. 

A downside to using self-bias schemes is that amplifier efficiency is lost due to the 

voltage drop of the source resistor. 

 

8.3.1 FET Active Feedback Bias Example 

 

Consider the GaAs FET amplifier in Figure 8.16. With the components shown, this 

amplifier is designed for 423-MHz operation. When the DC current through diode 

D1 increases (due to temperature variation or change in device), the voltage drop 

across R3 increases which, in turn reduces VBE at Q1. The collector current of Q1 

drops, reducing the voltage drop across R8. This reduces VGS and ID of Q2 to correct 

for the initial change in current through D1. 

 

8.3.2 Biasing MOSFET Amplifiers 

 

Since MOSFETs have gate threshold voltages up to 5 to 6 volts, they require some 

gate bias voltage in most applications. They can be operated in Class C (zero gate 

bias), but at a cost of low power gain.  Zero bias is often used in amplifiers intended 

 

 
 

Figure 8.15 FET source bias; in this case a JFET. 
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for signals that do not need linear amplification (such as FM signals and some forms 

of CW signals), and efficiencies in excess of 80% are not uncommon. In Class B, 

the gate bias voltage is set just below the threshold, resulting in zero drain idle 

current flow. The power gain is higher than in Class C but the drain efficiency is 10 

to 15% lower. Class B is also suitable only for nonlinear amplification. Between 

classes of operation, we must decide whether the system has power gain to spare 

and how important efficiency is. At higher frequencies, such as UHF, a good 

compromise may be Class B or even Class AB. 

In Class AB, the gate bias voltage is somewhat higher than the device threshold, 

resulting in drain idle current flow. The idle current required to place the device in 

the linear mode of operation is usually given in a data sheet. In this respect, 

MOSFETs are much more sensitive to the level of idle current than are BJTs. They 

also require somewhat higher current levels compared to BJTs of similar electrical 

size. 

The temperature compensation of MOSFETs can be most readily accomplished 

with networks consisting of thermistors and resistors as illustrated in Figure 8.17  

(R3 is the symbol for a thermistor). The resistor network values must be determined 

according to the thermistor characteristics and the gFS of the FET. The changes in 

the gate threshold voltage are inversely proportional to temperature and amount to 

approximately 1 mV/°C. These changes have a larger effect on the IDQ of an FET 

with a high gFS than one with a low gFS. Unfortunately, the situation is complicated 

by the fact that gFS is also reduced at elevated temperatures, making the drain idle 

current dependent on two variables. 

 
 

Figure 8.16 GaAs FET LNA. Operation at 423MHz. 
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The thermistor is thermally connected to a convenient location in the heat 

source in a manner similar to that described for the compensating diodes with BJTs 

discussed earlier. 

 

8.3.3 Cascode MOS LNA Bias 

 

A cascode MOS LNA is shown in Figure 8.18. This amplifier is for 1.3-GHz 

operation with the component values given in the figure. Cascading transistor M2 is 

used to reduce interaction of the tuned output with tuned input. Transistor M3 

essentially forms a current mirror with M1. The current through M3 is set by the 

supply voltage and R2 in conjunction with VGS of M3. The bias resistor R1 is chosen 

 
 

Figure 8.17 Thermistor biasing of an FET amplifier. 

 
 

Figure 8.18 Cascode MOS LNA bias. Component values shown are for 1.3 GHz. 
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large enough that its equivalent noise current is small enough to be ignored. In a 50 

 system, values of several hundred ohms to kiloohms or so are adequate. 

 

 

8.4 Passive Bias Methods 
 

In some cases, bias stabilization may be accomplished with only passive circuit 

elements. An emitter or source resistor provides negative feedback to stabilize bias 

current. For example, as seen in Figure 8.19, RS is a self-bias resistor. Vgs = − ID RS 

in order to provide a negative gate-source voltage. If ID increases, Vgs decreases to 

compensate. But wiring inductance is introduced in the source circuit, even with a 

bypass capacitor across RS. This will become significant when 
m1/ (10 )L g →  

which is usually a very small inductance. 

Referring again to Figure 8.19, the BJT circuit uses the conventional 4 resistor 

bias approach where the emitter resistor provides negative feedback stabilization 

against drift of the bias point with temperature or device parameter variation from 

batch to batch of devices.  

But these circuits are not often used for RF applications because the biasing 

resistances load the circuit, reduce the gain, and introduce noise. Therefore, circuit 

techniques that permit use of a directly grounded source or emitter connection are 

preferred for high-frequency amplifiers when implemented using discrete 

components on PC boards. 

The MESFET (or JFET or PHEMT) circuit uses two power supplies when the 

source is grounded on a PCB because the threshold voltage of a typical microwave 

FET is negative. Microwave FETs are always N-channel.  

 
 

Figure 8.19 Passive bias circuits for (a) MESFET (depletion mode)/JFET and (b) BJT. 
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So, RFCs are used for biasing in some cases as shown in Figure 8.20. They 

provide low Z at DC and high Z at the design frequency and so gain is not usually 

sacrificed. The RF noise introduced is minimal. However, they always have 

resonances, so a complete RFC equivalent circuit model is essential if the circuit 

performance is to be accurately predicted. 

When possible, a better approach for bias insertion is to use the matching 

network itself to insert bias voltages. This is possible when a shunt shorted stub or 

shunt inductor is connected to the input or output terminals of the device without 

any series DC blocking or impedance matching capacitor. The grounded end is 

bypassed with a grounded capacitor with low impedance over the full range of 

frequencies (see Figure 8.21). 

Another bias insertion method that is widely used and more suitable for 

microwave circuits utilizes high impedance lines that are one-quarter wavelength at 

the design frequency. This is shown in Figure 8.22 as a bias feed for the drain. If a 

low impedance bypass capacitor is used to short the bias feed end, the λ/4 line 

transforms the short into an open at f0. An added bonus comes from short circuiting 

the even harmonics because the line has lengths of λ/2 at 2f0, λ at 4f0, and so forth. 

This can improve efficiency of some power amplifiers or can be used with a resistor 

to force the stability factor K to increase at 2f0 by killing high frequency gain with 

lossy loading. 

 

 

8.5 Active Bias Circuit 
 

Active devices are useful for providing bias levels in power amplifiers. We will 

demonstrate that here with an example shown in Figure 8.23. 

 
 

Figure 8.20 Example of GaAs or InP FET bias insertion using two power supplies and an RFC. 
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Figure 8.22 Bias insertion with quarter-wave high impedance line. 

 
 

Figure 8.21 Biasing through matching networks. Examples of lumped (input) and distributed element 

(output) matching are shown. 
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Example 8.1: We have shown in Figure 8.19 that passive biasing 

approaches using resistors can load an amplifier creating extra 

losses and add source or emitter inductance. From a performance 

point of view, the best practice is to directly ground the emitter or 

source for microwave amplifiers. But, grounding the emitter or 

source leaves the devices wide open to DC bias problems such as 

thermal runaway on the BJTs or temperature drift of the bias point 

for FETs. So, an active feedback circuit as shown in Figure 8.23 

is popular for biasing. An approach using a PNP transistor as 

shown is frequently adequately efficient. 

Q2 can be nearly any lower frequency PNP with adequate 

current capacity. VDS is set by the voltage divider as follows. 

 

 2

1 DD D1

1 2

R
V V V

R R

 
= − 

+ 
 

 

and 

 

 D1 be,Q2 0.7VV V= − =  

 

 
 

Figure 8.23 Active bias generator (Q1 on left) provides drain and gate voltages to the GaAs FET M1. 
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So 
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D1 provides for temperature compensation and can be a diode-

connected PNP of the same type as Q2. 

The DC feedback can be seen as follows: Suppose that 

  

1. ID increases (maybe due to temperature variation or 

change in device).  

2. Then, the voltage drop across R3 will increase, reducing 

Vbe,Q2. 

3. IC2 drops, reducing the voltage drop across R4. This 

reduces Vgs and ID to correct for the change in step 1. 

 

C1 and C2 are low-frequency bypass capacitors. These are 

typically polarized tantalum or electrolytic caps that are used for 

stability of the active bias circuit. C3 and C4 are high-frequency 

bypass capacitors. These must NOT be tantalum or electrolytic 

types, but must be high-quality ceramic chip caps with very-low 

series inductance. Any series L must be included as part of the 

matching network. 

R3C3 and R4C4 add two low-frequency poles to the feedback 

circuit of the active bias feedback system. We know that a second 

order FB system can be underdamped (ringing) or oscillatory if 

the phase margin is incorrect. For stability, a dominant pole 

should be created with one of the two RC networks with a time 

constant at least 10 times larger than the other. This provides 

nearly a 90o phase margin. 

 

While Example 8.1 implemented biasing for a MOSFET, a similar approach 

can be used for BJTs. Such an approach is illustrated in Figure 8.24. 
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8.5.1 DC Biasing of RF Feedback Amplifiers 

 

This approach provides good bias stability for microwave feedback amplifiers (see 

Figure 8.25). 

 

 
 

Figure 8.24 Active bias BJT. A similar active feedback approach can be used for biasing a BJT. 

 

 
 

Figure 8.25 Shunt-shunt feedback DC biasing example. 
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8.6 MMIC Amplifier Biasing 
 

A typical MMIC biasing scheme is illustrated in Figure 8.26. The current-biased 

MMIC will attempt to draw more current as the temperature rises. The biasing is 

primarily determined by the current, where the voltage is relatively unimportant. 

The effectiveness of this temperature bias control is dependent on the voltage drop 

across RBIAS, a value of up to 4V may be required for proper stabilization across a   

–25°C to +100°C temperature range.   

If RBIAS does not add up to 600 Ω or more, then the gain of the MMIC stage will 

suffer.  If RBIAS does not compute to be at or over 600 Ω, then an RFC should be 

added in series with RBIAS to increase the output to this value, or approximately 

BIAS L 600 .R X+    

These amplifiers are unconditionally stable at all frequencies, and they can be 

easily cascaded for higher gain. The inductor bias-feed circuit is preferable to obtain 

low-noise performance, high gain, and linearity. By using an inductor as the bias 

feed, the current becomes constant and can increase in the large-signal region to 

extend its output power. 

 

 

8.7 Concluding Remarks 
 

We have discussed biasing for transistor (BJT and MOSFET) amplifiers in this 

chapter. There is a plethora of methods available to accomplish this biasing. The 

methods we presented are only examples of the many approaches possible. These 

designs are only limited by to the imagination of the designer. 
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Figure 8.26 MMIC biasing (a) internal schematic and (b) actual components. DC blocking caps, RBIAS 
and RFC are external components. 
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Chapter 9 
 

 

RF Power Amplifiers 
 

 

9.1 Introduction 
 

The power amplifier (PA) in an EW system is used to amplify signals generated in 

the exciter to significantly higher power levels for radiation via the antenna, 

eventually to find their way into the target receivers. Such signals disrupt the 

operation of the adversary’s command and control communication system. 

The signals generated by this subsystem are emitted by the system with the 

intent of interfering with the opponent’s communications. As mentioned in Section 

1.4, such interference is, of course, on a noncooperative basis. Therefore, most of 

the time it is necessary to inject more energy into the target receiver than the target 

transmitter does. Typically (although not always) the cooperating transmitter and 

receiver are closer together than the EW system and the receiver. These factors, 

then, dictate that the EW system must emit considerably more raw power than the 

cooperating transmitter. 

 This chapter introduces the characteristics of RF and microwave power 

amplifiers. The microwave band is rather loosely defined, but most definitions have 

it starting at 300 MHz, the low end of the UHF frequency band. While we cover the 

basic introduction to these amplifiers here, for those interested in a more thorough 

treatment, [1] is recommended. 

 Whereas noise performance is paramount in the low-level wideband amplifiers 

discussed in Chapter 4, the attention shifts to nonlinear performance and its 

associated intermodulation performance, efficiency, and input/output impedance 

matching for power amplifiers. Heat removal also is an issue with PAs. The power 

amplifier (PA) is usually the last amplification stage before the signals are emitted 

from the antenna. Therefore, maximum power transfer into and out of the PA is 

important. 
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 There is a type of unwanted response in electronic systems that arises due to 

imperfections in the constituent components that make up EW systems. In 

particular, nonlinear responses of circuits generate unwanted spurious signals at the 

output. The sources of these spurious signals and the methods to reduce their impact 

are discussed in Chapter 11. 

This chapter is organized as follows. After this introduction, some definitions 

and general characteristics of RF amplifiers as they are used in EW systems are 

presented. The two principal types of amplifiers used in EW systems are the low-

noise amplifier (LNA) at the system input and the high-power RF amplifier used to 

transmit the jamming signal. Characteristics of these two types of amplifiers are 

discussed next. In general, EW systems must be broadband to cover a significant 

portion of the RF spectrum. The factors that limit the frequency response of 

amplifiers are then discussed. Lastly, some of the characteristics of RF and 

microwave amplifiers that are more or less unique to EW systems are presented. 

 

 

9.2 Power Amplifiers 
 

Consistent with discussions in Chapter 4, the common designations of RF PAs are 

classes A, B, AB, C, D, E, F, F−1, and S [2–5]. These classes define differences in 

the methods of operation, amplifier efficiency, linearity, and power-output 

capability. Classes A, B, AB, and C were discussed in Chapter 6, as they are classes 

that are not specifically focused on PA applications. The remainder of the classes 

are focused on PA applications and therefore are discussed in this chapter. The RF 

PA is one of the most critical building blocks in EW/RF transmitters and is also the 

most power-hungry component in the RF front end. 

An RF PA is a circuit that converts DC power into RF/microwave output power. 

The active components in RF PAs are FETs (of several varieties), BJTs (also of 

several varieties), and vacuum tubes. When originally discovered, RF power was 

generated by sparks and arcs. The triode vacuum tube (the triode is the simplest kind 

of vacuum tube that can amplify) was invented in 1906. Even though the transistor 

was invented in 1948, the vacuum tube was the main active component in RF PAs 

from about 1920 until the 1970s when the transistor PA became feasible. Vacuum-

tube PAs still dominate some applications such as high-power generation at the 

higher frequencies. Discrete solid-state RF-power devices appeared at the end of 

1960s with the introduction of silicon bipolar transistors. New kinds of transistors 

for PA application as well as for lower power uses are continuing to be discovered. 

Typically, one of the key characteristics of power amplifiers in communication 

EW systems is that they must operate over a wide frequency range. Communication 

EW systems must be designed to address a wide range of targets—the target array 

is typically not completely known ahead of time. A ground-based communication 



RF Power Amplifiers 

 

 

337 

 

EW system, for example, might be designed to cover the 20–150 MHz frequency 

range (higher than this limit becomes impractical for ground-based systems since 

RF signals do not propagate very well close to the surface of the Earth). Airborne 

EW systems, on the other hand, can have a substantially broader frequency range 

than this since they are not necessarily limited by the signal propagation 

characteristics close to the Earth. This broad frequency range makes the design of 

such amplifiers somewhat different from those found in the commercial 

marketplace. 

The basic topology of a single stage RF/microwave PA utilizing an N-channel 

MOSFET is illustrated in Figure 9.1. The amplifying device (an FET shown in this 

case) is placed between an input matching circuit and an output matching circuit. 

DC power, which provides bias voltages and currents, and which gets converted into 

the output RF power, is supplied though an RF choke, L2, whose purpose is to keep 

the RF signal within the PA from returning to the power supply–it is a low-pass 

filter in this function. There are two bias supplies shown in Figure 9.1. VDD supplies 

the voltage for the drain and VGG supplies the bias for the gate. VGG also is filtered 

by an RF choke (L1) whose purpose is the same as L2 for VDD. CG and CD are 

coupling capacitors to keep the bias voltages and currents isolated to this stage while 

the Cb capacitors provide for high-frequency filtering for this stage close to the 

components making up this stage. 

Sometimes there is more than one stage required to amplify weak RF signals to 

the power levels adequate for EW purposes. When this occurs matching between 

stages may or may not be used. However, it is highly desirable that a single power 

amplification stage be used when possible. This may be accomplished, for example, 

 
 

Figure 9.1 Basic topology of a PA (in this case using a MOSFET). 
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by using multiple power amplification stages in parallel, splitting the input signal 

for these stages, and combining their outputs. 

The matching circuits are necessary for proper termination and interfacing 

between stages or between the last stage and the output load. The impedances of 

active devices used in RF/microwave applications are in general different on the 

inputs and outputs. The input matching circuit matches the impedance level of the 

previous stage to the PA stage. This is usually to accomplish maximum power 

transfer. The load, which for an EW system PA is usually an antenna, is connected 

at the output of the output matching circuit. This matching circuit matches the load 

to the output of the active device, which are usually at different impedance levels. 

Again, this circuit is usually intended to accomplish maximum power transfer by 

providing a conjugate matching impedance to the load. 

 

9.2.1 Typical Solid-State Power Amplifiers 

 

For many years, solid-state amplifier designs were based solely on power BJT 

technology; however, power FET amplifying devices are also now used. Amplifiers 

using BJT power transistors are still used, however. Many of these component 

devices were designed to operate directly from 12.6 VDC (nominal) vehicular 

power sources, whereas, power FET’s classed at 25W or above usually require and 

allow higher operating voltages, complicating power supply requirements, 

particularly in mobile EW applications. For fixed installations or other tactical 

configurations where adequate space is available (i.e., shipborne) a power supply 

limitation is not necessarily as critical. 

RF power BJTs are available that produce from under 1 to 60 or more and 

power FETs can generate up to the 250Ws output and more. It is typical in BJT PA 

designs to use a single stage driver feeding hybrid splitters at the input to two or 

four “push-pull, parallel” devices and recombining the outputs using hybrid devices. 

Figure 9.2 shows a flow diagram of the typical arrangement of components in 

solid state amplifiers. The active devices are usually operated in class B mode, 

drawing very small amounts of current without a driving signal. Their operation is 

determined by drive level so the greater the amount of drive power, the greater is 

the DC current drawn from the power source. 

90° hybrid couplers can be used, or as shown in Figure 9.2, a Wilkinson design, 

using stripline elements. Two half wavelength 70 Ω lines provide 50 Ω source and 

output impedances over reasonable bandwidths. The load terminations are 100 Ω 

resistors, usually mounted on a heat sink that also is the sink for the active devices. 

The resistors dissipate little (theoretically no) power as long as the energy at their 

opposing ends are 180° out of phase and equal in voltage amplitude as long as circuit 

balance is maintained. 
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The dynamic impedance at both the input and output of these stage(s) will 

change as applied driving power changes. In an amplifier there is only a relatively 

narrow range of output levels for a particular dynamic operating impedance. Thus, 

class B and class C amplifiers must be designed to meet particular target output 

power levels, and can be expected to perform at their highest efficiency within a 

relatively narrow range of output power levels. 

Power FET amplifiers have the same considerations. Their input impedance is 

much higher than BJT amplifiers and correct input matching is even more critical if 

stable, low IMD performance is to result. If any amplifier is significantly 

overdriven, device failure often results. Overexcitation will result if excessive 

current is drawn by the BJTs or FETs, causing component failures and/or damage 

to circuit boards or other components due to the generation of excessive heat. 

Most power transistors employ multiple junctions on a single substrate. Partial 

component failure such as the failure of some of the internal junctions in a power 

transistor in a single-ended stage can lead to unpredictable performance and/or 

spurious signal generation. If the stage employs multiple transistors (i.e., a push-

pull stage) the failure of one device will result in significant circuit unbalance, 

normally causing total failure of the remaining device(s) and/or the generation of 

unwanted, spurious signals before complete failure occurs. 

 

9.2.2 Basic Power Modules 

 

High-gain amplifier stages tend to become unstable and oscillate with age and 

temperature variations. These oscillations produce unwanted spurious output 

 
 

Figure 9.2 Typical topology of a solid-state PA showing a single stage driving a push-pull stage which, 

in turn, is driving a quad stage arrangement of components. Q1–Q7 are power BJTs or MOSFETs while 
H1–H6 are hybrid couplers. H1–H3 function as splitters while H4–H6 function as couplers/combiners. 
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signals. Therefore, it is sometimes necessary to gang these circuits in series to 

achieve the necessary power output (see Figure 9.3). The individual circuits that 

form one element of this gang are called basic power modules. Forming the high-

power signal is done in stages with each stage contributing only a moderate amount 

of gain. Moderate gain amplifiers such as these are easier to design for stability and 

reliability than high gain stages.  

A parallel configuration for a high-power amplifier using relatively low-gain 

basic power modules and combiners for RF EW applications is shown in Figure 9.4. 

The input signal is routed through a splitter that could just be wires (but not 

necessarily). The splitter is often included for impedance matching. Once the signal 

is routed to the amplifiers, the outputs are combined to generate the high-power 

signal. 

Sometimes switches are added to this tree of amplifiers for more flexibility. If 

two or more signals at different frequencies are to be amplified, the amplifier tree 

can be split in half or some other combination in order to accomplish this.  

 It is not at all uncommon to power share the power amplifier in an EA system. 

Power sharing is splitting the available power from the amplifier between two or 

more signals at the same time. This allows a single amplifier to jam more than one 

signal simultaneously. Such sharing must be carefully managed, because the output 

Figure 9.4 Typical configuration of a high-power amplifier made up of basic power modules. 

 
 

Figure 9.3 Amplification chain using basic power modules. Each stage provides modest gain, while 

boosting the exciter signal to a level adequate for EA operations. 
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signal power per frequency decreases approximately as the square of the number of 

signals sharing the available power [6]. 

Power sharing places significant linearity constraints on the amplifiers in the 

chain. Nonlinear amplifiers generate frequency cross products that can occur at 

frequencies that interfere with friendly communications. Time-sharing of the power 

amplifier is also possible.  Time-sharing implies that the frequency of the signal 

source can be changed very rapidly. 

 

9.2.3 Broadband Power Amplifier Considerations 

 

It was noted in Chapter 4 that achieving a wide bandwidth in an amplifier is difficult 

to do. One approach to do so, however, is to use balanced amplifiers where two 

distinct amplification paths are implemented. The one amplifier is fed by the no shift 

output of a 90o hybrid while the second amplifier is fed by the output of the hybrid 

that has been shifted. Likewise, the outputs of the amplifiers are fed to a 90o hybrid 

that effectively removes the input phase shift. The advantage of doing this is to 

provide good impedance matching to the input and output and wide bandwidths are 

possible. 

 

 

9.3 Power Amplifier Parameters 
 

In this section we discuss some of the major parameters associated with PAs. 

 

9.3.1 Crest Factor 

 

The crest factor and peak-to-mean ratio are measures of the statistics and variability 

of a signal s(t). The crest factor (CF) is the ratio of the peak value of s(t) to its RMS 

value. Amplitude-symmetric square waves, or DC levels, have a crest factor of one 

since their peak value is equal to the RMS value. Other waveforms with more 

complex structures have higher crest factors. A sine wave has a crest factor of 2  

since peak RMS2 .s s=  

 Consideration of the CF in PAs is important for efficiency and compatibility 

issues. A PA is most efficient (highest level of conversion of primary power to 

output power) when it is operated just under its 1-dB compression point. This is the 

point of average power amplification. However, as the signal rises above that point, 

the PA becomes nonlinear in its amplification performance and this places unwanted 

energy into adjacent channels, thereby causing interference to other communication 

services that may be using that channel. This causes the amplifier to be biased 
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further down its characteristic curve, reducing efficiency while also reducing 

interference. 

 The peak-to-mean ratio (PMR) is the ratio of the peak power in s(t) to its RMS 

power. Typical values of PMR are in the range of 6-dB to 13-dB. 

 

9.3.2 Peak Envelope Power 

 

The peak envelope power (of a radio transmitter) is the average power supplied to 

the antenna transmission line by a transmitter during one radio frequency cycle at 

the crest of the modulation envelope taken under normal operating conditions. 

 

9.3.3 Stage Matching 

 

Whereas careful design of the input matching network is required to realize the 

desired noise characteristics of LNAs, in power amplifiers more emphasis is placed 

on optimizing the output matching network. This is because the signal levels at the 

input to PAs are usually of sufficient amplitude relative to the noise at that point. 

The low input impedance typical of bipolar power devices, however, creates special 

problems that require special treatment in the input matching network for wideband 

amplifiers. 

A key issue for multistage amplifiers is the ability to cascade individually 

designed stages without a requirement for retuning or redesign to account for the 

characteristics of the driving or following stages. In many cases, the use of balanced 

amplifiers permits the benefit of 3-dB coupler interstages, which direct reflected 

power to the isolated port rather than the driving stage. As we will see later, there 

are special problems of nonlinear oscillations arising from interaction between 

signal harmonics and modes of the output matching structure. 

 

9.3.4 Bias Circuits and Bias Circuit Instabilities 

 

Once the amplifier is designed, it remains to provide the dc bias voltages and 

currents required for the active device. This is no simple problem, as the 

arrangements to introduce the biases can disturb the functioning of the circuit. 

Generally, high impedance microstrip traces can be used as decoupling inductors, 

but caution must be exercised not to create a low-frequency oscillator circuit in the 

bias network. 

A common cause of trouble is the use of an inductor with a large bypass 

capacitor, which can create a resonator in the megahertz region that can support 

oscillation of the active element, which will have very high gain at lower 

frequencies. Bias-circuit instabilities are a common source of problems in amplifiers 

and other active circuits. These generally result from the use of inductors and 
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capacitors in the bias circuit without regard to resonances or situations where 180° 

phase shift can occur. 

Two examples of circuit configurations that can promote bias oscillations at 

low frequencies are (see Figure 9.5): 

 

• The use of an inductor with bypass capacitors on both sides as shown in 

Figure 9.5(a) to filter the DC supply to earlier stages of an amplifier; this 

can have 180° phase shift at a lower frequency where the active element 

has substantially more gain than at microwave frequencies. To avoid 

oscillations lossy inductors should be used, either because of resistive 

loading or by use of lossy ferrite cores to provide RF isolation. 

• The use of an inductor with a bypass capacitor to isolate dc supply input to 

the base or gate of the active element; this can form a resonator for lower 

frequency oscillations. The circuit in Figure 9.5(b) contains a resonant 

circuit consisting of the series inductor and capacitor that can result in 

parasitic oscillation; in this case, the small current required for base or gate 

bias permits the use of resistance in series with the inductor. A wire-wound 

resistor can be used to accomplish both functions at the same time. 

 

Even though we are addressing microwave amplifiers in this section, it is 

generally useful to sketch the low-frequency equivalent circuit to be sure that no 

instabilities can exist. Lossy elements are required to guarantee stability in the bias 

circuit. In the past, for economic and reliability reasons, emphasis was placed on 

using the minimum number of components. Integrated circuits have superseded this 

concept, and active feedback bias circuits are generally used to insure the stability 

of device operating conditions. 

 

 
 

Figure 9.5 (a, b) Parasitic bias. 
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9.3.5 Efficiency 

 

Efficiency is a measure of how well a device, component, or system converts energy 

from one form to another. The efficiency of a power amplifier in an RF EW system 

reflects its ability to convert prime power, such as from a generator, into power out 

of the amplifier that can be radiated. Typically, such efficiencies are not very high. 

Achieving a system efficiency of 50% would be quite remarkable; values of 20% to 

30% or less are more common. What doesn’t get converted to RF energy goes into 

heat, which must be dissipated by some means, and in EW applications is 

universally a bad byproduct of energy conversion. 

The efficiency of an RF device is a function of the operating parameters such 

as frequency, temperature, input drive level, load impedance, bias point, device 

geometry, and intrinsic device characteristics. The maximum efficiency under 

different conditions can be determined using load pull. 

 Characteristics of RF and microwave devices are usually specified at a single 

set of conditions (such as characteristic impedance of 50 ). Characteristics at 

different conditions from the nominal are typically determined by a process called 

load pull. Load pull is configuring the device whose characteristics are to be 

determined in a test jig whose parameters, such as load resistance, can be varied. 

The parameters of interest are then adjusted and the device characteristics under 

different than nominal conditions determined. 

The lower-case Greek letter eta () is often used to denote efficiency with a 

subscript frequently attached to specify a particular type of efficiency. 

Efficiency is not a first-order concern with EW PAs, as there is usually 

sufficient source power available. It becomes a concern, however, as the PA power 

increases because the power that is not radiated is converted into heat, and that heat 

must be dissipated somehow. Such heat decreases the reliability of the PA. We 

investigate heat removal in more depth in Chapter 12. 

 

9.3.5.1 Measures of Efficiency 

 

In RF power amplifiers the goal is to convert power supply power (normally DC 

power) to the RF signal output power. Amplifier efficiency is normally specified in 

one or more of three ways: drain efficiency, power added efficiency, and total 

efficiency. 
 
Drain Efficiency 

 

Drain efficiency is the ratio of output RF power to input DC power: 

  

http://www.microwaves101.com/encyclopedia/loadpull.cfm
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 RFo RFo

D

DC DC DC

P P

P V I
 = =  (9.1) 

 

Drain efficiency is a measure of how much DC power is converted to RF power. 

The drain efficiency does not consider the incident RF power that goes into a device 

so is not a true measure of the efficiency of the device itself. In the case of a single-

stage RF PA, the RF input power can represent a substantial portion of the power 

because the gain is normally low. 

 
Power-Added Efficiency 

 

The input power is taken into consideration when the power added efficiency (PAE), 

denoted here by PA, is specified. It is given by 

 

 RFo RFi

PA

DC

P P

P

−
 =  (9.2) 

  

For a real amplifier, PA will always be less than D, but once we get to 30-dB gain 

or so [it can be argued that it is even less (10–20 dB)], the two quantities become 

very close in value because PRFo = 1,000PRFi and the second term in the numerator 

of (9.2) can be ignored. PA gives a reasonable indication of PA performance when 

gain is high; however, it can become negative for low gains. PA is the most popular 

efficiency measure of the RF/microwave technical cognoscenti. 

 
Total Efficiency 

 

Total efficiency, sometimes called overall efficiency, gives a complete picture of 

the ratio of output power to both types of input power (DC and RF): 

 

 RFo

total

DC RFi

P

P P
 =

+
 (9.3) 

  

Average Efficiency 

 

The above definitions imply an instantaneous efficiency that is the efficiency at one 

specific output level. For most PAs, the instantaneous efficiency is highest at the 

peak output power (PEP) and decreases as the output decreases. Signals with time-

varying amplitudes such as those with amplitude modulation, or pulses, therefore 
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produce time-varying efficiencies. The average efficiency then becomes a more 

useful measure of performance. The average efficiency [7] is defined as the ratio of 

the average output power to the average DC input power 

 

 
RFo,avg

avg

RFi,avg

P

P
 =  (9.4) 

 

which can be applied to any of the definitions of efficiency given in (9.1)–(9.3). 

 

Bandwidth Effects on Efficiency 

 

Generally, as the bandwidth of the PA is broadened the efficiency will decrease. 

High efficiency in PA designs is achieved by matching components at specific 

frequencies. At different frequencies those matches will not apply. Usually 

approximately optimized efficiency is only achieved over a limited bandwidth. For 

example, a solid-state amplifier with a bandwidth from 2 to18 GHz will have PA < 

0.10 (10%). 

 

Thermal Management 

 

The power represented by the inefficiency of an amplifier is manifest in heat 

generated. If an amplifier were perfectly efficient, then all of the prime power would 

be converted into signals to be output. Since there is no such amplifier as yet, some 

mechanism must be provided to remove the heat generated in the process. If there 

is a 0.5V drop across the junctions in a transistor, which is passing a current of 100A, 

then the transistor must dissipate 50W of power. This power is converted into heat 

and is removed by properly configured heat sinks. Diamond has been found to be 

very good at heat removal. 

 Sometimes it is necessary to remove this heat with a cooling solution. Water, 

suitably conditioned for cold weather, has been used for this function. Refrigerants 

such as Freon have also been used. 

 We include much more on heat removal in Chapter 12. 

  

  

9.4 Push-Pull Architectures 
 

A type of arrangement for power amplifiers known as a push-pull configuration is 

shown in Figure 9.6. As the input signal oscillates between positive and negative 

voltages, the output transistors conduct alternately. It has the advantage that the 
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Figure 9.6 Push-pull architecture. 
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configuration of the circuit facilitates total suppression of the even harmonics in the 

output (assuming ideal components). Thus, as the transistors are pushed to their 

linear limits and beyond, the only significant harmonic in the output is the third, 

which can frequently be removed by simple low-pass filters. The suppression of 

even order harmonics is due to the way the output of the two channels combine in 

the output transformer. 

The input and output impedances of push-pull PAs are higher than other types 

of amplifiers. In addition, even order harmonics are suppressed. For ideal class B 

the duty cycle of each device is 50%. With a sinusoidal voltage as input, the first 

transistor collector current is 

 

 
c

c1

sin , 0

0, 2

I
I

+     
= 

    
 (9.5) 

 

while the second transistor collector current is 

 

 c2

c

0, 0

sin , 2
I

I

   
= 

−      
 (9.6) 

 

At the output of transformer T2, the current through the load is 

 

 
L c1 c2 c( ) ( ) ( ) sin( )I I I I =  −  =   (9.7) 

 

The current flowing in the center tap of the primary winding of T2 is 

 

 
CC c1 c2 c( ) ( ) ( )  sin( )I I I I =  +  =   (9.8) 

  

The total DC collector current is 

 

 

2

co CC c

0

1 2
( )

2
I I d I



=   =
   (9.9) 

 

Assuming zero saturation resistance when the collector voltage amplitude Vc = Vcc 

and equal winding turns at the collectors so that VL = Vc, DC and fundamental 

output powers are 

 

 0 c CC

2
P I V=


 (9.10) 
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 o c CC

1

2
P I V=  (9.11) 

 

In theory, that is, with perfectly matched components (not ideal components, if 

the transistors were ideal, they would produce no harmonics at all), even-order 

harmonics are canceled because they are 180o out of phase and combined in the 

center tap of the primary winding of T2. In reality, some will be present, of course. 

It is also possible to construct push-pull amplifiers without using transformers. 

The advantage of such a configuration is that transformers frequently have limited 

frequency ranges. Figure 9.7 shows one such configuration. The disadvantage here 

is that two power supplies are needed. The bias circuitry is not shown in Figure 9.7 

for clarity. Another disadvantage is this circuit requires both NPN and PNP 

transistors. Because of the limited mobility (speed) of charges in P-doped material, 

these amplifiers are limited to the lower frequency ranges and cannot be used, for 

example, in the UHF and above ranges. 

  

9.4.1 Class E Push-Pull Architecture 

 

The high efficiency of class E amplifier configurations can be exploited in push-pull 

architectures. One such configuration is illustrated in Figure 9.8. The transistors are 

driven 180o out of phase so when one is off the other is on, providing a current path 

 
 

Figure 9.7 Push-pull amplifier configuration without an output transformer, also referred to as 

complementary push-pull. 
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from the DC power supply through the transformer to ground. The voltage 

waveforms at the collectors of the transistors are shown in Figure 9.8, as well as the 

voltage waveform across the load. The impedance seen from the transistor looking 

into the transformer is given by  

 
2

02

1

2

m
Z Z

n
=            (9.12) 

 

 

 
 
Figure 9.8 Push-pull class E architecture. 
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9.4.2 Crossover Distortion 

 

When class B amplifiers are used in the push-pull arrangement discussed above, 

there is a short time when both transistors are turned off. This produces what is 

called crossover distortion. One transistor is on during half of the input cycle and 

the other is on for the other half. The point where one is almost off and the other is 

almost on is called the crossover point. Crossover distortion is illustrated in Figure 

9.9. 

 

 

9.5 Doherty Amplifier 
 

The Doherty amplifier is a type of PA that specifically addresses the nonlinearity 

that occurs when amplifiers are driven into saturation. We discuss this PA topology 

in Chapter 11, where linearity is addressed. 

 

 

9.6 Safety Considerations 
 

EW systems emit significant amounts of energy frequently in the microwave 

frequency ranges. Humans can only tolerate a certain amount of energy at these 

frequency ranges. Microwave ovens, for example, cook food at a power level of 

around 1 kW at a frequency around 1 GHz. Safety limits on radiation are provided 

at [7]. 

 

 

9.7 PA Matching  
 

9.7.1 Frequency Response of Series/Parallel RLC Networks 

 

The frequency response of series and parallel RLC networks is illustrated in Figure 

9.10. The parallel network impedance peaks at the resonant frequency to a value or 

 
 
Figure 9.9 Crossover distortion in class B amplifiers (distortion is exaggerated). 
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R. The reactive impedances cancel. The series impedance reaches a minimum, 

equivalent to R, at the resonant frequency, due to the reactance cancelation. 

 

9.7.2 Adding L and C Elements to Matching Networks 

 

When adding capacitors and inductors in series or shunt topologies for matching 

purposes, the resulting reactances and susceptances change, but the resistances and 

conductances do not. Therefore, the resulting values can be determined. Referring 

to Figure 9.11, we add a series inductor to the impedance. The effect on the Smith 

chart is shown in the figure. Assuming we start at point A, we follow the constant 

resistance circle (in this example it is at 2 ) and wind up at point B. The reactance 

was changed from –j1  (capacitive) to +j0.1  (inductive) in the process. 

  Likewise, if we add a capacitor in series with the impedance as illustrated in 

Figure 9.12, the effect on the impedance on the Smith chart is as shown in Figure 

9.12 as we move from point A to point B.  

In a similar fashion, inserting a capacitor in shunt with an admittance load as in 

Figure 9.13, has the effect on the admittance on the Smith chart as shown. At point 

A, the admittance is 
iny jy= (inductive in this case) while at point B it becomes 

in Ly jy jy= − + (capacitive). 

 Finally, adding an inductor in shunt as in Figure 9.14 moves the admittance 

value as shown from A (capacitive) to B (inductive). 

 

 

Figure 9.10 Frequency response of RLC networks. 
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Figure 9.11 Effects of adding a series inductor. 

 

 
Figure 9.12 Effects of adding a series capacitor. 
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Figure 9.13 Effects of adding a shunt capacitor. 

 

 
Figure 9.14 Effects of adding a shunt inductor. 
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 These processes are summarized in Figure 9.15 showing which way the 

impedances and admittances move when the various elements are added. There are 

four basic L-network configurations using two elements that are widely used4 [8].  

These are shown in Figure 9.16. Which one is used depends of whether 
g LR R  or

g LR R  and other factors (such as ease of implementation, and so forth). 

With adding only two elements as we are here there are only two possibilities 

to take into consideration as we will see in the examples to follow. Furthermore, the 

goal is to match the source and load impedance/admittance with those of the active 

device. We will be trying to match to 
11s  and 

22.s Therefore the end of the second 

move of the resistance or admittance in these processes will be at those points on 

the Smith chart. The movement at the input will start at the characteristic impedance 

and move towards 
11s and at the output will start at the load and move toward 

22.s

Depending on whether these points are in the inductive region or the capacitive 

region will determine the direction the second move must be, which, in turn, dictates 

the direction of the first move. 

 

                                                           
4 There are more than four configurations available as indicated in [8]. The most popular are shown here. 
If more than two elements are used, there are considerably more topologies possible. 

 
Figure 9.15 Movement summary. 

 



RF Electronics for Electronic Warfare 

 

356 

Example 9.1: We match the output impedance of a low-power 

RF transistor amplifier to a 50  output load—50 Ω is a universal 

standard for most receiver, transmitter, and RF circuits. On the 

other hand, most power amplifiers have a low output impedance, 

typically less than 50 Ω. 

Figure 9.17 shows the desired circuit. Assume an amplifier 

output (generator) impedance of 10 Ω at a frequency of 76 MHz. 

The inductor and capacitor values are computed as: 

 

L

g

50
1 1 4 2

10

R
Q

R
= − = − = =  

 

 
 

Figure 9.16 There are four basic L-network configurations. The network to be used depends in the 

relationship of the generator and load impedance values. Those in (a) and (b) are low-pass circuits and 
those in (c) and (d) are high-pass versions.  
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 2 10 20=  =   

                                    L
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=
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20
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= =

 
 

                                   L

C

R
X

Q
=  

   
50

25
2

= =   

                                    
C

1

2
C

fX
=


 

                          
6

1
83.8pF

2 76 10 25
= =

  
 

 

These values ignore any output impedance reactance such as 

transistor amplifier output capacitance or inductance and any load 

reactance that could be shunt capacitance or series inductance. 

When these factors are known, the computed values can be 

adjusted by incorporating their values into the components found 

here. 

The bandwidth (W) of the circuit is relatively wide given the 

low Q of 2: 

 

 

Figure 9.17 The RF source is a transistor amplifier with an output impedance if 10  that is to be matched 

to a 50  output impedance load. The L-network with a parallel output capacitor is used since Rg < RL. 
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676 10

38MHz
2

f
W

Q


= = =  

 

The performance characteristic of this network is shown in 

Figure 9.18. We can see the wide bandwidth. In fact, the lower 

leg of this curve actually never reaches –3 dB from the peak—at 

least not after 10 MHz anyway. 

 

9.7.3 Parallel and Series Circuit Equivalents 

 

Sometimes it’s necessary to convert a series RC or RL circuit into an equivalent 

parallel RC or RL circuit or vice versa. Such conversions are useful in RLC circuit 

analysis and design. Figure 9.19 shows the network topologies for these 

conversions. These equivalents sometimes help us understand how the L-networks 

and other impedance matching circuits work. The designations are: 

 

RS = series resistance 

RP = parallel resistance 

XS = series reactance 

XP = parallel reactance 

 

The conversion formulas are given as follows: 

 

 P

S 2
1

R
R

Q
=

+
 

 P

S 2 2
( 1) /

X
X

Q Q
=

+
 

 2

P S( 1)R R Q= +  

 2 2

P S[ 1) / ]X X Q Q= +  

 

 

Figure  9.18 L network parallel output performance. 
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p s/ 1Q R R= −  

 
L S/Q X R=  

 
P C/Q R X=  

 

Example 9.2: We can see how the matching network in Example 

9.1 functions by converting the parallel combination of the 50 Ω 

resistive load and the 25 Ω capacitive reactance in Example 9.1 

into its series equivalent (see Figure 9.20): 

 

 P

S 2 2

50
10

1 2 1

R
R

Q
= = = 

+ +
 

 P

S 2 2

25
20

1.25( 1) /

X
X

Q Q
= = = 

+
 

 

Note how the series equivalent capacitive reactance equals and 

cancels the series inductive reactance. Also, the series equivalent 

 

Figure 9.19 RC and RL equivalents. The text shows equations for converting among these values. 
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load of 10 Ω matches the generator resistance for maximum 

power transfer. 

This circuit is shown in Figure 9.20. 

 

Example 9.3: Match the output impedance of 50 Ω transmitter at 

76 MHz to a 5 Ω  loop antenna impedance (Figure 9.21). 

 

 
g

L

1
R

Q
R

= −  

                  
50

1 9 3
5

= − = =  

                      
L LX QR=  

     3 5 15=  =    
                         

L / 2L X f=    

                    
6

15
31nH

2 76 10
= =

 
 

 

Figure  9.20 The series equivalent circuit of the network in Figure 9.17 is a simple RLC network where 

the reactances cancel and the source and load impedances match. 

 

 

 

 

 
 

Figure  9.21 L-network match to loop.  The RF source is a transmitter at 76 MHz with an output 

impedance of 50 . The load is a loop antenna with an impedance of 5 . This topology is selected since 

Rg > RL. 

 

 

 

 



RF Power Amplifiers 

 

 

361 

 

                     
g

C

R
X

Q
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C

1

2
C
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6

1
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In this example, the capacitor, inductor, and load resistance form 

a parallel resonant circuit (see Figure 9.22).  

  Recall that a parallel resonant circuit acts like an equivalent 

resistance. That resonance equivalent resistance (RR) of a parallel 

circuit can be calculated as: 

 

 
R

L
R

CR
=  

 

or 

 

 

Figure  9.22 The equivalent circuit of the L-network and load as a parallel resonant circuit. At resonance, 

the parallel circuit has an equivalent resistance equal to the generator resistance of 50  for a match. 
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                        2

R ( 1)R R Q= +  

  
9

R 12

31 10
49.2
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−
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= = = 

 
 

 2 2

R ( 1) 5(3 1) 50R R Q= + = + =   

 

In both cases the parallel resonant load equivalent resistance is 50 

 and equal to the generator resistance allowing maximum power 

transfer. As above, any load reactive component must be taken 

into account. The equivalent high-pass networks could also be 

used. One benefit of doing so is that the series capacitor can block 

DC if required. 

 The simulated performance of this matching network is 

shown in Figure 9.23. 

 

9.7.4 Impedance Matching with Microstrip Lines 

 

Simple lumped element networks, or with the equivalent short lengths of 

transmission line, can be used for input and output impedance matching. The 

element values can be determined by use of the Smith chart or by calculations [9]. 

We know that for a short length of transmission line of characteristic impedance Z0 

and velocity v, the inductance L per unit length (same units as v) is given by 

 

 0ZL

d v
=  

 

where 

 

 

eff

c
v =


 

 

For a capacitive transmission line (short, open line), C per unit length d is 

 

Figure 9.23 L network feeding loop performance.  
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0

1C

d Z v
=  

 

The fringing capacitance must be taken into consideration by subtraction from the 

capacitance value desired from the transmission line [10]. 

One of the major causes of reduced gain or instability in microwave amplifiers 

arises from incorrect treatment of common lead grounding (see Figure 9.24). 

Frequently, plated-through vias are used to carry the ground plane of the microstrip 

up to the common leads, but this results in common-lead inductance unless the 

microstrip is quite thin (< 1 mm). Other methods include mounting the active device 

in a hole, with the common leads soldered to the ground side of the board. 

 

 

9.8 Diode and Transistor Bias for Linear Power  

Amplifiers 
 

The use of class A and class AB amplifiers for linear PAs requires the use of a steady 

bias current, applied to the base (in case of a BJT) in order to bias the RF device 

into partial or full conduction with no input signal present (see Figure 8.1). This bias 

current must remain constant, despite the varying amplitude of the input signal to 

the amplifier. 

Simple resistive biasing techniques are often used when considering low power 

RF amplification. Such techniques are not appropriate for medium- or high-power 

amplifiers, however, due to their requirements for relatively high current and 

voltage sources, which in turn, implies use of low impedances.  

Diode biasing, illustrated in Figure 9.25 (which could be provided with a 

transistor as well), provides a low impedance voltage source. This topology provides 

 
 

Figure 9.24 Treatment of common lead grounding. 
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a higher current to flow through it than the bias current required by the transistor. 

The bias components must be thermally connected to the RF transistor itself. This 

allows the bias components to maintaining the PA’s collector current at a steady DC 

level by tracking the PA’s temperature variations. The 0.7V across Q1’s base 

increases/ decreases in value as the temperature varies because as the temperatures 

rises, a silicon semiconductor junction’s voltage decreases from its room 

temperature value of nominally 0.7V. 

The circuit in Figure 9.25 is a band-pass amplifier biased for class AB operation 

at a frequency of about 23.5 MHz with the component values shown. The frequency 

response is shown in Figure 9.26.  

 

 
 

Figure 9.26 Class AB frequency response.  fT = 400 MHz. 
 

 
 

Figure 9.25 Class AB power amplifier.  Operating frequency is about 23.5 MHz with the component 

values indicated. 
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In addition, in order to provide for PA bias stability no matter what the input 

and output RF power levels, the standing current through the diode or transistor bias 

components must be sufficient to permit a steady voltage to be maintained across 

the PA’s base. We discuss stability considerations in more depth in Chapter 10. 

An emitter follower that amplifies the diode current, illustrated in Figure 9.27, 

improves the bias performance of clamping diode circuit presented in Figure 9.25. 

 The current required through the diode is reduced by a factor of the current 

gain of Q2. This arrangement employs two diodes in series—one is required to 

compensate for the base emitter voltage drop of the transistor. 

 

9.8.1 Power MOSFET Bias 

 

Power FET device biasing is typically simpler than biasing BJT devices. In most 

cases it is sufficient to provide a bias voltage directly on the gate through suitable 

impedance. These impedances are typically resistors and RF chokes; the latter 

minimizes the amount of RF feeding back into the bias supply, a function not 

provided by resistors alone. Capacitors can also be used to provide this functionality. 

Although many variations are possible, a typical bias network is shown in 

Figure 9.28, consisting of a voltage supply (a variable voltage regulator illustrated 

in this case) fed via a bias resistor. The primary function of the voltage regulator is 

to aid the decoupling of the gate from the bias supply. A quarter-wave transmission 

line is used in this case, which provides the RF isolation between gate and the bias 

supply. 

 

 
 

Figure 9.27 Amplified diode bias. 
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9.8.2 Power LDMOS Bias 

 

LDMOS transistors, as discussed in Chapter 7, are CMOS devices designed for 

high-frequency and high-voltage usage. They are specifically designed for HPA 

applications. 

LDMOS transistors exhibit IDQ drift which is a detrimental characteristic. All 

LDMOS transistors exhibit a hot carrier injection effect to varying degrees. The gate 

field changes due to charge buildup in the gate-drain region because of this hot 

carrier injection results. This causes a change in the quiescent current (IDQ) with a 

fixed gate voltage. Thus, adaptive bias circuits are required that adjust VGS 

periodically to maintain a constant IDQ. 

A simplified circuit of an LDMOS amplifier bias circuit is shown in Figure 

9.29.  As with all MOS devices, the DC bias is established by applying a DC voltage 

to the gate (Vgs). The drain current (ID) is continually monitored. Ideally, this IDD is 

constant over temperature, but since the Vgs of LDMOS amplifier devices varies 

with temperature due to the IDQ drift phenomena, temperature compensation is 

required. 

A popular way to bias an LDMOS amplifier is by digitally converting 

temperature information and adjusting the DC bias using a look-up table (LUT). 

 
 

Figure 9.28 Power  MOSFET bias. 
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The LUT is programmed at final test using measured parameters from the amplifier. 

DC bias performance can thus be optimized over the required temperature range. 

LDMOS amplifiers also have a characteristic ID drift over time (drain current 

reduces for a given Vgs), as well as temperature. A LUT correction can be used to 

address this issue as well, so that over time the ID will drift closer to the target bias 

value, not further away. 

 

Example 9.5: LDMOS PA Bias 

 

An LDMOS HPA topology with active bias is shown in Figure 

9.30. The gate-source bias voltage is supplied through a voltage 

divider set by adjusting the variable resistor P1 to control the 

optimum M1 drain current IDQ. M1 is an LDMOS power transistor 

originally developed for PCS cell base stations operating in the 

1800–2000 MHz range. With power handling capability in the 

100W range, it makes an excellent choice for EW/EA applications 

requiring about this power in this frequency range. A UAS could 

use this type of application. 

Optimum performance from this amplifier is achieved with 

IDQ set to 750mA. Deviations from this optimal bias point result 

in suboptimal trade-offs of performance parameters such as gain 

compression and efficiency. The device is more linear, but less 

efficient at higher drain voltages. If the efficiency requirements 

are more severe, 26V may be more suitable on the drain. If 

 
 

Figure 9.29 Power LDMOS FET biasing. 
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linearity is a driving parameter, 30V on the drain may be more 

appropriate. 

 

 

9.9 Switched Power Amplifiers 
 

9.9.1 Introduction 

 

There are some additional amplifier classes that are used as RF amplifiers and that 

rely on the ability of active devices to rapidly switch ON and OFF. These classes 

are called switching architectures; they were introduced in Chapter 4 and are 

investigated in more depth here. 

  

9.9.2 Architectures 

 

This is a class of amplifier architectures that switch rapidly to perform the 

amplification. Discussed here are classes D, E, F, and S architectures. 

 

 
 

Figure 9.30 LDMOS PA with operating frequency in the 1800-2000 MHz range. 
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The most significant advantage of these architectures is their efficiency; 

generally, they are much more efficient than the analog architectures discussed 

previously. 

 

9.9.2.1 Class D 

 

Class D topologies can be used in low RF applications—useful class D amplifiers 

have been reported that operate to 1 GHz. A block diagram of a class D amplifier is 

illustrated in Figure 9.31. In a class D amplifier, the active devices are driven to 

produce an output square-wave that switches between a high and low level at a 

frequency outside the range of human hearing. Instead of modulating the amplitude, 

internal circuitry modulates the duty cycle of the square-wave at a rate 

corresponding to the level of the input signal when the output is filtered down to 

audio band. 

Like classes E and F, class D’s active devices are driven as switches rather than 

in linear mode. A square-wave with a frequency that’s significantly higher than the 

highest frequency component of the input waveform drives the class D amp’s two 

devices between saturation and cutoff.  

The square-wave’s pulse width or pulse density is variable, and the input signal 

controls one or the other. At the amplifier output, a low-pass filter attenuates the 

switching frequency and its harmonics, leaving only the amplified version of the 

input waveform.  

With the FETs operating in either cutoff or saturation, losses come primarily 

from the transistors’ forward-voltage drops. Class D amps can achieve efficiencies 

as high as 90%, with distortion levels approaching class AB. A drawback of class 

D concerns the challenging task of suppressing radiated and conducted interference 

from the switching circuitry. 

 
 
Figure 9.31 Block diagram of a class D amplifier. Switching amplifiers sequentially saturate and turn 

off power transistors in the output stage using pulse width modulation. 
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A class D amplifier does not operate linearly at all. They are sometimes referred 

to as a switching amplifier because the active devices operate as electronic switches. 

The signal to be amplified is a train of constant amplitude pulses, so the active 

devices switch rapidly back and forth between a fully conductive and nonconductive 

state. The analog signal to be amplified is converted to a series of pulses by pulse 

width modulation, pulse density modulation or other A/D method before being 

applied to the amplifier. After amplification, the output pulse train normally is 

converted back to an analog signal with a passive low-pass filter. 

A significant advantage of a class D amplifier is that it can be more efficient 

than analog amplifiers, with less power dissipated as heat in the active devices. 

A class D amplifier is substantially different from those of the other classes 

mentioned previously. An amplifier operating in class D rapidly turns the power 

transistors on and off in the output stage, producing a digital output of 1s and 0s. 

With pulse width modulation (PWM), the longer the transistor is ON, the greater the 

average output power. 

In the block diagram of a class D amplifier shown in Figure 9.31, the differential 

input of the signal to be amplified is input to one side of a comparator. A sawtooth 

waveform is applied to the other input as shown. When the amplitude of the input 

signal exceeds that of the sawtooth, the output of the comparator changes state to a 

logical one in this case. As seen in Figure 9.32, which displays the time waveforms 

involved, the lower the amplitude of the input signal, the more of the sawtooth is 

included in that which is less than the input signal, causing the output to remain at 

 

 
 
Figure 9.32 Waveforms within a class D amplifier. Every time the sawtooth waveform goes above the 

input waveform, the output of the comparator goes to a high state and vice versa. The comparator output, 
through drivers, turns the output transistors ON and OFF. 

 

 

http://en.wikipedia.org/wiki/Analog_signal
http://en.wikipedia.org/wiki/Pulse_width_modulation
http://en.wikipedia.org/wiki/Pulse_width_modulation
http://en.wikipedia.org/wiki/Pulse_density_modulation
http://en.wikipedia.org/wiki/Low_pass_filter
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a high state longer. In this way the circuit adjusts the width of the output of the 

comparator as a function of the amplitude of the input signal. This PWM waveform 

then drives the high-power output stage that switches on and off according to this 

signal. The wider the pulse, the longer the power stage stays on and the more of the 

prime power is fed to the output low-pass filter. The output, being a square wave, 

would generate spurious signals if transmitted in that form. This output is lowpass 

filtered prior to transmission to extract only the fundamental frequency. 

The primary advantage of class D amplifiers is their efficiency compared to the 

other classes. Efficiencies greater than 80% are possible. However, because the 

transistors must be switched much faster (say, by a factor of 10) than the highest 

frequency in the signal, the use of class D amplifiers is limited to low frequencies 

with modern transistors. 

 

9.9.2.2 Classes E, F, and F−1 

 

Classes E and F are subsets of class C. Classes E and F, much like class C, feature 

RF amplifier topologies that use LC tank circuits. Where class C amplifiers are 

widely used below 100 MHz, class E amplifiers tend to fall into the VHF and 

microwave frequency ranges. The difference between class E and class C amps is 

the active device becoming a switch, rather than operating in the linear portion of 

its transfer characteristic.  They have the potential to be much more efficient than 

class C topologies. 

Class F amplifiers resemble class E amplifiers, but use a more complex load 

network. In part, this network improves the impedance match between the load and 

the switch. Moreover, it’s designed to eliminate the input signal’s even harmonics 

so the switching signal is more nearly a square-wave. It improves efficiency because 

the switch runs at saturation or cutoff for a longer period. 

 

Class E Amplifiers 

 

The design of class E amplifiers is based on using a series or parallel resonant load 

network. The current and voltage time-waveforms at the active device output 

terminal are optimized in such a way as to minimize the DC power dissipation. The 

active device acts as a switch, driven by the RF input signal to ON and OFF 

conditions.  

The ideal AC load lines for switching transistors (class D, E, F) are shown in 

Figure 9.33. We can see that the operating point moves along the VDS and ID axes; 

that is, the device is either OFF (in the saturated region) or ON (in the linear region). 

Under this ideal switching, the output voltage and current waveforms at the device 
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output terminal do not simultaneously exist and, therefore, the dissipated energy 

within the device is zero, leading to 100% theoretical power conversion efficiency. 

With the advances in active-device performance, advent of nonlinear modeling 

and monolithic circuit technology in the last several years, significant progress has 

been made toward the development of high-efficiency RF and microwave 

components. For class E high-efficiency power amplifiers, the useful operating 

frequency of these circuits have been increased to ever-higher frequencies [11 –  

13]. 

 

Design Methodology 

 

We can obtain an approximate maximum frequency (fmax) for class E operation 

knowing the device drain to source capacitance (CDS) and the drain voltage (VDS). 

Similarly, assuming a load resistance of 50 Ω, approximate values for the circuit 

 
 

Figure 9.33 Ideal transistor load lines for several classes of operation. 

 

 

 
 

Figure 9.34 Class E topology.  
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elements (L and C) of the shunt load network shown in Figure 9.34 can be obtained 

by using the following expressions:  
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o
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Having obtained the starting values for the load network provided by (9.13)–

(9.15) a time-domain simulation can be performed to optimize the current and 

voltage waveforms at appropriate terminals of the ideal class E amplifier shown in 

Figure 9.34. Figure 9.35 (same as Figure 4.25 but with specific values) shows 

simulation results for the circuit after optimization of the load network. The voltage 

waveform across the switch rises slowly at switch-off and falls to zero at the end of 

the half-cycle. As we discussed in Chapter 4, it also has a zero rate of change at the 

 

 
 

Figure 9.35 Class E voltage and current waveforms.  
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end of half-cycle, the so-called soft-switching condition as expressed by (4.44) and 

(4.45) in Section 4.7.3, thereby ensuring a soft turn-on condition. The voltage across 

the switch when it is OFF is defined by the integral of the current flowing through 

Cds. The phase shift introduced by the LC circuit adjusts the point at which the 

current is diverted from the switch to the capacitor Cds. Therefore, to ensure class E 

operation, it is essential that the integral of capacitor current over the half-cycle is 

zero and that the capacitance current has dropped to zero by the end of the half- 

cycle. 

 Figure 9.36 shows the measured performance of a prototype class E amplifier 

that has been optimized at 3.25 GHz using the procedure described. The peak in 

PAE is above 90% while Pout reaches 24 dBm. 

Figure 9.37 shows that the optimized current and voltage waveforms comply 

with the aforementioned criteria for the class E amplifiers.  

Class E amplifier configurations have limited utility as the power amplifier in 

EW systems because they are obviously tuned amplifiers. EW systems typically 

require amplifiers that can quickly (instantaneously) cover a broad frequency band. 

A class E amplifier would need its output circuit changed quickly to function as a 

broadband amplifier. In those cases when broadband is not required, the Class E is 

an excellent choice because of its efficiency. 

 

Class F and F–1 Power Amplifiers 

 

This section begins with a description of the principles of operation of Class F RF 

PAs including their theory of operation and design techniques. Various possible 

approaches to the design of Class F PAs are explained, and some examples of 

practical designs are illustrated [14]. 

 Due to their relative square waveforms at the output, class F and F−1 are popular 

choices for driver topologies for the other types of switching configurations. 

 
 

Figure 9.36 Class E performance shown in Figure 9.34 at 3.25 GHz. 
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Fundamentals of an Ideal Class-F PA 

 

A Class-F PA boosts both efficiency and output power by using harmonic resonators 

in the output network to shape the drain waveforms such that the load appears to be 

a short at even harmonics and an open at odd harmonics. The drain voltage 

waveform includes one or more odd harmonics and approximates a square wave, 

while the drain current waveform includes even harmonics and approximates a half 

sine wave (see Figure 9.38) (same as 4.27). Because there is no overlap between the 

drain voltage and current, an ideal efficiency of 100% is achieved. In the case of its 

dual, i.e., Class F−1, the shapes of drain voltage and current are swapped (i.e., the 

drain voltage waveform is close to a half sine wave while the drain current is close 

to a square wave [15]). The characteristics of class F and class F–1 are illustrated in 

Figure 9.39.  

The output network of a classical Class-F PA is shown in Figure 9.40, which 

consists of a quarter-wavelength transmission line and a parallel -tuned 

inductance/capacitance (LC) output network [16]. The output tank is tuned to 

resonance at the fundamental frequency f0. At f0, the drain sees a pure resistive load 

of RL, since the output tank is an open circuit, and the quarter-wave transformer 

transforms the 50 Ω load to RL at the drain. The load resistance is chosen as the 

optimum load impedance for the PA, which can lead to maximum excursions of 

drain current and voltages. This load condition can be determined from load-pull 

  

 

 
 

Figure 9.37 Switch voltage and current waveforms for the circuit in Figure 9.34. 

 



RF Electronics for Electronic Warfare 

 

376 

 

  

 
 

Figure 9.39 Class F and F–1 conduction characteristics. 

 
 

 

 
 
Figure 9.38 Class F waveforms. 
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measurement or simulations. At even harmonics 2nf0 (n = 1, 2, ···), the output tank 

becomes a short, and the transmission line appears to be a length of nλg/2 to the 

drain, where λg is the guided wavelength of the transmission line. Therefore, the 

drain sees a short at all even harmonics, which would result in a half-rectified 

sinusoid current output as desired. Conversely, at odd harmonics (2n + 1) f0 (n = 1, 

2, · · ·), the output tank also becomes a short, and the transmission line appears to 

be a length of
g[(2 1) ] / 4n +   to the drain. Due to the quarter-wavelength TL, the 

drain sees an open circuit at odd harmonics. The drain voltage contains only the odd 

harmonics, while the drain current includes only the even harmonics. Thus, the 

harmonic impedance is zero at even harmonics and infinite at odd harmonics. 

 

Theoretical Analysis and Design 

 

The ideal Class F PA assumes the inclusion of an infinite number of harmonics, 

which is, of course, unrealistic. For example, the drain-source capacitance CDS will 

short circuit most high-order harmonics at microwave frequencies. It is nearly 

impossible to make even harmonics short-circuited and odd harmonics open-

circuited due to the parasitic capacitance and inductance at the drain output. 

Most real-world designs of Class F RF PAs consider only a few harmonics, 

mostly the second and third harmonics, which have the most effects on the 

efficiency and output power. Raab investigated the effects of finite harmonics on 

the output power capability and efficiency [17 – 19]. The maximum efficiency for 

a given set of harmonics is shown in Table 9.1 [18].  As we can see, the maximum 

efficiency of an ideal PA is 50% for Class A, where only the fundamental frequency 

components are considered (i.e., n = 1 for both drain voltage and current). The 

 

 
 

Figure 9.40 Output network of a classical class-F PA. 
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maximum efficiency increases from 50% (Class A) toward unity (e.g., 70.7, 81.7, 

89.6, and 90.5%, for second, third, fourth, and fifth harmonics, respectively), and 

the utilization factor increases from 0.125 to 1/2π.  

A frequency-domain analysis is also given for the ideal Class C, E, and F PAs 

in [19], which are based on a finite number of harmonics. It is shown that the number 

of harmonics determines the maximum attainable efficiency. The harmonic 

impedances determine the power-output capabilities, which is the highest for ideal 

Class F operations. 

In the case of considering only the second and third harmonics (called third-

harmonic peaking), the maximum efficiency reaches 81.7%. An output network 

that includes a third-harmonic peaking circuit is shown in Figure 9.41. The quarter-

wavelength TL in Figure 9.40 is removed here and, instead, a parallel resonant tank 

at 3f0 is added in series with the drain output, which provides a short at 2f0 and an  

 

 
 

Figure 9.41 Output network including third-harmonic peaking circuit. 

Table 9.1 Maximum Efficiency of Class-F PAs. 
 

 n = 1 n = 2 n = 5 n =  

m = 1 50% 57.7% 60.3% 63.7% 

m = 2 70.7% 81.7% 85.3% 90.0% 

m = 4 75% 86.6% 90.5% 95.7% 

m =  79.5% 90.7% 94.8% 100% 

m, n denote maximum order of harmonics in 

drain current and voltage, respectively. 
Source: [18]. 
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open at 3f0. Another parallel resonant tank at f0 is added in parallel with the load 

resistance, the same as in Figure 9.40, which ensures optimum transistor load at f0. 

The parallel resonant circuit transforms RL to the optimum load required by the drain 

port. 

Due to the bandwidth requirements of EW PAs, several matching networks 

would be needed, being switched in and out with pin-diode switches (or other 

mechanisms). Therefore, if the output tuning can provide the required filtering, the 

input matching network shown in Figure 9.1 would probably not be considered in 

the tuning process as it would double the number of networks required. 

Theoretical designs of third-harmonic peaking load networks for Class F PAs 

are presented in [20] and [21], where the component values in the load network are 

derived. It is important to take into account the active device output capacitance Cds, 

which can be a part of the output loading network. Figure 9.42 shows two possible 

circuit configurations with additional parallel resonant circuit (a) or series resonant  

circuit (b) and derived values of their parameters [20]. Figure 9.42(c) gives an 

equivalent microstrip impedance-peaking circuit with derived values of its elements, 

which could provide short-circuit termination for all even harmonics and open-

circuit termination for the third harmonic [20]. 

The practical designs of Class F PAs are further complicated by parasitic 

reactance of the device packages, the nonlinearities of drain current ID and 

nonlinearities of Cgs and Cds. However, the equations in (9.42) can serve as a good 

starting point for practical Class F RF PA designs. 

  

Class F Amplifier Design Approaches 

 

There are several different ways of structuring Class F PAs; four are summarized in 

Figure 9.43. Figure 9.43(a) shows the conventional approach to Class F PA design, 

which uses output harmonic tuning. The output network provides a short at even 

harmonics and an open at odd harmonics, while the input network provides a 

conjugate match to the previous stage at the gate input. An optimum load at the 

fundamental frequency is obtained at the drain output by using the output network. 

Some work on the impact of input driving signals or input harmonic tuning on Class 

F PA performances [22 – 24] has been performed. RF transistors usually have a 

severe nonlinear variation of Cgs with respect to applied input voltage. This becomes 

the main cause of signal distortion at the gate terminal, especially when the bias is 

set around the pinch-off voltage and the input voltage variation is large, as in PA 

applications. In [17], this nonlinearity is compensated by putting an extra diode in 

parallel with the gate. In [16] and [18], improvements in gain and efficiency are 

reported by using short-circuit harmonic terminations at the input of the device, 
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Figure 9.42 Third harmonic peaking circuit of ideal class F amplifiers with derived values of their 

parameters: (a) parallel resonant circuit and (b) series resonant circuit [20]. Figure (c) gives an 
equivalent microstrip impedance-peaking circuit with derived values of its elements, which could 

provide short-circuit termination for all even harmonics and open-circuit termination for the third 
harmonic [20]. 
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Figure 9.43 (a) Output harmonics tuning strategy. (b) Both input and output harmonics tuning. (c) 
Multistage class F PAs. (d) Active-antenna approach for class F PAs. 
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which eliminates or at least reduces the distortions in the input voltage and resultant 

output current waveform.  

It is commonly accepted that Class F PA designs should consider both input- 

and output-harmonics tuning, as shown in Figure 9.43(b). 

Figure 9.43(c) shows a two-stage amplifier, which includes a driver/waveform-

shaping stage and a final stage. The first stage will serve two functions: one is to 

provide enough power at the input of the final stage and the other is to shape the 

input voltage waveform for the final amplifier stage, so that the input voltage 

waveform is a half sinusoid at the input of the final stage. The waveform shaping 

could be achieved by using appropriate proportions of the fundamental component 

and the second harmonic, as in [25]. This is also called the harmonic-controlled 

amplifier (HCA) [25], which has the advantages of the high gain of class A and the 

high efficiency of class F, due to the elimination of the negative Vgs at the input of 

the final stage. The problem is the complexity of its design and circuit layout, which 

may also introduce some losses. An alternative way of realizing the 

driver/waveform shaping is to use the class F−1 PA at the first stage and the class F 

PA at the final stage. The class-F−1 PA produces the output voltage as a half 

sinusoid, which feeds directly into the input of the final stage through a capacitance 

as DC block. 

Figure 9.43(d) shows an active antenna approach for class F PA designs [26]. 

The antenna, the active device, and the input network are considered a single entity. 

In addition to its function as a radiator, the antenna achieves both the harmonics 

tuning and the filtering without using an additional output-matching network 

between the antenna and the drain output. This has the obvious advantages of 

compact design, eliminating the cable and matching network loss, thus improving 

the overall system efficiency and output power. For additional information on active 

antennas see [27]. 

 

9.9.2.3 Class S Amplifiers 

 

Class S amplifiers operate similarly to class D described earlier in that the signal to 

be amplified is initially in digital form and is converted to analog. In its digital state 

it drives a delta-sigma modulator. 

Delta-sigma modulators were discovered in the field of A/D and D/A converter 

design. One of the difficulties with D/A converters is the precision required in some 

of the components to convert a digital signal to an analog form. The goal was to 

remove all analog components from the D/A design and the delta-sigma modulator 

was discovered. A simplified block diagram of perhaps the simplest of these devices 

is shown in Figure 9.44. The current state of the modulator, B, is subtracted from 

the level of the digital input signal forming A – B. B is a function of the output of 

the 1-bit quantizer. If the quantizer output is 0, then B = 0. If the quantizer output is 

1, then B = 2M – 1, where M is the number of bits in the modulator. A – B is called 
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the error signal. The second adder adds this error to the accumulated error as stored 

in the latch. On the next clock cycle, this updated accumulated error is clocked into 

the latch, forming the next state of the modulator. The 1-bit quantizer outputs a zero 

if the accumulated error is less than one-half the maximum value allowed (= 2M / 2 

= 2M–1), and a 1 if it is greater than half the maximum. 

The net effect of the modulator is shown in Figure 9.45. When the input is 

largely positive, the output of the quantizer is mostly 1, whereas when the input 

amplitude is small, this output is mostly 0. Another way of saying this is the output 

remains in a 1-state, on average, and longer when the input signal level is greater. 

The output of the quantizer is periodic. 

Although overall operation produces results that appear to be PWM, as with 

class D amplifiers, in fact, a delta-sigma modulator produces pulse density 

modulation (PDM). The output width of the pulses is not changed per se according 

to the amplitude of the input signal, but the number of pulses in the periodic cycle 

is. The differential outputs are then used to drive the output circuit as shown above 

 
 
Figure 9.44 Block diagram of a sigma-delta modulator.  

 

 

 

 

 
 
Figure 9.45 Input/output of the sigma-delta modulator driving a class S output stage. 
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for the class D amplifier. This is shown in Figure 9.46. In this case there is no need 

for the sawtooth generator or the comparator, and a band-pass filter has replaced the 

low-pass filter. 

It is desirable to keep the differences between one sample and the next relatively 

small. In order to do this, the sample clock frequency must be much higher than the 

highest input frequency. This is called oversampling. Nevertheless, much higher 

frequencies of operation are possible than class D, achieving cutoff frequencies in 

the gigahertz range. In addition, there are other forms of delta-sigma modulators. In 

particular, there are higher-order modulators. The order of a delta-sigma modulator 

is the number of delay stages it has. They tend to calculate the error better and 

therefore replicate the input signal better. The first-order modulator shown in Figure 

9.44 is one of the simplest to illustrate their basic operation. 

 

9.9.3 Load Lines Revisited 

 

Each of the amplifier classes has its own characteristic load line. These are 

illustrated in Figure 9.47. (Although the load lines in Figure 9.47 do not extend to 

the ordinate, in reality they do.)  

The class A load line extends to 2VDD on the abscissa (VDS) axis. Thus, the linear 

output range extends to twice the supply voltage level. On the other hand, the linear 

portion of the class B load line terminates on the abscissa at VDD, and is zero after 

 
 
Figure 9.46 Output stage of a class S amplifier. The input takes the output of the sigma-delta modulator 

and turns the output power transistors ON and OFF using PWM. The output filters can be band-pass, as 
shown here, or low-pass for broadband operation. 
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that. Current only flows for half of the input cycle. The class AB load lines are 

between these two. The linear part of the class C load lines ends at a voltage less 

than VDD, and therefore output current conduction only occurs for less than half of 

the input cycle.  

The load lines for the switching classes (D, E, and F) are different from those 

for the analog classes. Since the active device is either ON or OFF for these classes, 

the load lines are either represented by an open circuit (zero current, any voltage) 

which corresponds to the abscissa axis or a short circuit (ideally) when the switch is 

on. This latter condition corresponds to the ordinate axis (ideally) or the linear 

region (nonsaturated) curve (practically) shown in Figure 9.47. This limit is due to 

the fact that the on resistance of a practical device is not zero, but corresponds to the 

value of the slope of the linear region curve. 

 

 

9.10 Power Gate and Base Drivers 
 

A power-MOSFET gate driver or a power-BJT base driver is a PA driven by a low-

power input and produces the appropriate high-current gate or base drive. Such a  

driver is used when a PWM controller cannot provide the necessary output current 

required to drive the gate capacitance of the associated MOSFET [28] or base 

current of a BJT.  

It is important that the gate driver provide sufficient drive current to quickly 

pass through the Miller plateau region of the power-MOSFET's switching transition 

(see Figure 5.27). This interval occurs when the transistor is being driven both ON 

or OFF, and the voltage across its gate-to-drain parasitic capacitor (Cgd) is being 

charged or discharged by the gate driver. 

Some have the view that the design of a driver stage is much less important than 

the design of the output stage, because the power level at the driver stage is much 

lower than that at the output stage, by a factor equal to the power gain of the output 

stage, typically a factor of about 10 to 100. That simplistic view is not correct, 

 
 

 Figure 9.47 Load lines of the amplifier classes. 
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because the output transistor will not operate as intended if its input is not driven 

properly. If the output transistor does not operate as intended, the output stage will 

not operate as intended, either. The output-stage transistor will operate properly as 

a switch, as intended, if its input port (gate-source of an FET or base-emitter of a 

BJT) is driven properly by the output of its driver stage. The driver stage must 

provide the output specified below. We show FETs as the active device, however, 

BJTs work as well. 

 

1. Enough OFF bias during the OFF interval to maintain the drain or collector 

current at an acceptably small value. If you are willing to tolerate a power 

loss of x fraction of the normal DC input power due to nonzero OFF-state 

current, the drain or collector current during the OFF interval can be up to 

  

 D DD

1
(OFF)

1
I xI

D
=

−
  (9.16) 

 

where IDD is the DC current drawn from the VDD DC drain-voltage supply, 

and D is the output-transistor's ON duty ratio (usually 0.50, but it can be 

any value you choose and provide for in the choice of R, L, and C values 

in the load network). 

 

Example 9.6: Power Stage Driver 1 

 

If 1% additional power consumption from the VDD voltage supply 

caused by the nonzero OFF-state current is tolerable, if IDD is 5A, 

and if D is the usual value of 0.50, you can tolerate an OFF-state 

drain current of 0.01 [5A] [1/(1 - 0.50)] = 0.1 A = 100 mA.  

 

2.  Enough ON drive during the latter 3/4 of the ON interval to maintain a low-

enough RON. What is low-enough depends on the application. Why the 

latter 3/4 of the ON interval?: The current i(t) during the first 1/4 of the ON 

interval is small enough that [i(t)]2RON(t) can be acceptably small for a 

fairly high RON(t) because the small i(t) during the first 1/4 of the ON 

interval causes an even smaller [i(t)]2 . 

 

3. Enough turn-OFF drive to turn-OFF the drain or collector current from 

100% to 0% in a fall-time tf fast enough to make the turn-OFF power 

dissipation an acceptably small fraction of the output power. That fraction 

is 
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2(2π )

12

A
  (9.17) 

 

 where 

 

 f

L

0.82
1

t
A

Q T

 
= + 

 
  (9.18) 

 

and T = 1/f is the period of the operating frequency f. Choose the acceptable 

fraction of the output power to be dissipated during the non-zero turn-OFF 

switching time. Then calculate the required drain or collector-fall time tf 

that must result from the enough turn-OFF drive. Then provide sufficient 

turn-OFF drive to accomplish the required objective, according to the 

characteristics of the chosen output transistor. 

 

Example 9.7: Power Stage Driver 2 

 

If the required objective is to have the turn-OFF power dissipation (Pdiss,turn-

OFF) be 6% of the output power, and if QL = 3, the allowable value for 

 

 
diss,turnOFFf

L

12 /

2 (1 0.82 / )

P Pt

T Q
=

 +
  

 

is 

 

 
12(0.06)

0.106
2 (1 0.82 / 3)

=
 +

  

 

i.e., tf can be as large as 10.6% of the period.  

 

4. Enough turn-ON drive to turn-ON the output transistor fast enough to make 

an acceptably small power dissipation during the turn-ON switching. Most 

driver circuits turn the transistor ON and OFF with about the same 

switching times. If the more-important turn-OFF switching time is fast 

enough, the accompanying turn-ON switching time will be more than fast 

enough. The input-port characteristics of BJTs, MOSFETs, and MESFETs 

are different enough that different types of driver circuits should be used 

to drive those three different types of transistors. 
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A brief summary of driving a MOSFET or a MESFET follows. The polarity 

descriptions assume N-channel or NPN; reverse the polarity descriptions for P-

channel or PNP. 

The best gate-voltage drive is a trapezoid waveform, with the falling transition 

occupying 30% or less of the period. (Trade-off: The shorter the turn-OFF transition 

time, the smaller will be the power dissipation in the output transistor during turn-

OFF switching, but the larger will be the power consumption of the driver stage. For 

both MOSFETs and MESFETs, the optimum drive minimizes the sum of the output-

stage power dissipation and the driver-stage power consumption.) The upper level 

of the drive waveform should be safely below the MOSFET's gate-source maximum 

voltage rating, or the MESFET's gate-source voltage at which the gate-source diode 

conducts enough current to cause either of two undesired effects: (a) metal migration 

of the gate metalization at an undesirably rapid rate (making the transistor operating 

lifetime shorter than desired) or (b) enough power dissipation to reduce the overall 

efficiency more than the efficiency is increased by the lower dissipation in the lower 

RDS(on) that results from a higher upper level of the drive waveform. The lower 

level of the trapezoid should be low enough to result in a satisfactorily small current 

during the transistor's OFF state, discussed in requirement 1 above. 

A sine-wave is a usable (but not optimum) approximation to the trapezoid 

waveform described above. To obtain an output-transistor ON duty ratio of 50% 

(usually the best choice, but a larger or smaller duty ratio can be used if appropriate 

component values are used in the load network), the zero-level of the sine wave 

should be positioned slightly above the FET’s turn-on threshold voltage. 

A better approach is to remove the part of the sine wave that goes below the 

VGS value that ensures fully OFF operation, replacing it with a constant voltage at 

that VGS value. This reduces the input drive power by slightly less than 50%, almost 

doubling the power gain of the output stage. 

 

 

9.11 Microwave Monolithic Power Amplifiers 
 

Microwave monolithic integrated circuits (MMICs) are used in the vast majority of 

commercial and military microwave system. Monolithic implementations of most 

receiver and transmitter building blocks are readily available for many applications 

and frequency bands. These functions include mixers, modulators, switches, 

digital/analog attenuators, digital/analog phase shifters, LNAs, driver amplifiers, 

and PAs. In the past these MMICs were based primarily on GaAs or InP. However, 

many new monolithic circuit functions are being realized with the silicon-based 

technologies discussed in Chapter 5. Examples include SiGe, metal-oxide based 

devices CMOS, LDMOS, and combined technologies, an example of which is SiGe-



RF Power Amplifiers 

 

 

389 

 

BiCMOS [31]). GaN has found application for microwave high-power applications, 

which may be epitaxially deposited on SiC or silicon substrates [32]. These devices 

have simultaneous high-voltage and high-frequency operation, and they are well 

suited for high-performance EW PAs.  

The PA MMIC is quite frequently the most expensive component in a system. 

It is also common that it is the component that dominates system reliability. For EW 

applications, these devices are often run at near-saturated output power levels. For 

analog and digital communication systems, linear operation is required, and the PA 

may be run at high bias current, high supply voltage, and/or output power levels 

where the efficiency is low. In either case, the PA MMICs drive thermal 

management requirements for the entire system because they are normally the 

highest power dissipation and hottest components in the subsystem. Clearly, the PA 

MMICs have a significant influence on the operation of the overall system due to 

their performance and reliability requirements.  

Monolithic PAs have some significant advantages over designs using discrete 

components.  

 

• MMIC PAs are usually much smaller and lighter than discrete circuits.  

• There is less performance variation unit to unit for the as-built circuits 

or, equivalently, less postfabrication tuning and adjustment of the 

amplifiers required. 

• Higher levels of integration and complexity for MMIC PAs are 

possible because other circuit functions are available in monolithic 

format. Entire transmit/receive systems have been integrated on to a 

single die [33]. 

• Additional possibilities are available to the designer. For example, the 

transistor cells used in the circuit can be designed for optimum 

electrical and thermal performance. Restriction to a particular set of 

available transistor cell sizes, as is the case with a discrete amplifier, 

is not required. 

• For MMIC PAs that incorporate multiple gain stages (frequently the 

case in EW system applications), the impedance levels between the 

stages are arbitrary and can be optimized for bandwidth, gain, and 

efficiency. Discrete PA circuits tend to be designed for fixed real 

impedance, typically 50 , so that they can be cascaded.  

• As the operating frequency increases, discrete circuit architectures 

become more difficult to realize. Above 10 GHz, the selection of high-

quality surface mount components used for quasi-lumped element 

matching becomes limited and distributed circuit approaches are more 
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common [7]. Above 18 GHz, monolithic implementations for the PA 

begin to become the only feasible option. 

 

Monolithic circuits do have some significant drawbacks, however.  

 

• The smaller PA footprint means that more heat must be removed from 

the MMIC, which impacts the cost and complexity of the thermal 

management system. Thermal management issues at the next level 

assembly typically get past back to the MMIC manufacturer as a 

higher temperature requirement for which the device must maintain 

reliable operation. Reliable operation generally means that transistor 

channel temperature must not exceed some maximum value [35]. 

• MMIC components are typically more costly than discrete circuits. 

The most direct way to reduce MMIC cost is to make the die as small 

as possible. However, in the case of PAs, die size compaction while 

maintaining low channel temperature are in direct opposition.  

• Amplifiers constructed with discrete components are relatively easy to 

tune by element value adjustment, metal traces can be cut or widened, 

and so forth. Some limited circuit tuning is possible for MMIC PAs. 

However, adjustments are limited and require specialized equipment 

and highly skilled personnel, thereby contributing to increased costs.  

Generally speaking, the design of MMIC components must be right 

the first time.  

 

The general subject of microwave power amplifier design has been covered 

extensively in the published literature. Excellent references on PA circuits, 

architecture, applications, analysis, and modes of operation are readily available. 

This section provided only a brief introduction to the topic. For more information 

for the interested reader a few excellent, concise publications [36 – 38] are 

recommended.  

 

 

9.12 Power Amplifier Reference Design 

 

In this section we present a reference design for an RF PA and summarize its 

performance. This design would be applicable for a thin jammer [39] targeting low 

powered communication targets such as IEDs. Its output power is relatively low, 

making it unacceptable for stand-off EW applications. 

A schematic of a complete PA is shown in Figure 9.48. This circuit, with 

Polyfet nomenclature TB263, is based on the LS2641 dual LDMOS transistor from  
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Figure 9.48 TB263 Schematic. (Source: [40]. © Polyfet. All rights reserved. Reprinted with permission.) 
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Polyfet identified as M1 in Figure 9.48. These MOSFETs are configured in a push-

pull arrangement and the drivers for the power transistors are implemented on the 

same chip carrier as the power transistors. 

The prototype amplifier is pictured in Figure 9.49. It measures 3.8” × 3.2” so is  

quite suitable for a thin jammer application [39]. The overall frequency range of this 

amplifier is 30–512 MHz with a minimum output power of 180W. 

Broadband transmission line transformers (TLTs) are utilized to achieve the 

bandwidth. These devices are inherently broadband. We will digress and discuss the 

characteristics of TLTs shortly. 

The upper half of the schematic shown in Figure 9.48 provides the bias voltages 

for the LS2641. The drain bias is passive and is shown on the upper right. The gate 

bias circuitry is active, and is shown in the upper left. 

The physical layout of the PA is shown in Figure 9.50. 

 
 
 

 

Figure 9.49 PA prototype layout. (Source: [40]. © Polyfet. All rights reserved. Reprinted with 

permission.) 
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9.12.1 LS2641 General Description 

 

The LS2641 Si enhancement mode RF power LDMOS transistor works from a 

28VDC (or less) power source. The device has low values of capacitance which 

makes it ideal for broad band applications such as communication EW purposes. 

Employing back-to-back gate diodes for enhanced ESD protection and having a 

high drain breakdown voltage makes this device exceptionally rugged. The overall 

frequency range is 1–1300 MHz. The circuit consists of a pair of MOSFETs on a 

single chip, Polyfet part number SQ202. They are used as drivers for another pair 

of MOSFETs, also on the same chip, Polyfet part number LY402. They both use 

coaxial transformers (one instantiation of transmission line transformers) for 

coupling, which are very broadband and low loss.  

The parts list for the PA is provided at Figure 9.51. 

 

   

 
Figure 9.50 TB263 layout. (Source: [40]. © Polyfet. All rights reserved. Reprinted with permission.) 
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9.12.2 Transmission Line Transformers 

 

Extremely low losses (a fraction of a dB) are possible over bandwidths of two or 

more decades are facilitated by using transmission line transformers (TLTs). Other 

transformer types can match the low loss over a narrow bandwidth, or they may 

exhibit wide bandwidth, but have 1-dB or more loss. The low loss of TLTs makes 

them especially useful in high power circuits typical of PA applications in EW 

systems. 

The TLT operates by transmitting energy via the transverse transmission line 

mode. It does not rely on the coupling of magnetic flux lines like a conventional 

transformer. Figure 9.52 shows the simplest illustration of this difference. In the 

TLT, the purpose of the windings is to eliminate (that is, reduce as much as possible) 

common-mode currents from the input to the output. With input and output isolated 

in this manner, the voltages at the input and output can be treated as being 

independent of one another. 

 
 

Figure 9.51 TB263 parts list. (Source: [40]. © Polyfet. All rights reserved. Reprinted with permission.) 
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One of the primary functions of transformers in electronic circuits is impedance 

transformation. Figure 9.53 shows a simple transformer that has an impedance 

transformation ratio of 4:1. This is a Ruthroff design [41], one of the classic  

transmission line transformer types. In this circuit, two voltages are summed at the 

output by the two transformer leads connected in series to get twice the voltage. 

Since we must have conservation of energy, RL must be four time the value of Rg in 

order for the voltage ratio to be two. 

As an example of the utility of the simple 4:1 impedance transformer, the 4:1 

ratio matches a 50  source to a 12.5  load. The former is a typical value for the 

 

Figure 9.52 Transformers. 

 

 

Figure 9.53 Ruthroff transformers. 
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output impedance of a PA while the latter is a typical value for the radiating 

impedance of several types of antennas. 

Also, the phase difference of the voltage fed from terminal 2 to terminal 3 must 

not differ from the incident voltage. Thus, the physical length of the transmission 

line must be only a fraction of the wavelength. We also need to maintain the required 

isolation from input to output in order to add the delayed voltage at 2 back on itself 

at 3. This isolation is obtained by forming the transmission line (coaxial cable or 

closely spaced parallel wires) into an inductance. Inductance is maximum with a 

magnetic core of iron powder or ferrite material, as shown in Figure 9.53(c) and (d). 

[42, 43] 

In this PA implementation T1–T4 are TLTs implemented with ferrite cores as 

illustrated in Figures 9.50 and 9.53. There are many other forms of TLTs that 

provide a wide variety of impedance transforming functions. The salient 

characteristics of these transformers are their broad bandwidth and low loss. 

The concept of TLTs has been known since at least 1944, when Guanella 

presented an impedance transformer that consisted of a pair of interconnected 

transmission lines [44]. TLTs have been found to possess far wider bandwidth and 

much greater transmission efficiencies by arranging the windings of the TLT to have 

uniform transmission line properties. These devices are widely used for matching 

networks for antennas and amplifiers in the HF through UHF bands, up to 2 GHz 

and higher, and their low losses (a fraction of a dB) make them especially useful in 

high power circuits such as EW PAs [45]. 

Typical structures for TLTs consist of parallel wires [42], coaxial cable, or 

bifilar twisted wire pairs [46, 47], with the last being popular because the 

characteristic impedance can readily be determined by the wire diameter, the 

insulation thickness, and the twisting pitch [47, 48]. In the case of a coaxial cable 

transmission line with the correct characteristic impedance for the TLT, the high 

frequency bandwidth limit is reached when the cable length becomes on the order 

of a half wavelength (/2), with the overall achievable bandwidth being about a 

decade [46]. We will discuss the frequency limits shortly. 

When using magnetic materials such as powdered iron or ferrite [49] to the TLT 

as core materials, both the low frequency limit and the high frequency limit are 

improved [46], and when low loss, high permeability ferrites are used along with 

semi-rigid coaxial cable, bandwidths of four decades or more are achievable [50]. 

 

9.12.2.1 TEM Transmission Line Mode 

 

Transmission line transformers function by transmitting energy by way of the 

transverse electro-magnetic (TEM) transmission line mode, rather than by the more 

familiar coupling of magnetic flux as with a conventional transformer [4] (see 
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Figure 9.52). Figure 9.54 illustrates this concept, where the two lines represent the 

two conductors of a transmission line, irrespective of whether it is made of parallel 

wires, twisted wires, coaxial cable, or any other means. The currents in the two 

conductors are equal in magnitude and opposite in phase, while the voltages along 

the two conductors are equal in magnitude [51]. In the TLT, the windings serve to 

eliminate, or at least substantially reduce, common-mode currents from the input to 

the output [46].  

 

12.2.2.2 TEM Transmission Lines 

 

For all types of TEM mode transmission lines (coaxial, parallel wire, twisted wire, 

waveguide, etc.) the equations that govern the functioning have the same basic form. 

Referring to Figure 9.55, if R, L, G and C are the total series resistance, series 

inductance, shunt conductance, and shunt capacitance per unit length z, then the 

voltage on the transmission line may be expressed as [51]: 

 

 

Figure 9.54 Transformer TEM mode. 

 

 

Figure 9.55 Transmission line equivalent circuit. 
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 ( )
V

R j L I
z


= − + 


  (9.19) 

 

and the current as 

 

 ( )
I

G j C V
z


= − + 


  (9.20) 

  

which are derived from Maxwell’s equations [51 – 53]. 

From (9.19) and (9.20) we can derive the characteristic impedance Z0 of the 

transmission line as [51]: 

 

 
0

V R j L
Z

I G j C

 + 
= =

 + 
  (9.21) 

  

and the complex propagation constant , which can be approximated as [51]: 

 
 j = +    

 ( )( )R j L G j C= +  +    (9.22) 

 

where  is called the attenuation constant and  is called the phase constant.  

For low-loss transmission line such as good quality coaxial cable [51]:  

 

 R L    (9.23) 

 

and 

 

 G C    (9.24) 

 

[Equations (9.23) and (9.24) are often referred to as the transmission line loss-free 

conditions.] These equations allow us to approximate the characteristic impedance 

Z0 as [51] : 

 

 0

L
Z

C
=   (9.25) 

 

and the complex propagation constant  to be approximated as [51]: 
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 j LC     (9.26) 

 

The reciprocal of the square root of the product of L and C provides the phase 

velocity [51]: 

 

 
p

1 1
v

LC


= = =

 
  (9.27) 

 

where  is the permeability of the transmission line medium in Henries/meter (H/m) 

and  is the permittivity of the transmission line medium in farads/meter (F/m) [51].  

Considering the 2-port transmission line of Figure 9.54 as a 4-port, and pairing 

each port with ground, it may described with a 4-port ABCD matrix, as shown in 

Figure 9.56, and described analytically as: 

 

                          
in2 in1 inI I I= − =   (9.28) 

                         
out2 out1 outI I I= − =   (9.29) 

 
in1 out1 0 outcosh sinhV V I Z I I=  +    (9.30) 

 
in2 out2 0 outcosh sinhV V I Z I I=  +    (9.31) 

                   
in out1 out2 outsinh sinh coshI V I V I I I=  −  +    

               
out1 out2 out( )sinh coshV V I I I= −  +    (9.32) 

  

The second term of (9.30) and (9.31) represent the voltage along the length of 

the transmission line, and we can readily see that this voltage is equal in magnitude 

and phase for both conductors.  

 

 

 

 

 
 

Figure 9.56 2-port TEM transmission line as 4-port ABCD element. 
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12.2.2.3 Coaxial Cable 

 

Consider the cross section of a coaxial cable illustrated in Figure 9.57. The inner 

conductor has a radius of r1 and the outer conductor has an inner radius of r2, an 

outer radius of r3, and a thickness of t. The space between the inner and outer 

conductors is filled with an insulating dielectric material such as PTFE5 that has a 

dielectric constant r and a relative permeability r. If the conductors are considered 

lossless, the unit shunt capacitance C is [54]: 

 

 r

2 2

1 1

55.62
pF/m

ln ln

C
r r

r r


= =

   
   
   

  (9.33) 

 

and the unit series inductance L is [54]: 
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=  
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  (9.34) 

 

The characteristic impedance of a coaxial TLT is given by: 

 

 r 2

0

r 1

60 ln
r

Z
r


=


  (9.35) 

                                                           
5 Wikipedia: Polytetrafluoroethylene (PTFE) is a synthetic fluoropolymer of tetrafluoroethylene that has 

numerous applications. The best-known brand name of PTFE-based formulas is Teflon by Chemours 
Chemours is a spin-off of DuPont, which originally discovered the compound in 1938.  

 

Figure 9.57 Coax transmission line cross section. 

 

https://en.wikipedia.org/wiki/Fluoropolymer
https://en.wikipedia.org/wiki/Tetrafluoroethylene
https://en.wikipedia.org/wiki/Chemours
https://en.wikipedia.org/wiki/Corporate_spin-off
https://en.wikipedia.org/wiki/DuPont
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The unit series resistance R depends on a phenomenon known as the skin effect, 

and is frequency dependent. A quantity known as the 1/e depth of penetration [54] 

is defined as: 

 

 
v r

2
 =

  
  (9.36) 

 

where v is the permeability of free space (4π×107 H/m) and σ is the conductivity 

of the material. The current in a conductor will always concentrate on the surface 

that is nearest the source that creates the current [54]. This can be imagined by 

assuming that the conductor is plane sheet and the E-field is running parallel to it 

aligned with the axis. The current with density J induced into the conductor will 

concentrate in the conductor where that E-field is closest—that is, just underneath 

the E-field point under consideration. In the case of coaxial cable this is the 

electromagnetic field that is present between the inner conductor and the inner 

surface of the outer conductor. At high frequencies the skin effect causes the current 

to flow only on the outer surface of the inner conductor and the inner surface of the 

outer conductor [54], and this condition persists as long as the thickness t of the 

outer conductor (see Figure 9.57) is appreciably greater than the depth of 

penetration. 

From (9.36) we can now define the surface resistance of the conducting material 

as [51]: 
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s 2 1 2
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  (9.37) 

 

where 

 

 
s

r 0

1
m

f
 =

  
  (9.38) 

 

In most cases it is sufficient to use the loss tangent data provided by the 

manufacturer of the cable we are using and from that derive the surface resistance 

Rs. 

The unit shunt conductance is related to the resistivity of the dielectric 

insulating material, due to a phenomenon known as dielectric hysteresis, which is 

analogous to the magnetic hysteresis in magnetic materials. It is convenient to 

describe the total losses of the transmission line as the equivalent conductivity [55]: 
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 ' '' =  +    (9.39) 

 

from which we can derive the loss tangent of the transmission line, which is [55]: 

 

 
'

tan
'


 =


  (9.40) 

 

where ´ and ´´ are often referred to as dielectric dispersion formulas [55] and are 

complicated expressions using the parameters of the transmission line being 

considered. Using (9.40) we can calculate the shunt conductance as 

 

 0 r

2

1

2
tan S/m

ln

G
r

r

 
=    (9.41) 

 

In most cases of interest to our applications, G is quite small compared with C. 

 As examples, for Teflon, tan 0.00015 =  and for ¼” semirigid cable, Z0 = 50 

, r2 = 7×10− m, and r = 2.1. For R214 with polyethylene, Z0 = 50 , r2 = 1×10−2 

m, r = 2.3, and tan 0.00031. =  

 

Low Frequency Bandwidth Limit 

 

The low frequency bandwidth limit of a coaxial cable TLT is determined by way of 

the magnetizing inductance of the outer surface of the outer conductor, which results 

in the low frequency model illustrated in Figure 9.58. Here, the transmission line 

proper is represented by the ideal 1:1 transformer. The resistance R0 represents the 

losses of the transmission line, and the inductance Lac represents the magnetizing 

inductance of the outer surface of the outer conductor. 

 

 

Figure 9.58 Low frequency model of 1:1 coaxial cable transmission line transformer. 
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An approximation to the magnetizing inductance can be made by considering 

the outer surface of the coaxial cable to be the same as that of a straight wire (or 

linear conductor) which, at higher frequencies where the skin effect would cause the 

current to be concentrated on the outer surface of the outer conductor, would have 

the self-inductance of: [56] 

 

 ac

3

2
2 ln 1 nH

l
L l

r

  
= −  

   
  (9.42) 

 

where l is the length of the coaxial cable in cm and r3 is the radius of the outer 

surface of the outer conductor in cm, as shown in Figure 9.57. As stated, this 

inductance is for a straight conductor, and will generally increase when the coaxial 

cable is formed into various shapes such as a helix, making the inductance Lac of 

(9.42) a lower limit in the design process. 

The length of the transmission line is kept to no more than an eighth of a 

wavelength (λ/8) at the highest frequency for the application. The characteristic 

impedance of the transmission lines used in the TLT should be equal to the 

geometric mean of the input and output impedances [56]: 

 

 TL in outZ Z Z=    (9.43) 

 

although suboptimal transmission line characteristic impedances may be used 

provided that the increased losses, degraded return loss, and reduced bandwidth are 

acceptable, which is sometimes a necessary tradeoff when using commercial coaxial 

transmission line. 

From (9.42) and (9.43) we can now estimate the low frequency bandwidth limit 

of a coaxial cable TLT as: 

 

 TL

L

ac2

Z
f

L
=


  (9.44) 

 

Referring back to the low frequency model in Figure 9.58, we note that the 

voltage for the low frequency model is described along the length of the conductors 

rather than across the end terminals, which is represented by the second term of 

equations (9.30) and (9.31). This voltage orientation is commonly used in the design 

of TLTs. 
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9.12.3 Amplifier Performance 

 

The prototype VHF/low UHF amplifier has been assembled and tested. Test results 

are illustrated in Figures 9.59–9.64. 

Performance for this PA is shown in Figure 9.59 at 30 MHz, Figure 9.60 for 

250 MHz, and Figure 9.61 for 512 MHz. In all these cases, Pout increases 

monotonically as the Pin is increased, as does the efficiency.  

Gain versus frequency at the rated power output of 180W is displayed in Figure 

9.62. The gain remains reasonably flat as Pin is increases and is above 17 dB across 

the frequency range, while the efficiency stays around 60%. 

As we see from Figure 9.63, the 1-dB output compression point is 180W 

minimum, which, as we discuss later in Chapter 11, is typically used as a measure 

of the maximum linear output power available from an RF amplifier. For adjacent 

channel interference avoidance, an amplifier is not normally operated at the 1-dB 

compression point. Maximum input power is normally backed off from this point to 

keep the amplifier in its linear range. 

The intermodulation performance, as given by IM3 and IM5 is depicted in 

Figure 9.64.  At 180W PEP with a frequency separation of 100kHz, IM3 is below  

–15 dBc over the frequency range 30–512 MHz. IM5 is below –20 dBc over the 

same frequency range. 

 

 

9.13 Concluding Remarks 
 

In this chapter we discussed topologies and characteristics of RF power amplifiers. 

Such amplifiers are usually the final stage in the RF signal path in EW systems, and 

are used to boost signal strength to levels suitable for EA applications. 

For stand-off applications such signal strength is on the order of hundreds of 

watts to be fed to an antenna for broadcast. For stand-in applications (i.e. IED 

jammers, UAS configurations, hand-emplaced, and so forth) power levels in the tens 

of watts are frequently adequate. In most situations, wideband amplifiers are 

required as the target set to be addressed is often not a priori defined.  

We presented a PA reference design based on LDMOS transistors and TLT 

broadband transformers. This is a complete amplifier (needs a power supply and 

heat sink, of course) but is currently available from Polyfet. It is a relatively low 

power design (180W PEP) and is suitable for low and medium power applications 

but has good performance over the frequency band 30–512 MHz. 
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Figure 9.60 Performance at 250 MHz. (Source: [40]. © Polyfet. All rights reserved. Reprinted with 

permission.) 

 

 

 

 

 

 
 

Figure 9.59 Performance at 30 MHz. (Source: [40]. © Polyfet. All rights reserved. Reprinted with 

permission.) 
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Figure 9.61 Performance at 512 MHz. (Source: [40]. © Polyfet. All rights reserved. Reprinted with 

permission.) 

  

 

 

 

 

 

 
 

Figure 9.62 PA performance versus frequency. (Source: [40]. © Polyfet. All rights reserved. Reprinted 
with permission.) 
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Figure 9.63 P3dB and P1dB performance versus frequency. (Source: [40]. © Polyfet. All rights reserved. 

Reprinted with permission.) 

 

 

 

 

 

 
 

Figure 9.64 TB263 intermodulation performance versus frequency. (Source: [40]. © Polyfet. All rights 
reserved. Reprinted with permission.) 
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Chapter 10 
 

 

Amplifier Stability 
 

 

10.1 Introduction 
 

Many amplifier configurations can become unstable at some frequencies if care is 

not taken in their design. If an amplifier is unstable, it can start oscillating. This can 

occur at its input or output, or both. 

 We investigate the conditions for stability in this chapter. These conditions are 

conveniently displayed on the Smith chart, which renders them evident on visual 

inspection. 

 This chapter is structured as follows. We first cover the concept of negative 

resistance, particularly at the ports of two-port active devices. Stability circles are 

covered next as a graphical method for displaying stability. Methods for stabilizing 

potentially unstable active two-ports are discussed next. 

 

 

10.2 Negative Resistance 
 

Consider the generic linear, small-signal BJT amplifier in Figure 10.1. The transistor 

can be characterized by its S-matrix 

 

 
11 12

21 22

s s

s s

 
=  

 
S  (10.1) 

 

Assume that the matching networks are passive so that 

 

 S L1 and 1     (10.2) 
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Instability, that is oscillation, is possible if a signal incident on the input or output 

port of the transistor is reflected with a gain greater than 1. That is, if  

 

 
i o1 or 1     (10.3) 

 

This could occur when noise is incident on either port and is reflected with gain, is 

reflected again at the corresponding matching network, and so on. This noise could 

be amplified repeatedly to such a level that the device is forced into unstable 

operation. For 1,  the real part of the impedance seen looking into the port must 

be negative. That is 

 

 
i o0 or 0R R   (10.4) 

 

for instability. This region lies outside the unit circle on a Smith chart, as we’ll see 

shortly. 

 The input and output reflection coefficients are given by [1] 

 

 
L 12 21

i 11

L 221

s s
s

s


 = +

− 
 (10.5) 

 

and 

 

 
S 12 21

o 22

S 111

s s
s

s


 = +

− 
 (10.6) 

 

Using (10.5) and (10.6) in (10.2) and (10.3), for the circuit to be unconditionally 

stable: 

 

 
 

Figure 10.1 BJT amplifier. 
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 L 12 21

i 11

L 22

1
1

s s
s

s


 = + 

− 
 (10.7) 

 

and 

 

 S 12 21

o 22

S 11

1
1

s s
s

s


 = + 

− 
 (10.8) 

  

Note that if 
S 1  or

L 1  then (10.7) and (10.8) are requirements for 

conditional stability only. 

 

 

10.3 Stability Circles 
 

Stability circles are graphical depictions of the ranges of S and L values that may 

lead to instability. Because they are drawn on the Smith chart, the stability circles 

are particularly helpful because of the extra information provided with this 

depiction. Stability circles establish the boundary between stable and potentially 

unstable S or L. 

 To determine these boundaries, we set i 1 = (or o 1) = and draw these 

curves in the L (or S) plane. 

 On the output side of the network, for the load stability circle, from (10.5) we 

have 

 

 L 12 21

i 11

L 22

1
1

s s
s

s


 = + =

− 
 (10.9) 

 

Equation (10.9) can be rearranged to 

 

 L L LC R − =  (10.10) 

 

where  

 

 
( )

*
*

22 11

L 2 2

22

s s
C

s

− 
=

− 
 (10.11) 

 



RF Electronics for Electronic Warfare 

 

414 

and 

 

 12 21

L 2 2

22

s s
R

s
=

− 
 (10.12) 

 

Equation (10.10) is an equation for a circle in the complex L plane with center CL 

and radius RL. In (10.11) and (10.12) 

 

 
11 22 12 21s s s s = −  (10.13) 

 

 For a conditionally stable circuit, the load stability circle may look something 

like Figure 10.2 on the extended Smith chart. Again, this circle defines those L 

values where 
i 1. = The contour defines a boundary within which the circuit will 

be stable or unstable, but as yet we do not know which (remember that we assumed 

that 
L 1).  Those L outside of the circle (and with 

L 1)  define the opposite 

condition. 

 
 

Figure 10.2 Extended Smith chart. 
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To determine the stable region we choose a load ZL so that 
L 0 L 0,Z Z=   =

so that from (10.5) 

 

 
i 11s =  (10.14) 

 

Consequently, if 
11 1,s  then the region containing the origin in the L plane is the 

stable region. Otherwise, if 11 1,s  then the region inside the stability circle plane 

is the stable region. Figure 10.3 summarizes these conditions.  

 In order for the circuit to be unconditionally sable, the stability circle must lie 

entirely outside the Smith chart. 

 Further, if 11 1s  or 22 1s  then it is not possible for the amplifier circuit to 

be unconditionally stable because we can always have a load (or source) impedance 

equal to Z0. This implies L (or S) = 0. In this case from (10.5) 

 

 
i 11 o 221 or 1s s =   =   (10.15) 

 

Both equations indicate the circuit is always potentially unstable. 

 On the other hand, we can show that the circuit is unconditionally stable if 

 

 

2

11

*

22 11 12 21

1
1

s

s s s s

−
 = 

−  +
 (10.16) 

 

This is the mu stability factor [2]. The larger the value of  the greater the stability. 

 
 

Figure 10.3 Two stability regions. 

 



RF Electronics for Electronic Warfare 

 

416 

 Beginning with (10.6), we analyzed the load stability circle;  however the same 

analysis can be applied to the source stability circle. The region of stability for the 

source stability circle is now determined by s22. If 22 1s  the region of stability 

contains the origin in the complex S plane. 

 

Example 10.1: The s-parameters of a microwave BJT are listed 

in Table 10.1 for a CE amplifier. These parameters are referenced 

to a 50  system at 2 GHz. We will determine the stability of this 

amplifier assuming 
S 1  and 

L 1.   

 From (10.13) 

 

 o

11 22 12 21 0.260 80.9s s s s = − =   

 

so that from (10.16) 

 

 
0.969

1.57 1
0.613

 = =   

 

Since the  stability factor is greater than unity the amplifier is 

unconditionally stable, at least at 2 GHz. 

 However, it is important to test for stability at all frequencies 

less than fT of the transistor (that is, at all frequencies where gain 

> 1). For example, at 100 MHz, the s-parameters could be as 

shown in Table 10.2. Using these values in (10.16) we find that 

0.552 1. =  Therefore, at 100 MHz the amplifier is only 

conditionally stable. 

 While 100 MHz may not be in the passband of the amplifier, 

it is possible that nonlinearities at 100 MHz could mix with 

incoming signals and produce output in the passband. Then the 

whole circuit would oscillate. 

Table 10.1 BJT Parameters  at f  = 2 GHz 

 

s11 
o

0.177 136 −  

s12 
o

0.118 44  

s21 
o

1.70 61  

s22 
o

0.632 78 −  
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 From (10.11) and (10.12), the load stability circles at 1 GHz 

are given by 

 

 
* *

22 11

L 2 2

22

( )s s
C

s

− 
=

− 
 

 
o o o *

2 2

[0.632 78 (0.177 136 )(0.260 80.9 )]

0.632 0.260

 − −  
=

−
 

 o0.597 80.9=   

 

and 

 

 
o o

12 21

L 2 2 2 2

22

(0.118 44 )(1.70 61 )
0.605

0.632 0.260

s s
R

s

 
= = =

−− 
 

 

The load stability circle is shown in Figure 10.4. Since 
11 1s  at 

2 GHz the region of stability is inside the circle. Therefore, the 

circuit is unconditionally stable. 

 We see from this example that if the circuit is unconditionally 

stable (as this one is at 2 GHz), there really isn’t any need to plot 

the stability circle. 

The stability circles at 100 MHz are shown in Figure 10.5. 

Since 
11 1s  the load stable region is inside the load circle. The 

same is true for the source stability circle since 
22 1.s   

  

10.3.1 Rollett Stability Factor 

 

Another stability condition that is often used can be derived from (10.7) and (10.8) 

is referred to as the Rollett stability factor, and is denoted by KR. KR is given by 

  

Table 10.2 BJT Parameters at f = 0.1 GHz 

 

s11 
o

0.574 79 −  

s12 
o

0.023 67  

s21 
o

11.65 127  

s22 
o

0.788 56 −  
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Figure 10.5 Example 10.1 stability circles at 100 MHz. 

 

 
 

Figure 10.4 Example 10.1 load stability at 2 GHz. 
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2 2 2

11 22

R

12 21

1
1

2

s s
K

s s

− − + 
=   (10.17) 

 

When this factor is greater than one, combined with the following two conditions, 

 

 
2

12 21 221s s s −  (10.18) 

 

and 

 

 
2

12 21 111s s s −  (10.19) 

 

then the circuit is absolutely stable [3]. For most devices 1,  so (10.17) – (10.19) 

are sufficient to guarantee absolute stability. 

 

 

10.4 Stability of Active Two-Ports 
 

Two-ports that map passive loads into input admittances with negative real parts or 

passive generator admittances into output admittances with negative real parts may 

be unstable, that is, sustain oscillations. This is an undesirable condition when the 

two-port in question is an amplifier. An example is shown in Figure 10.6, where a 

passive load yL determined by 

 

 
21 12

i i i 11

22 L

y y
y g jb y

y y
= + = −

+
 (10.20) 

 

is supposed to provide an input admittance with gi < 0 at frequency 0. An 

admittance YG of opposite sign is passive since gG > 0. Connected across the input 

terminals, YG gives a total parallel admittance of zero, which is a property of an 

undamped parallel circuit tuned to 0. Once the voltage amplitude of V1 is reached, 

oscillations are sustained while power is delivered to the external conductance gG.  

A two-port through which passive load and generator admittances cannot 

transform to input and output impedances with negative real parts at a given 

frequency are said to be absolutely stable at that frequency. If the two-port is not 

absolutely stable, it called potentially unstable. We need to stress that absolute 

stability will not prevent oscillations if there is a feedback path between the ports 

outside the two-port.  
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On the other hand, instability means the possibility that the two-port will 

oscillate for some passive terminations at a specified frequency. Had we, for 

instance, in the example of Figure 10.6 used
L i 0( )g g −  giving a total positive 

load conductance, any oscillation initiated would decay. 

To determine the conditions for absolute stability we start by introducing the 

so-called short circuit stability criteria given by 

 

                    
11 11 22 22Re{ } 0, and Re{ } 0g y g y=  =           (10.21) 

 

with unilateral two-ports where y12 = 0, (10.21) holds the only necessities for 

absolute stability. In the general case the effect of internal feedback (y12) must be 

investigated.  

Investigating for absolute stability may be based on the mismatch factor Mmch 

introduced in Chapter 5 with the short-circuit criteria from (10.21). If Mmch is 

positive, calculations of the port impedances and maximum gain follow directly 

using 

 

G,opt 11 mch

G,opt G,opt G,opt 21 12

G,opt 11 11

22 22

, Im{ )

2 2

g g M

y g jb y yQ
b b b

g g

=


= + 
= − = −



       (10.22) 

L,opt 22 mch

L,opt L,opt L,opt 21 12

L,opt 22 22

11 11

, Im{ }

2 2

g g M

y g jb y yQ
b b b

g g

=


= − 
= − = −



       (10.23) 

 

2

21

max

11 22 mch 21 122 (1 ) Re{ }

y
G

g g M y y
=

+ −
 (10.24) 

 

While the short-circuit conditions are common, criteria equivalent to Mmch are 

usually found in literature and data sheets.  

 
 

Figure 10.6 Example of an oscillatory circuit with a two-port that maps the passive admittance yL into 

an input admittance having a negative real part, gi(0) < 0. 
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Before considering constraints set by the lossless two-port, the power 

expressions 

 

 
i 1 i2P V g=  (10.25) 

 

where gi is the real part of the input admittance. The voltage gain of the port is 

 

 
2 21

v

1 22 L

V y
A

V y y
= = −

+
 (10.26) 

 

So the power delivered to the load is given by 

 

 

2

2 2 21

L 2 L 1 L

22 L

y
P V g V g

y y
= =

+
 (10.27) 

 

where gL is the load conductance from 
L L L.y g jb= +  Since the generator current 

IG divides between the generator and the two-port input admittance the available 

generator power becomes 

 

 

2 2 2

G 1 G i

av

G G4 4

I V y y
P

g g

+
= =  (10.28) 

 

We express the available output power Po using the output short-circuit current 

22 0VI = as 

 
2

2

2
22

22 0 21 G21

o 1 av0

o o 11 G o4 4

V

V

I y gy
P V P

g g y y g

=

=
= = =

+
 (10.29) 

 

Equations (10.25)–(10.29) give the matching factors directly in terms of two 

connected admittances by 

 

 G i L oi L

mch,i mch,o2 2

av oG i L o

4 4
,

g g g gP P
M M

P Py y y y
= = = =

+ +
 (10.30) 

 
(see Figure 10.7).  
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The other condition for absolute stability expressed in terms of the y-parameters 

is given by 

 

 
11 22 21 12 21 122 Re{ }g g y y y y−   (10.31) 

 

Together with the short-circuit stability requirements, the last condition is called 

Llewellyn’s absolute stability conditions. A simple reorganization brings it to the 

Rollett’s stability condition, equivalent to (10.17), 

 

 11 22 21 12

R

21 12

2 Re{ }
1

g g y y
K

y y

−
=   (10.32) 

 

Other obvious equivalent conditions that can be derived from (10.31) are: 

 

Linvill’s stability condition 

 

 
21 12

11 22 21 12

, 0 1
2 Re{ }

y y
C C

g g y y
=  

−
 (10.33) 

 

Stern’s stability condition 

 

 11 22

stern stern

21 12 21 12

2
, 1

Re{ }

g g
K K

y y y y
= 

+
 (10.34) 

 

10.4.1 Stabilizing Active Two-Ports 

 

RF transistors are usually potentially unstable in a large part of the frequency range 

where they provide power gain. Absolute stability means that the two-port remains 

stable with any passive terminations and with predictable maximum power gain. By 

contrast, any power gain may be supported, if the two-port is allowed to be 

 
 

Figure 10.7 Power flow through a lossless two-port. Pav and Po are available. 
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potentially unstable. The potentially unstable two-ports may still be useful, if it can 

be embedded to provide the required gain without oscillating. There are two main 

approaches to reach that goal. We may either reduce gain by adjusting matching 

conditions, possibly inserting additional lossy components, or we may add 

components to reduce feedback. In this section we initially consider the first method, 

where we examine the maximum stable gain. By the second method, called 

neutralization, we may reach maximum gain at the expense of more complex 

circuits. 

The maximum stable gain, denoted by Gms is the maximum gain of a non-

unilateral two-port at the boundary of absolute stability, where K = 1. If the two-

port is potentially unstable, Gms is the maximum gain that may be obtained if the 

two-port is augmented with components placed across its ports as shown in Figure 

10.8. Gms is given by 

 

 
ms 21 12/G y y=  (10.35) 

 

The generator and load conductances presented at the ports should be chosen to 

fulfill the stability conditions from (10.21) and (10.32) with the resulting y-

parameters for the augmented two-port given by 

 

 
11 11 G 11 22 22 L 22 21 21 12 12

ˆ ˆ ˆ ˆ( ) , ( ) , ,y g g jb y g g jb y y y y= + + = + + = =  (10.36) 

 

 Although we show one possible configuration of resistances at the two ports in 

Figure 10.8 to improve the stability of the two-port, there are several others possible 

in different configurations [4]. Some of them affect the gain while others do not. 

Usually, adding resistances to networks increases the noise, however. 

 
 
Figure 10.8 Augmented two-port. Conductances gA, gB control the stability factor KR but keep the 

maximum stable gain Gms unaffected. 
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One way of exerting control over the stability properties of a two-port is shown 

in Figure 10.9. The real parts of the generator and load admittances can be included 

into a hypothetical augmented two-port for stability computations. We can ensure 

that the terminated two-port stays stable with any generator and load susceptances 

using this technique. To find the pertinent power gains, however, it is not the 

parameters of the augmented two-port but the parameters of the original one that 

must be used together with yG and yL in the definition of gains in Chapter 4 for 

finding the type of gain that is appropriate. The latter question concerns the 

operational and the available power gains, where it may happen that the terminated 

two-port gets input or output conductances that are zero or negative, so these gain 

functions become meaningless. 

While the partitioning in Figure 10.9 was dictated by our stability discussion, 

practical single stage RF amplifier design commonly gets a structure more like 

Figure 10.10. Lossless matching networks are inserted at either side of the active 

two-port to transform given generator and load admittances to the admittances that 

are required for the active device. If the device is absolutely stable, simultaneous 

conjugated matching at the device port provides maximum gain. Since it also 

implies transfer of available power (i.e., maximum power) to and from the device, 

 

 
 

Figure 10.9 Augmentation of a two-port by adding generator and load conductances gG and gL for 
stability considerations. As long as K > 1, determined by proper selection of gG and gL, this configuration 

will remain stable for any values of the susceptances bG and bL. 

 
 

 

 
 

Figure 10.10 RF-amplifier structure. Matching ratios of input over available powers Mmch are the same 
on either side of lossless networks and equals one with conjugated matching to an absolutely stable 

device. 
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and since the matching networks cannot absorb power, transfers from the generator 

and to the load are maximum too, so the outer ports are also conjugate matched. 

A potentially unstable device cannot be simultaneously matched at both ports. 

A KR-factor greater than one, which has been obtained from augmentation estimates 

with a potentially unstable device, implies admittance mismatch at one or both 

device ports. If the generator and load admittances presented at the active two-port 

terminals, yG and yL respectively, are still transformed through lossless networks 

from the outer generator and load admittances, YG and YL, mismatch pertain to the 

outer connection ports too. We introduce a measure of matching, Mmch, as the ratio 

of power delivered to a load over the available power—sometimes called the 

mismatch factor that was introduced in Chapter 5. This ratio remains the same at 

either side of a lossless admittance transforming network.  

There are situations where matching is required—there are no alternatives. The 

technique in Figure 10.8 can be used to adjust the real parts of y11 or y22 or both in 

the active two-port by parallel connecting resistors. There are several other possible 

concerns over and above stability that must be considered, however. Note that an 

additional resistive loss at the input may decrease the noise performance of the 

amplifier. An additional output conductance, on the other hand, may limit the power 

output capability of the active device. 

Even if an active device is absolutely stable, either inherently or by resistive 

extensions, it is still useful to estimate the stability factor after augmentation 

encompassing the load and generator admittances. If the KR-factor is close to one 

there is a potential that parameter variations with time, temperature, and/or device 

substitution could produce instabilities. The factor of the augmented network may 

indicate how sensitive the complete circuit is with respect to tuning and the 

parameter variations. The KR-factor in the augmented estimation may be used as a 

degree-of-stability indicator like phase or gain margins in low-frequency designs. 

This property is discussed in the following example, and shows why a KR-factor of 

five or more is a preferable choice in design. 

 

Example 10.2: Degree of Stability 

 

The KR-factor is an indicator of the degree of stability as we will 

show in this example. Consider the amplifier illustrated in Figure 

10.11. An FET with the high-frequency equivalent circuit in 

Figure 10.11(b) is matched at both ports with tuned narrowband 

resonant circuits. The input and output capacitors C1 and C2 

compensate for the transistor input and output capacitances to 

give a total capacitance of Cp in both circuits; that is, 

 

 
p 1 2 oC C C C C= + = +  (10.37) 
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The two-port we use for the stability calculations is shown by 

Figure 10.11(c). The y-parameter matrix is expressed through 

yp(s), which represents the admittance function of the matched 

networks at either side of the transistor 

 

 
p

m p

( )

( )

y j C

g j C y





 −  
=  

−   
Y   (10.38) 

 

where 

 

p p

1
( ) ( )y j C C G

j L
 =  + + +


 

 

The transfer impedance of the amplifier is expressed as, 

 

2 21 21 21

21 2

G 11 22 21 12 p pp 21 12
( )( )

V y y y
z

I y y y y y yy y y

− − −
= = = =

− +  − −
 (10.39) 

 

where 

 

 21 12y y =  (10.40) 

 

 
 
Figure 10.11 Simple, symmetric narrowband FET amplifier (a) with transistor equivalent circuit in (b). 

Stability conditions are calculated by the two-port in (c). 
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Around the frequency f0, where the circuits are tuned, yp can be 

approximated with the narrowband approximation 

 

 p p0( ) 2 ( )y C j s = −     (10.41) 

 

where 

 

 0

p0 0
2

s j
Q


 − +   

 0

1

LC
 =  

 0 0

3dB

C
Q

W G

 
= =  

 

In (10.41), sp0 is the upper half-plane zero of yp(s). Had the 

transistor been unilateral, that is, y12 = 0, there would have been a 

double pole at sp0 in the amplifier transfer impedance (10.39). The 

feedback in the transistor changes that. The admittance of Cμ is 

much smaller than the transconductance gm at the center 

frequency, so we approximate, 

 

 
21 m m

12 0

y g j C g

y j C j C



 

= −  

= −   − 
 (10.42) 

  

then, from (10.40) 

 

 m 0j g C = −   (10.43) 

 

y12 in (10.42) approximated as a constant is consistent with 

confining the frequency to a narrowband interval around f0. Under 

the same assumptions, using (10.43), the stability factor of the 

two-port is related to  by 

 

 

2 2
p 0

R 2

m 0

2Re { ( )} 2y G
K

g C


= =


 

 

so that 
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R

2
jG

K
 = −  (10.44) 

 

Using (10.44) in the transfer impedance in (10.39) shows the pole- 

splitting into sp1 and sp2, 

 

 m

21 2

p1 p2

( )
4 ( )( )

g
z

C j s j s

−
 

− −
 (10.45) 

 

where 

 

 0

p1 0

R

2
1

2
s j j

Q K

 
=  − − −  

 
 

 

and 

 

 0

p2 0

R

2
1

2
s j j

Q K

 
=  − + −  

 
 

 

Because of the feedback through Cμ, the poles move along a line 

in directions of j½ from the position of the unilateral double-pole 

at sp0. The smaller KR becomes, the greater the displacement from 

sp0. If KR becomes less than one, we see from the pole position 

sketch in Figure 10.12(a) that the lower pole moves into the right 

half of the s-plane and the amplifier becomes unstable. The 

frequency responses with various KR-values are given in Figure 

10.12(b), where we see that the larger KR is, the closer the 

response is to the unilateral limit KR→∞. We see that a KR-value 

of more than five is preferable, if the design goal is to approximate 

an ideal unilateral characteristic, which it usually is. 

 

 

10.5 Neutralization 
 

The y-parameters for a two-port are the matrix relationship that expresses the port 

currents in terms of the port voltages and are given by (2.7)–(2.10), restated here as 
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 I V= Y  (10.46) 

 

 
1 11 12 1 11 11 12 12 1

2 21 22 2 21 21 22 22 2

I y y V g jb g jb V

I y y V g jb g jb V

+ +         
= =         

+ +         
 (10.47) 

 

The y-parameters are often used for RF analysis of active circuits because linear 

small-signal RF models for many active devices are of π-shape for all but ultimate 

high frequency limits. We will use the y-parameters in this section. 

The only requirement for absolute stability in unilateral two-ports, i.e. two-

ports with y12 = 0, is the short-circuit conditions in (10.21). Adding external circuitry 

that counteracts the internal feedback is one means of keeping the gain high with a 

given device. Figure 10.13 illustrates this principal. Two two-ports connected in 

 
 

Figure 10.12 Pole positions, (a), and transfer characteristics, (b), for various KR values corresponding to 
different Cμ´s. 

 

 

 

 

 
 

Figure 10.13 Parallel connection of two-ports. The resultant Y-matrix is the matrix sum of matrices for 

the paralleled two-ports. 
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parallel as shown get a total y-parameter matrix that is the sum of the y-parameter 

matrices for the individual two-ports. This is because the voltage sources, the 

independent variables, at the two ports are common to the other network so are 

equal, while the dependent variables, the currents, divide at the ports. 

Consequently, corresponding y-matrix elements in such a parallel arrangement 

add to give the resultant element; that is, 

 

 
11 11 11,N 12 12 12,N

21 21 21,N 22 22 22,N

ˆ ˆ,

ˆ ˆ,

y y y y y y

y y y y y y

= + = +

= + = +
 (10.48) 

 

So the condition for neutralization is 

 

 12 12,N 12
ˆ 0y y y= → = −  (10.49) 

 

To get optimum conductances and maximum gain in a unilateral two-port we 

must arrange conjugate matching to y11 and y22 at the input and the output ports, 

respectively. We get 

 

 

2

21* *

G,opt 11 L,opt 22 max

11 22

ˆ
ˆ ˆ, ,

ˆ ˆ4

y
y y y y G

g g
= − = − =  (10.50) 

 

Two common configurations used for neutralization are shown in Figures 10.14 

and 10.15, where the y-parameters to be paralleled are 

 

 
n n n n

Nt Ns2

n n

,
n n

y ny y y

ny n y y y

−   
= =   

−   
Y Y  (10.51) 

 

 
 
Figure 10.14 Broadband neutralization with transformer: (a) circuit configuration and (b) equivalent 

circuit.  Neutralizing condition y12 = –nyn. 
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In Figure 10.15 the added two-port includes a common ground for the ports, a 

property that also must apply to the neutralized two-port. However, two-ports to be 

neutralized inherently have common ground due to active three-terminal devices. 

Figure 10.16 illustrates neutralizations around a transistor using a π-type 

equivalent circuit. In case the two-port to be neutralized is of π-type, where 

12 ,y y= − the transformer coupling in Figure 10.14 has the capability of covering a 

broad frequency range, an important consideration for EW applications. Here the 

counteracting network contains a scaled version of yμ, 

 

 n 12

1
y y y

n
= − =  (10.52) 

 

The neutralization also changes the other parameters as, 

 

 11 11 21 21 22 22
ˆ ˆ ˆ, ,

y
y y y y y y y ny

n



 = + = + = +  (10.53) 

 

 
 

Figure 10.16 Neutralization of transistor feedback capacitance: (a) broadband with transformer and (b) 

narrowband with lumped element. The feedback capacitor in (b) is to remind us that bias separation 
between input and output is typically required and must be taken into consideration for frequency 

response effects. 

 

 

 

 
 

Figure 10.15 Narrowband neutralization of two-port: (a) circuit configuration and (b) equivalent circuit. 

Neutralizing condition y12 = yn. 
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The method in Figure 10.15 requires that yn be the negative of y12. Typically, 

an inductive yn tunes out a capacitive feedback component in an amplifier. 

Adjustable components may be required for total neutralization of active 

devices due to parameter spreading. Setting the resultant y12 exactly to zero is called 

unilateralization and is less demanding than the requirement to reduce the feedback 

sufficiently to guarantee stable operation. 

 

Example 10.3: Stabilizing a Transistor by Neutralization 

 

Suppose the transistor, at some frequency of interest, has the 

following scattering parameters: 

 

 
o o

o o

0.73 102 0.10 48

2.21 104 0.47 48

  − 
=  

  − 
S  (10.54) 

 

The stability factor is calculated from (10.17) to be 

 

 
R 0.752K =  (10.55) 

 

and 

 

 0.294 =  

 

 So the circuit is potentially unstable. 

 One way to solve this potentially unstable condition is to use 

a shunt feedback to neutralize the internal feedback. The 

neutralization procedure is illustrated in Figure 10.17. The overall 

YT is 

 

 
 
Figure 10.17 Neutralization. 
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T a f= +Y Y Y  (10.56) 

 

We illustrate the simple narrowband feedback circuit as illustrated 

in Figure 10.18. In this case 

 

 
fb fb

f

fb fb

y y

y y

− 
=  

− 
Y  (10.57) 

 

We can find by transforming from the s-parameters resulting in 

(all y-parameters have the units of )  

 
3 2 4 3

a 2 2 3 3

5.5307 10 1.9049 10 3.9086 10 2.3092 10

4.7114 10 2.1376 10 5.4445 10 5.1841 10

j j

j j

− − − −

− − − −

  +   − 
=  

 −   +  
Y  

 

Thus, the overall y-parameters are 

 
3 2 4 3

fb fb

T 2 2 3 3

fb fb

5.5307 10 1.9049 10 3.9086 10 2.3092 10

4.7114 10 2.1376 10 5.4445 10 5.1841 10

j y j y

j y j y

− − − −

− − − −

  +  +  −  −
=  

 −  −  +  + 
Y  

 

Obviously if we set 
3

fb 2.3092 10y j −= −  then the internal 

feedback is cancelled, and we get 

 
3 2 4

T 2 2 3 3

5.5307 10 1.6739 10 3.9086 10 0

4.7114 10 1.0967 10 5.4445 10 2.8750 10

j j

j j

− − −

− − − −

  +   −
=  

 −   +  
Y  

 

We can calculate 

 

 
R 2.067K =  

 

and 

 

 
 

Figure 10.18 Simple feedback. 
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 0.4037 =  

 

These satisfy the Rollett criteria, the amplifier has been 

neutralized, and it is unconditionally stable (at the specified 

frequency). 

 Note that 
3

fb 2.3092 10y j −= −  corresponds to an inductor of 

value 0.69 H at 100 MHz. 

 

10.5.1 Summary 

 

A potentially unstable amplifier can be made unconditionally stable by 

neutralization as we demonstrated in this section. It is important to note that the 

neutralization process outlined in the example can be used up to the VHF range and 

applies to narrowband transmitters only. 

 There are other forms of neutralization; adding series resistances on the input 

and output for example [5]. We have shown one possible method. In addition, more 

complex feedback circuits could be used. 

 

Example 10.4: VHF Amplifier Design 

 

In this example we will design a 100 MHz single-stage amplifier 

with a BJT having the y-parameters in (10.59) 

 

 
11 11 12 12

trans

21 21 22 22

g jb g jb
Y

g jb g jb

+ + 
=  

+ + 
 (10.58) 

 
43.7 10.6mS 1.00 4.29mS

13.9 331.0mS 1.46 15.8mS

j j

j j

+ − − 
=  

− − + 
 (10.59) 

 

The other relevant specifications of the amplifier are as follows: 

 

- gain at 100 MHz: 15-dB 

- 50  match at both ports 

- stable without load or/and generator connected 

- 3-dB bandwidth, W3dB, of 10 MHz with two-stage 

synchronous tuning 

 

The topology of this amplifier is as illustrated in Figure 10.11. 

We notice that the transistor data imply from (10.32) 
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21 12 (1.00 4.29)(13.9 333)y y j j= + +  (10.60) 

 
2 21415 392.6(mS) 1468 164.4(mS)j= − + =   (10.61) 

 

so 

 

 11 22 21 12

trans

21 12

2 Re{ } 2 43.7 1.46 1415
1.051

1468

g g y y
K

y y

−   +
= = =  (10.62) 

 

Although being absolutely stable the transistor is close to the 

stability bound at 1 so the requirement of stability without load 

and source connections will probably be highly sensitive to 

parameter variations. However, the transistor has a maximum 

stable gain of 

 

                             

2 2

21 21 21

ms 2 2

12 12 12

y g b
G

y g b

+
= =

+
 (10.63) 

 
2 2

2 2

13.9 331
76.56 (18.84dB)

1.00 4.21

+
= =

+
 (10.64) 

 

Compared to the gain requirement (15 dB), there is room for 

enlarging the KR-factor by resistive extension (there is inevitably 

gain loss and noise degradation when inserting resistance into 

amplifier stages). Writing the maximum gain as 

 

 2

max ms ms R R
2

R R

1
( 1)

1
G G G K K

K K
= = − −

+ −
 (10.65) 

  

where Gms is given by (10.63), we can solve for the ratio of Gmax 

to Gms and get the KR-value for the extended two-port as 

 

 
2max

ext ext

ms

, 1
G

a a K K
G

= = − −  

 

so 
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 ext

1 1

2
K a

a

 
= + 

 
 (10.66) 

 

Inserting the values, we have 

 

 max

31.62
15(dB) 31.62 0.4130

76.56
G a= −  = =  

 

so 

 

 ext

1
(0.4130 2.421) 1.417

2
K = + =  (10.67) 

 

In this design we extend the transistor two-port by adding 

parallel conductance gB across the collector port as indicated in 

Figure 10.8. If no other admittances are connected across the 

device ports, the Kext value above places us further on the safe side 

for stability. The output conductance of the extended two-port is 

called g22,ext, and it may be determined through the KR-factor 

expression from (10.32). We get 

 

 

ext 12 21 12 21

22,ext 22 B

11

Re{ }

2

1.417 1468 1415
7.610 mS

2 43.7

K y y y y
g g g

g

+
= + =

 −
= =



 (10.68) 

 B 22,ext 22 7.61 1.46 6.15 mSg g g= − = − =  (10.69) 

 B

B

1
163r

g
= =   (10.70) 

 

Output conductance g22,ext is the only replacement that is 

required to find the y-parameter matrix of the extended two-port 

compared to the original one in (10.59). To find the generator and 

load admittances that imply simultaneous matching to the 

extended two-port, we start by calculating M given by 

 

 
21 12 2

ext

11 22,ext

1
2

y y
M K

g g
=  −  (10.71) 
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as 

 

 
21468 1.417 1

2.216
2 43.7 7.61

M
−

= =
 

 (10.72) 

 

Now the optimal generator and load admittances may be 

found using (10.22) and (10.23) 

 

 
G 11 43.7 2.216 96.84 mSg g M= =  =  

 21 12

G 11

22,ext

Im{ }

2

y y
b b

g
= −  

 
392.6

10.6 15.20mS
2 7.61

= − =


 (10.73) 

 L 22,ext 7.61 2.216 16.86mSg g M= =  =  

 21 12

L 22

11

Im{ } 392.6
15.8 11.31mS

2 2 43.7

y y
b b

g
= − = − = −


 (10.74) 

 

Augmenting by the generator and load conductances, the 

stability factor of the amplifier under normal operation becomes 

 

 
11 G 22,ext L 21 12

aug

21 12

2( )( ) Re{ }g g g g y y
K

y y

+ + −
=  

 
2(43.7 96.84)(7.61 16.86) 1415 6878 1415

5.649
1468 1468

+ + + +
= = =  (10.75) 

 

As discussed in the previous example, a total stability factor of 

five or more is a practical design criterion that makes the amplifier 

relatively insensitive to parameter perturbations. Furthermore, it 

allows us to disregard internal feedback effects and design the two 

matching and tuning networks independent of each other. 

 The results of the design are shown in Figure 10.19.  
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10.6 Concluding Remarks 
 

We discussed the requirements for an active two-port, active electronic circuit to 

remain stable in this chapter. Simply put, there is the possibility of oscillation at the 

input or output if a signal incident on the input or output port of the transistor is 

reflected with a gain greater than 1. That is, if  

  

 
i o1 or 1      (10.76) 

 

 We also covered some factors or network conditions that can be easily 

calculated based on s-parameters that must be met to ensure that (10.76) is true. 

 Last, we covered how networks can be augmented so that the conditions 

indicated in (10.76) can be met. 
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Figure 10.19 Amplifier principle including the data that are determined from gain and stability 

requirements. 
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Chapter 11  
 

 

Power Amplifier Linearity 
 

 

11.1 Introduction 
 

The key design objectives for an RF power amplifier in an EW system are to boost 

the output signal level into the antenna with minimum size, distortion, power 

dissipation, and spectral pollution. Simultaneously optimizing all of these 

parameters is a major design challenge and one that becomes increasingly difficult 

as the complexity of the modulation format is raised.  

At some level of input power, a power amplifier enters saturation, as indicated 

when the output power is no longer linearly related to the input power. (In fact, it 

can be argued that the output is never truly linearly related to the input.) It is the 

point on the transfer characteristic shown in Figure 11.1 when the transfer curve 

noticeably begins to curve. The 1-dB compression point (input or output) is the usual 

specification at that point. 

 When considering FET amplifiers, another way to view the linearity of the 

amplifier is illustrated in Figure 11.2. In this figure, the drain current is shown as a 

function of the gate voltage. The strongly nonlinear curve is ideal in the region 

before saturation begins. This can be approximated by a second, third, or higher 

order curve—a third-order power series is illustrated in Figure 11.2. 

The effect of this nonlinear characteristic is to generate harmonics in the 

amplifier output that are not present in the input signal as illustrated in Figure 11.3. 

An odd-order nonlinearity model generates odd harmonics and an even order 

nonlinearity model generates even-order harmonics. The third order indicated in 

Figure 11.3 causes the output waveform to depart from being a larger equivalent of 

the input, as indicated by the flattened output voltage shown in Figure 11.3 in 

response to a sine wave input.  
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Figure 11.2 Third-order nonlinearity response at the output of a PA compare to a (limited range) linear 

response. 

 

 

 
 
Figure 11.1  Amplifier power transfer characteristic with the second- and third-order harmonic 

responses.  
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Nonlinearities lead to the aforementioned generation of harmonics, 

intermodulation distortion/spectral regrowth, SNR degradation, and constellation 

deformation in digital signals. 

The intermodulation products (IMPs) generated by nonlinearities are illustrated 

in Figure 11.4 [1]. 

In order to improve amplifier efficiency and reduce cost while still achieving 

the required level of linearity, a range of amplifier linearization techniques have 

been developed, some more practical than others. In this chapter we look at some of 

the most common ones including the Cartesian loop, which is quite popular. 

 
 

Figure 11.3 Amplifier nonlinearity generates harmonics and IMD in the output from a PA. 

 

 

 

 
 
Figure 11.4 Intermodulation and harmonics. Source: [1]. © 2000, Artech House. All rights reserved.  

Reprinted with permission. 
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The (ideal) net result of linearization techniques is illustrated in Figure 11.5. 

The goal of linearization is to minimize the energy in close-in adjacent channels, 

which, in this case, is approximately 20 dB or more as shown. 

We provide a brief introduction to linearization of PAs in this chapter. For a 

more in-depth presentation and considerable expansion of the material presented 

here, see [2]. 

This chapter is structured as follows. After this introduction, which provides 

the motivation for addressing linearity in power amplifiers, an introduction to gain 

compression is provided. That is followed by a section on the several quantitative 

measures of linearity. PA linearization techniques are presented next followed by a 

discussion on feedforward and feedback spurious reduction methods. A section on 

some other linearization techniques is included next. This section includes cartesian 

feedback, predistortion methods, Doherty amplifier architectures, envelope 

elimination and restoral, and LINC. The chapter concludes with a discussion of 

load-pull measurement techniques for characterization of nonlinear PAs. 

 

 

11.2 Gain Compression 
 

All active devices (BJTs, MOSFETs, etc.) are nonlinear devices. That means that 

there is only a limited range of parameters over which they operate without 

becoming nonlinear. As such, some parameters are discussed here that address the 

linear range of amplifiers. 

 
 

Figure 11.5 Predistortion, and linearity techniques in general, reduce the adjacent and other close-in 

skirts on the power spectrum from a PA. 
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The large signal input/output relation can display gain compression or 

expansion as illustrated in Figures 11.6 and 11.7. Physically, most amplifier 

experience gain compression for large signals. The small-signal gain at a point on  

these curves is given by the slope of the curves at that point. For the graph in Figure 

11.6, the gain decreases for increasing amplitude past the midpoint of the curve. 

This is known as compression. In Figure 11.7, the gain increases pat the midpoint. 

This is known as gain expansion. 

 

11.2.1 Apparent Gain 

 

Around a small deviation, the large signal curve can be described as a power series 

as given by the polynomial 

 

 
 

Figure 11.6 Gain compression in a nonlinear PA. 

 

 

 
 

Figure 11.7 Gain expansion in a nonlinear PA. This is rarer than gain compression effects. 
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For an input i 1 1cos( ),s S t=  the cubic term generates 
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Recall that 2cos cos cos( ) cos( )a b a b a b= + + − so that (11.2) becomes 
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Collecting terms 
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The apparent gain of the system is therefore 
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If a3/a1 < 0, the gain compresses with increasing amplitude. 

Over the linear range of operation, the output signal power has a linear 

relationship with the input signal. This relationship is referred to as the fundamental 

in Figure 11.1, where the output power is plotted versus the input power. The 

second-order harmonics due to nonlinear operation have a slope on this plot of two, 

where the input signal produces a 6-dB increase in output power for every 3-dB 

increase in input power. Likewise, the third IM performance produces a 9-dB 

increase in output power for every 3-dB increase in input power. The amplifier 

reaches saturation at some point where these curves no longer increase in this 

fashion. Some of the parameters shown in Figure 11.1 are as follows. 
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1-dB output compression point: This is defined as the output power at which the 

fundamental gain has dropped 1 dB from its low-power value. Note that the slope 

of the output versus input power curve is 1 dB/dB. We often denote this point as 

P1dB. 

 

1-dB input compression point: This is defined as the input power at which the gain 

has dropped 1-dB from its low-power value. 

 

Second order intercept point, (SOI, SOIP, IP2): Since the second-order IM distortion 

products increase as
2

i ,s we expect that at some power level the distortion products 

will overtake the fundamental signal. The extrapolated point where the curves of the 

fundamental signal and second-order distortion product signal meet is the second-

order intercept point (IP2). At this point, then, by definition IM2 = 0-dBc is the IP2 

(see Figure 11.8). The second-order intercept point in Figure 11.8 is defined by two 

points, one on the abscissa called the input second-order intercept point and denoted 

by IIP2, and one on the ordinate called the output second-order intercept point and 

denoted by OIP2. Once the IP2 point is known, the IM2 at any other power level can 

be calculated. Note that for a dB backoff from the IP2 point, the IM2 improves dB 

for dB (see Figure 11.8). 

  

Third order intercept point (TOI, TOIP, IP3): Since the third-order IM distortion 

products increase as 
3

i ,s we expect that at some power level the distortion products 

will overtake the fundamental signal. The extrapolated point where the curves of the 

fundamental signal and third-order distortion product signal intersect is the third-

order intercept point (IP3). At this point, then, by definition IM3 = 0-dBc. It also is 

defined by two points—one on the abscissa called the input third-order intercept 

point and denoted by IIP3, and one on the ordinate called the output third-order 

intercept point, OIP11. Once the IP3 point is known, the IM3 at any other power level 

can be calculated. Note that for a 10-dB backoff from the IP3 point, the IM3 improves 

20 dB. 
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Example 11.1: Intercept Point 

 

Suppose that the third-order characteristics of an amplifier have 

the form shown in Figure 11.9. We see that the amplifier has an 

IIP3 = −10-dBm. What’s the IM3 for an input power of Pi = −20 

dBm? Since the IM3 improves by 20-dB for every 10-dB back-

off, it’s clear that IM3 = 20 dBc. What’s the IM3 for an input power 

of Pi = −110 dBm? Since the IM3 improves by 20 dB for every 

10-dB backoff, it’s clear that IM3 = 200 dBc. 

 
 

Figure 11.8 Second-order intercept point. 

 

 

 
 

Figure 11.9. Third-order intercept point. 
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11.2.2 Calculated IIP2/IIP3 

 

The IIP points can be calculated directly from the power series expansion (11.1). By 

definition, the IIP2 point occurs when 
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Similarly, we can calculate IIP3 
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11.2.3 Dynamic Range 

 

Consider a two-tone test where the input signal is 

 

 1 2( ) cos2 cos2V t A f t A f t=  +   (11.3) 

 

The output frequencies will be of the form 

 

 o 1 2f mf nf= +  (11.4) 

 

where m and n are integers. The order of the intermodulation product (IP) is given 

by .m n+ Note that 2f1 – f2 and 2f2 – f1 will be close to the original frequencies and 

filters may not be able to eliminate them. The third order intercept point PIP is 

defined as the output power at which the third-order IP power intersects the linear 

power (assuming no gain compression/saturation occurs). The slope of the third-

order intermodulation product output power versus input power is 3 dB/dB. 

 

Dynamic range: The most common measure for the dynamic range of an amplifier 

is the two-tone spurious free dynamic range. To find this value, two equal valued 

tones are injected at the amplifier input and the harmonic responses are measured at 
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the output. The difference in the output response at the frequencies at the input and 

the largest spur is the two-tone spur free dynamic range (see Figure 11.10). 

 Another way of expressing this dynamic range is illustrated in Figure 11.11. 

The fundamental response as well as the third order IMD characteristic reach the 

output noise floor at some point as shown. (This noise floor is stochastic so will be 

described by a mean value, which is the point of concern.) The difference between 

these values is the SFDR. 

 

11.2.4 Cascade 

 

When we cascade two nonlinear systems, as shown in Figure 11.12, we have the 

nonlinear relationships between the variables 

 

 
2 3

1 2 3( )y f x a x a x a x= = + + +  
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Figure 11.11 SFDR. 

 

 

 
 

Figure 11.10. Two-tone dynamic range. 
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The task is to find the overall relation 

 

 
2 3

1 2 3z c x c x c x= + + +  

 

To find c1, c2, …, we simply substitute one power series into the other and collect 

like powers.  

The linear term, as expected, is given by 

 

 1 1 1c b a=  

 

The square terms are given by 

 

 
2

2 1 2 2 1c b a b a= +  

 

The first term is simply the second-order distortion produced by the first amplifier 

and amplified by the second amplifier linear term. The second term is the generation 

of second order by the second amplifier.  

Finally, the cubic terms are given by 

 

 
3

3 1 3 2 1 2 3 12c b a b a a b a= + +  

 

The first and last term have a very clear origin. The middle terms, though, are more 

interesting. They arise due to second harmonic interaction. The second-order 

distortion of the first amplifier can interact with the linear term through the second-

order nonlinearity to produce cubic distortion. Even if both amplifiers have 

negligible cubic in and of themselves, that is, 3 3 0,a b= = we see the overall 

amplifier can generate a cubic response through this mechanism. 

 

 

 
 

Figure 11.12 Cascade. 
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Example 11.2: Distortion in Long-Channel MOSFET Amp  

 

Consider the simple single-stage amplifier shown in Figure 11.13. 

Ignoring the output impedance (it can be combined with RD) for 

the long-channel MOSFET in saturation we know that [3, 4] 
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So the output current has a DC component, a linear component 

(the desired one), and a quadratic (nonlinear) component. The last 

of these produces distortion in the output signal. 

 

 
 

Figure 11.13 Long channel MOSFET amplifier. 
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11.3 Measures of Linearity 
 

Linearity is characterized, measured, and specified by various techniques depending 

upon the specific signal and application. The linearity of RF PAs is typically 

characterized by C/I, NPR, ACPR, and EVM (defined below).  

 

11.3.1 Carrier-to-Intermodulation Ratio 

 

A common measure of linearity is the carrier-to-intermodulation (C/I) ratio. The 

PA is driven with two or more tones of equal amplitudes. Nonlinearities cause the 

production of IMD products at frequencies corresponding to sums and differences 

of multiples of these tone frequencies. The amplitude of the third-order (usually) or 

maximum IMD product (other times) is compared to that of the tones to obtain the 

C/I ( See Figure 11.4). A typical linear PA has a C/I of 30-dB or better. 

 

11.3.2 Noise Power Ratio 

 

The reduction in the SNR caused by nonlinearities in an amplifier is typically 

indicated by the noise power ratio (NPR). The concept is illustrated in Figure 11.14. 

An input signal is input to the amplifier which has the spectrum to the left in Figure 

11.14. A notch is placed at the center of the spectrum as indicated. The nonlinearities 

in the amplifier cause noise in the output which fills in that notch. The noise level 

in the notch at the output is compared with the level of the rest of the spectrum, and 

the ratio is the NPR. 

 

11.3.3 Adjacent Channel Power Ratio 

 

The adjacent channel power ratio (ACPR) characterizes how nonlinearity effects 

cause energy to spill over from one channel to adjacent channels and is widely used 

with modern shaped pulse digital signals. ACPR is the ratio of the power in a 

specified band outside the signal bandwidth (channel) to the rms power in the signal 

 
 

Figure 11.14 Reduced NPR.  
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(Figure 11.15). In some cases, the actual power spectrum S(f ) is weighted by the 

frequency response H(f ) of the pulse-shaping filter. The weighting, frequency 

offsets, and required ACPRs are determined by the applications. The ACPR can be 

specified for either upper or lower sideband, or both. In many cases, two different 

ACPRs for two different frequency offsets are specified. ACPR2, based upon the 

outer band, is sometimes called alternate channel power ratio. 

Spectral regrowth is when some of the energy in the signal in one channel falls 

over the channel edges into adjacent channels. This is illustrated in Figure 11.15. 

The adjacent channel leakage power ratio (ACPRi) is the ratio of the power in the 

signal in the intended channel to the power from that same signal in a channel that 

is i channels away from the intended channel. Thus, for the broad spectrum shown 

in Figure 11.15, ACPR1 = 13-dB and ACPR2 = 34-dB. The narrowband spectrum in 

Figure 11.15 has ACPR1 > 60-dB and ACPR2 > 60-dB.  

 

11.3.4 Error Vector Magnitude 

 

A convenient measure of how nonlinearity interferes with detection is known as the 

error vector magnitude (EVM). EVM is the distance between the desired and actual 

signal vectors, normalized to a fraction of the signal amplitude (see Figure 11.16). 

 

11.3.5 Deformed Constellations 
 

Another effect of nonlinearity is a deformed constellation when the PA is amplifying 

digital signals. This is illustrated in Figure 11.17. The 16-ary PSK input 

constellation is shown on the left in Figure 11.17 and the output constellation is  

  

 

 
 

Figure 11.15 Spectral regrowth. The adjacent channels are shown shaded. ACPR. 
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Figure 11.17 Constellation deformations.  

 

 
 

 
 

 

 
 

 

 

 

 

 
 

Figure 11.16 EVM. 
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shown in the right. It is very difficult to track which output symbol belongs to which 

constellation point in this case. 

 

11.3.6 AM/AM and AM/PM Conversion 

 

The transfer characteristic shown in Figure 11.1 for a PA illustrates how the output 

becomes nonlinearly related to the input when the input power reaches a certain 

level. This nonlinear relationship of the amplitude of the output relative to that of 

the input is sometimes referred to as AM/AM conversion. 

There is a similar characteristic of amplifiers that when the input reaches a 

certain level the phase characteristics of the input cause an effect on the amplitude 

of the output power. This characteristic is sometimes referred to as AM/PM 

conversion of power amplifiers. Such nonlinearities in amplifiers cause the output 

to be noisier than the input signal, causing a reduced SNR than otherwise. A similar 

phenomenon occurs to the phase of the output relative to the input. In the linear 

region of the transfer characteristic shown in Figure 11.1 the output phase is, within 

reasonable bounds, the same as the input. However, as the saturation region is 

approached the phase of the output starts to deviate from that of the input. This is 

illustrated in Figures 11.18 and 11.19. The curves shown in Figure 11.18 are typical 

of GaAs amplifiers while those shown in Figure 11.19 are typical of LDMOS PAs. 

 

 

11.4 Power Amplifier Linearization Techniques  

 

11.4.1 Introduction 

 

As just indicated, nonlinearities in power amplifiers can cause serious detrimental 

problems for signals. It has therefore been desirable to develop methods to extend 

the linearity in power amplifiers (it is impossible to eliminate the nonlinearity all 

together). This linearization should also simultaneously enhance or at least preserve 

the efficiency. 

 Linearity is particularly important in high-power EW applications. 

Nonlinearities cause unwanted energy to appear in nearby channels that are likely 

employed by friendly forces, and these unwanted energy sources are a cause of co-

channel interference. PAs in EW systems are typically much more powerful than 

tactical combat net radios, and as such can easily cause interference where it isn’t 

wanted.  

 The simplest way to preserve linearity is to back off the operating point so that 

the PA does not enter saturation for any input level. Other techniques for linearity 

improvement consist of distortion feedback, feed-forward distortion compensation, 
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Figure 11.19 Typical AM/PM conversion characteristics for LDMOS power amplifiers. 

 

 

 
 

 
 

 

 
 

 

 

 

 

 
 
Figure  11.18 AM/PM conversion. The characteristic shown here is typical of GaAs power amplifiers.  
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Cartesian feedback, linear amplification by nonlinear components (LINC), and 

analog and digital predistortion. Techniques for preserving efficiency include 

utilizing Doherty architectures, envelope elimination, and restoral and adaptive bias. 

These techniques are presented in this section. 

There is usually a trade-off between linearity and efficiency in RF amplifiers. 

With power efficiency comes battery life when that matters and, probably more 

important in general, easier thermal management. On the other hand, with linearity 

with sophisticated modulation techniques comes spectral efficiency. 

 For power efficiency the PA architectures of choice are the switching 

architectures, D, E, and F. For linearity, and therefore spectral efficiency, the 

architectures of choice are A, AB, B, and C. 

 An important measure of the strength of a given linearization technique is its 

robustness to poor characterization of the PA. A good method is to force the PA to 

behave as a benign nonlinear system, that is, look for ways to preserve time 

invariance. 

 

11.4.2 Power Back-Off 

 

One technique for linearizing an amplifier is referred to as power back-off. The 

theory is that if the output is given by vo(x) then 
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=



= + + + =      (11.5) 

 

and the second, linear term dominates the response. While this technique does work, 

the problem is that iL << Ibias, and poor efficiency results. This is not a very 

satisfactory answer for EW PAs, which must operate at maximum power most of 

the time. 

 The characteristic shown in Figure 11.20 illustrates the fundamental power 

amplification characteristic along with the representative higher order IM output 

characteristic. The essence of power backoff is to operate the amplifier well below 

the intersection of these curves so that the output power never reaches the 

intersection point.  

 

11.4.3 Distortion Feedback 

 

A flow diagram implementing distortion feedback is shown in Figure 11.21. The 

output signal is sampled and fed back to be summed with a delayed version of the 

input signal. The signal fed back is adjusted in gain and phase such that remnants of  
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Figure 11.21 Distortion feedback. 

 

 
 

 
 

 

 
 

 

 

 

 
 

Figure 11.20 Power backoff. 
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signals that should not be there are removed or diminished, and that is the signal 

that is subtracted from the main channel with an adder. 

 

Corrective Distortion 

 

Corrective distortion (either predistortion and/or postdistortion) is illustrated in 

Figure 11.22. In general, the design issue is to choose F1( ) and F2( ) such that 

2 1{ [ ( )]}F H F x is a linear function of x. Some design issues for a predistorter are: 

 

• For analog predistorers, how are they realized; 

• Initial calibration and training; 

• Sensitivity to drift.  

 

The advantages of adaptive predistortion techniques include: 

 

• Does not suffer the bandwidth limitation incurred in continuous feedback 

techniques; 

• They solve the problem of drift sensitivity. 

 

There are some design issues with adaptive predistortion including: 

 

• New, discrete-time feedback stability problem associated with model 

estimation; 

• Depends on having a good power amplifier model. 

 

 

11.5 Feedback and Feedforward Spurious Reduction 

Techniques in Power Amplifiers 

 
11.5.1 Introduction 

 

Phase noise (PM) and amplitude noise (AM) are of critical concern in EW systems. 

In many cases, the noise levels of components are above system demands and 

explicit noise reduction methods must be applied. Feedback and feedforward are 

 

 
 

Figure 11.22 Predistortion. 
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two general noise reduction techniques that have been employed with amplifiers and 

oscillators. In this section, we compare feedback, feedforward, and other related 

noise reduction methods [5]. Key comparison criteria include the achievable noise 

performance, whether both PM and AM noise are reduced, system complexity, noise 

reduction bandwidth, operating frequency range, and stability. 

Feedforward and feedback techniques have been around for about a century. 

Harold Black developed feedforward techniques in 1924 as a means to compensate 

for the noise and distortion in repeaters for long-distance telephony [6, 7]. He 

invented feedback three years later [8, 9]. From that time, feedback flourished as 

techniques for using and implementing feedback were developed. Feedforward was 

largely ignored until the late 1960s, when Seidel showed how to use feedforward to 

reduce intermodulation distortion (IMD) in TWT amplifiers [10, 11]. 

Since the 1970s, feedforward has been widely used for IMD reduction, while 

feedback has been used extensively for close-to-the-carrier phase and amplitude 

noise reduction. Due to the immense communications market and with limited 

spectrum availability, feedforward amplifiers are commercially available with 

excellent IMD performance, but these products are not usually optimized for low 

close-to-the-carrier noise performance (for example, net amplifier gain must be 

traded-off against noise). Feedback techniques have been applied to amplifier noise 

reduction, both at the active device level, around complete (e.g., packaged) devices, 

and with systems on a chip (SoC). Feedback has also been used to reduce phase 

noise of oscillators, with many different topologies being used with success (see 

Chapter 3). Current state-of-the-art oscillators are based on advanced feedback 

techniques [12]. 

 

11.5.2 Feedforward Distortion Reduction 
 

The topology shown in Figure 11.23 is a feedforward amplifier structured for low-

noise. The principles of feedforward have been described by many authors [13–15], 

 

 
 

Figure 11.23 Feedforward amplifier flow diagram. 
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but mostly with IMD the major concern. This scheme exhibits excellent phase and 

amplitude noise performance. 

The operation of the feedforward amplifier is as follows (see Figure 11.23). 

Noise and IMD generated by the main amplifier (PA) is sampled and compared to 

the input signal (which is assumed perfect for our purposes) at a subtracting junction 

(1). This produces a signal at the input to an auxiliary amplifier that, since the carrier 

signal is subtracted, is devoid of carrier signal, but rich in the noise and IMD 

generated in the main amplifier. This information is enhanced by the auxiliary 

amplifier to a level comparable with the main amplifier output. Then, with 

appropriate phase and amplitude match at the output coupler, the noise and IMD can 

be removed by vector subtraction. 

In Figure 11.23, 1 and 2 are delay elements to compensate for the delay of the 

main and auxiliary amplifiers, 1 and 2 are phase and amplitude adjustment means 

for balancing the two loops, and 1-2 are the voltage coupling coefficients. 

Effective noise reduction requires careful balancing of two loops, normally 

referred to as the carrier cancellation loop and the noise cancellation loop. Carrier 

suppression is performed by an interferometer with a combining junction at 1. In 

order to significantly cancel the carrier signals, the two signals should be almost 

equal amplitude and opposite phase. 

Suppression of the carrier in the carrier cancellation loop is important for phase 

and amplitude noise reduction, since the auxiliary amplifier is a nonideal device. 

Generally, amplifiers exhibit multiplicative phase noise with a 1/f (flicker) 

signature, as well as AWGN (as represented by the amplifier’s noise figure). It is 

imperative to keep the carrier power input to the auxiliary amplifier low so that its 

flicker noise contribution is small (also to reduce IMD in the auxiliary amplifier). 

 

11.5.2.1 Distortion Performance of Feedforward Amplifier 

 

The phase noise performance of the feedforward amplifier (FFA), FFA ,S
 is 

determined by the input power to the system, the phase noise characteristics of the 

amplifiers, and the achievable carrier/noise cancellation in the two loops: 
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 = + +
−  − 

 (11.6) 

 

where mainS is the phase noise of the main PA in rad2/Hz, NS is the noise cancellation 

factor (second interferometer), kB = 1.3810–23 J/K is Boltzmann’s constant, f aux is 

the auxiliary amplifier noise factor, T0 is the operating temperature (e.g., 293 K), L1 

(≥1) is the loss of the delay element 1, Pi is the input power to the FFA in W, fm is 
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the offset (Fourier) frequency and CS is the carrier suppression factor (first loop) 

defined as 

 

 
Power available at one combiner input combiner loss

Power input to auxillary amplifier
CS

−
=  
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  (11.7) 

 

Here 
aux

iP  is the power at the input to the auxiliary amplifier in Watts. 

aux

,1HzS
 is the auxiliary amplifier phase noise “1 Hz intercept” in rad2/Hz, from 

which the flicker noise of the auxiliary amplifier at other offset frequencies is 

determined, assuming a 1/f model. If the noise does not have a 1/f characteristic, 

then (11.6) can be modified accordingly. The white noise generated in the auxiliary 

amplifier as given by its noise figure is handled by the second term in (11.6).  

We can see from (11.6) that if the carrier suppression is perfect (then CS→∞), 

the phase noise is limited only by the NF of the auxiliary amplifier (which can be 1 

dB or so) and the balance at the output combiner. For example, if CS→∞ in the first 

loop but only a 20-dB balance is achieved in the second loop, then no more than 20-

dB noise reduction is possible. Alternatively, the noise cancellation loop may be 

perfectly balanced, but poor carrier suppression in the first loop will introduce 

excess noise from the auxiliary amplifier (primarily from the flicker noise 

introduced by the carrier oscillator). Note that if the auxiliary amplifier has lower 

flicker noise than the main amplifier aux main

,1Hz ,1Hz(i.e., )S S  then the overall phase noise 

reduction can exceed the carrier suppression in the first loop. Such a scenario may 

be encountered, for example, if the main power amplifier is of a different technology 

than the low-power auxiliary amplifier.  

The PM and AM noise of the phase and amplitude matching element 1 provides 

another limit to the noise floor. Since 1 (as shown in Figure 11.23) is not in series 

with the main amplifier, its noise contribution cannot be cancelled at the output 

combiner. Insertion of 1 prior to (and in series with) the main amplifier reduces the 

net amplifier gain by the insertion loss of 1. If this gain reduction can be tolerated, 

then placing 1 prior to the main amplifier is recommended, but care must be taken 

with the bandwidth of any automatic balance control circuit to prevent noise 

injection. 

 

11.5.2.2 Carrier and Distortion Cancellation 

 

Achieving desired levels of carrier cancellation can be difficult. Figure 11.24 shows 

the summation of two sinusoids, which are nominally the same frequency and 
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amplitude but opposite phase. If  is the amplitude mismatch and  is the phase 

error, then the resultant has amplitude and phase as illustrated in Figure 11.24. 

For the carrier cancellation loop we can express CS in terms of the amplitude 

and phase mismatch seen by (with respect to the through input) the auxiliary 

amplifier from the inputs to combiner 2 (weighted by appropriate transmission 

factors) as 

 

 2

1010log 1 (1 ) 2(1 )cos dBCS  = − + +  − +     (11.8) 

 

Figure 11.25 shows the effect of mismatch on CS. 

For example, if CS = 40 dB is required [determined from known aux

,1HzS and 

required FFAS
 from (11.6)] then amplitude match better than 0.01 and phase balance 

of 0.5° are needed simultaneously.  

NS can be expressed in an identical manner to CS in (11.8) so the noise 

cancellation loop demands are equally as stringent. Thus, for a feedforward noise 

reduction circuit, some form of automatic control is needed to maintain loop balance 

 
 

Figure 11.25 Effect of phase and amplitude mismatch on carrier cancellation. 

 

 

 

 

 

 
 

 
 

 

 
 

 

 

 
 

Figure 11.24 Sum of two sinusoids of nominally equal frequency and amplitude and opposite phase. 
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over temperature, frequency range, and time if the noise performance is to be 

maintained. 

 

11.5.2.3 Automatic Loop Balance 

 

The feedforward circuit as shown in Figure 11.23 has no feedback loop and 

therefore is inherently stable. However, the addition of automatic loop balance 

control compromises the guaranteed stability of the system. 

Maintaining a carrier null at the input to the auxiliary amplifier is reasonably 

straightforward, and is usually performed by phase- and amplitude-sensitive 

detectors driving control signals into voltage-variable phase shifters and attenuators 

in 1. These control loops often need only be narrowband, to account for parameter 

drift over temperature and time, which generally are slow processes. For systems 

that require wide operating bandwidth, including most EW systems, delay matching 

becomes critical, as the control systems usually require single-quadrant operation 

and AM-PM channel isolation demands are high. 

Maintaining a balance at the noise cancellation node is more complicated, since 

the goal is to cancel all the noise. A solution by Seidel [16] used injection of a pilot 

tone into the main amplifier’s spectrum, then synchronous detection with the 

observed tones at the inputs of the noise cancellation coupler. Such a system adds 

significant complexity, requires microwave switching, and places demands on the 

stability of the output coupler. 

 

11.5.2.4 AM Performance of Feedforward Amplifiers 

 

The feedforward amplifier offers simultaneous PM and AM noise reduction. An 

equation similar to (11.6) can be written for the AM spectrum: 

 

 
auxmain aux
a,1HzFFA a B 0 1

a 2 2

mi 1 2

1Hz

(1 )(1 )

SS k f T L
S

NS CS fP

= + +
−  − 

 (11.9) 

 

We see that the white noise limit is once again imposed by the input losses and 

auxiliary amplifier NF, while the flicker AM component is determined by the AM 

performance of both amplifiers and the carrier and noise suppression achieved. 

 

11.5.2.5 Bandwidth of Feedforward Amplifier 

 

As mentioned previously, the operating frequency range of the feedforward 

amplifier is determined by delay matching in the two cancellation loops. In the 

microwave region (where wavelengths approach a few cm) delay matching becomes 

critical and stability of the automatic control loops requires length matching to 
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within a few mm. Further, phase linearity (i.e., delay flatness) of all components is 

important. For fixed frequency use (rare for EW applications), or operation below 

microwave frequencies, delay matching is not difficult. Often, adjustment of a phase 

shifter is all that is required. The noise reduction bandwidth of the feedforward 

amplifier is inherently wide, to limits imposed by delay matching. In any case, it is 

apparent that feedforward has the capability to remove device flicker PM and AM 

noise to the limits imposed by cancellation error. 

 

11.5.2.6 Summary of Feedforward Distortion Reduction 

 

Overall, feedforward offers significant potential for both phase and amplitude noise 

reduction. The noise floor of the FFA approaches the thermal limit set by the 

auxiliary amplifier NF, with a net amplifier NF of a few decibels achievable with 

very low flicker noise. However, subtle phase and amplitude balance is required in 

two loops to achieve the potential noise performance. This usually requires 

automatic control, which adds significantly to system complexity and compromises 

the guaranteed stability of the system. Further, delay and gain matching over 

significant frequency range is critical in both loops for operation. 

 

11.5.3 Feedback Distortion Reduction 

 

Feedback has been used extensively for reducing the PM and AM noise in 

oscillators and two-port devices such as amplifiers. In general, PM and AM noise 

reduction are addressed separately, often with two similar but independent control 

systems. 

 

11.5.3.1 Feedback Amplifier Phase Noise Reduction 
 

A feedback control system to reduce the phase noise of an amplifier is shown in 

Figure 11.26 [17]. A phase detector (for example, a double-balanced mixer) 

 
 

Figure 11.26 Feedback amplifier phase noise reduction. 
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compares the phase of the signals at the input and output of the amplifier. With 

inputs in quadrature, the phase detector outputs a voltage spectrum that represents 

the phase noise added by the amplifier. After baseband amplification and 

appropriate filtering (to ensure stability) the voltage signal drives a phase shifter to 

reduce the noise. The noise reduction bandwidth is limited by the baseband 

amplifier frequency response. Wideband opamps have gain-bandwidth products 

approaching 1 GHz, but the stability demands of the control system (i.e., adequate 

phase and gain margins) usually demand that closed loop gain falls to unity at a few 

MHz due to circuit parasitics. However, since phase noise typically has a 1/f 

signature, the loop gain required at large frequency offsets will not be as great as 

closer to the carrier. To ease demands on the baseband amplifier, phase detector 

conversion sensitivity and phase shifter phase/voltage slope should be as high as 

possible. 

The noise floor of this system is generally dominated by the noise performance 

of the phase detector. Other noise limits include the baseband amplifier voltage 

noise and available loop gain (the phase shifter is the actuator of the control system, 

hence its noise contribution is reduced by loop gain). An approximation to the phase 

noise of the feedback amplifier of Figure 11.26 is given by 

 

 

2amp VCP

FBA PD

2

( )

1 ( )1 ( )

S S s
S S

ss

 

 

+ 
= +

− − 
 (11.10) 

 

where ampS
is the power amplifier phase noise, VCPS

is the phase noise of the voltage-

controlled phase shifter, PDS is the phase detector noise floor (all in rad2/Hz) and 

(s) is the open-loop gain given by 

 

 VCP PD( ) ( )s K K F s =  (11.11) 

 

Here KVCP is the conversion sensitivity of the phase shifter in rad/V and F(s) is the 

transfer function of the baseband amplifier/filter. Note that KPD is usually related to 

power and hence is a function of power amplifier characteristics. The noise 

performance of the baseband amplifier/filter can be lumped into ampS if required. 

In general, the phase noise performance of mixers is better than amplifiers at a 

given operating frequency, enabling 20- to 30-dB noise reduction. For operation 

over an extended frequency range, normally the case in EW applications, delay 

matching is important, as the control system gain and stability are functions of the 

phase shift seen at the phase detector (with a double-balanced mixer, gain varies as 
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cos  [with  the deviation from quadrature]; if   exceeds 90°, feedback 

becomes positive). 

 

11.5.3.2 Feedback Amplitude Noise Reduction 

 

A circuit similar to Figure 11.26 can be used to reduce the AM noise of the amplifier 

by replacing the phase shifter with a controllable attenuator and using an amplitude-

sensitive detector. In general, the amplitude detector cannot discern between AM 

noise generated in the device and that present in the input signal. This enables 

automatic level/gain control (ALC, AGC) circuits to be used that use feedback to 

reduce level fluctuations. 

 

11.5.3.3 Transistor Active Feedback Noise Reduction 

 

At the device level, noise can be sensed and reduced with negative feedback. Figure 

11.27 shows a BJT amplifier in a CE configuration. Current fluctuations in the 

transistor contribute to phase and amplitude noise. An unbypassed emitter resistor 

(RE ~3.3 Ω) reduces noise [18, 19], but further noise improvement is achieved by 

 
 

Figure 11.27 Active transistor feedback [52]. 
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sensing the emitter current and feeding back a signal to the base terminal. PM and 

AM noise reduction of 20-dB has been demonstrated [20]. 

 

 

11.6 Other Amplifier Linearization Techniques 
 

The amplifier schemes seen so far not only provide improved linearity and 

associated reduction in IMD but also offer the benefit of noise reduction. In this 

section we offer some other amplifier linearization methods. 

 

11.6.1 Cartesian Feedback 

 

Cartesian feedback in the form shown in Figure 11.28 is a baseband linearization 

technique [21]. The idea is to I-Q modulate the carrier before power amplification. 

The distorted signal is then fed back through an I-Q demodulator; the separated I 

and Q components are fed back to perform the linearization. Normally the limiting 

factor in this system is the nonlinearities of the downconverting mixers. 

Since the I and Q channels are the same, I and Q can be easily matched, unlike 

polar feedback whose paths are very different, making matching difficult. Perhaps 

the main disadvantage of this scheme is the narrow bandwidth that’s inherent in 

baseband feedback systems. 

 
 

Figure 11.28 Cartesian feedback. 
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A major design issue in Cartesian feedback systems is referred to as phase 

alignment. Figure 11.28 shows a typical Cartesian feedback system. The loop 

drivers feed the baseband inputs of the upconversion mixer, which in turn drives the 

power amplifier. Some means of coupling the output of the power amplifier to the 

downconversion mixer is employed, and the output of this mixer is used to close the 

feedback system. 

 

11.6.1.1 Impact of Phase Misalignment on Stability 

 

Ideally, a Cartesian feedback system functions as two identical, decoupled feedback 

loops: one for the I component, and one for the Q component. This corresponds to 

the case of 0 =  in Figure 11.29. In practice, however, this state of affairs must be 

actively enforced. Delay through the PA, phase shifts of the RF carrier due to the 

reactive load of the antenna, and mismatched interconnect lengths between the LO 

source and the two mixers all manifest as an effective nonzero . Worse, the exact 

value of  varies with temperature, process variations, output power, and carrier 

frequency. A Cartesian feedback system in which  is nonzero is said to have phase 

misalignment. In this state the two feedback loops are coupled, and the stability of 

the system is compromised. 

The impact of phase misalignment on system stability can be seen 

mathematically. We start by observing that the demodulated symbol S'is rotated 

relative to S by an amount equal to the phase misalignment . To see this, we write 

Cartesian components of the demodulated symbol 

 

 ( sin cos )sin( )I I t Q t t=  +   +'  (11.12) 

 
 

Figure 11.29 Cartesian feedback phase alignment. 
 

 

 
 
 

 

 

 
 

 

 

 



Power Amplifier Linearity 

 

469 

 ( sin cos )cos( )Q I t Q t t=  +   +'  (11.13) 

 

where  is the carrier frequency. Using trigonometric identities and assuming 

frequency components at 2 are filtered out, we arrive at S' 

 

 
1

( cos sin )
2

I I Q=  + '  (11.14) 

 
1

( sin cos )
2

Q I Q= −  + '  (11.15) 

 

We see that for 0,   an excitation on the I input of the modulator results in a signal 

on the Q' downconverter output (and similarly for Q and ).I'  Accordingly, we say 

that the two loops are coupled. 

 

11.6.1.2 Summary 

 

Cartesian feedback is one of the most popular linearization techniques and is widely 

used. It manages the linearity of an entire transmit chain, including the upconverter 

and amplifier stages. This architecture is such that the technique is well suited to 

integration as an SoC.  

The nature of the feedback process means that the amount of correction 

afforded by the control system decreases with increasing modulation bandwidth. 

Intermodulation improvement typically on the order of 30-dB is possible over a 25-

kHz modulation bandwidth (a representative tactical CNR bandwidth, and therefore 

a typical EW bandwidth), and more than 10-dB improvement has been achieved for 

CDMA-type bandwidths in excess of 1 MHz. Furthermore, efficiencies of 

transmitters employing Cartesian loop feedback can be as high as 70%.  

 

CFB Strengths and Weaknesses 

 

The seminal strengths (S) and weaknesses (W) of Cartesian feedback linearization 

can be summarized as: 

 

• W: Bandwidth limitation 

• W: Stability concerns 

• S: Low complexity 

• S: Highly resistant to drift and aging 

• SS: Robust to poor characterization of PA 

• W: Low-loss delay lines and summations critical 



RF Electronics for Electronic Warfare 

 

470 

• S: SoC possibilities 

 

11.6.2 Constant Envelope Amplifiers 

 

The simplest modulation formats to amplify are FSK and OOK. In both cases, when 

the amplifier needs to deliver power, it is at a constant level and hence at a fixed 

operating point on the amplifier power transfer characteristic. This means that the 

amplifier only needs to be optimized to deliver power efficiently at that output level 

and for a fixed input level and there can be variations in this output level. The 

linearity of the transfer characteristic is thus unimportant. As a result, most simple 

FM transmitters use class C biased amplifier designs with efficiencies of between 

50% and 70%. The same can be said for the EW systems that target the associated 

simple receivers. 

The situation is complicated somewhat when the carrier needs to be pulsed on 

and off, (i.e., with OOK or TDM), and the rise and fall times of the pulse edges need 

to be carefully controlled to minimize spectral pollution. Rapid changes in RF 

signals tend to produce wideband products in the spectrum. In this case, more design 

effort is needed to control (linearize) the power transfer characteristic of the 

amplifier.  

 

11.6.3 Predistortion 

 

It is desirable to run high-power devices, such as EW RF PAs and traveling-wave 

tube amplifiers (TWTAs), at high output power to maximize the transmitted power 

against resource utilization. In addition to backing-off the power level as discussed, 

another method to compensate for the intolerable IMD performance characteristics 

under saturation of the amplifier is to use predistortion. The concept is illustrated in 

Figure 11.30. Processing of the amplifier input (in this case) adds some power to the 

input signal to bring the PA output up to a level that it would be at if the amplifier 

response were linear as shown. 

The general configuration for predistortion methods is illustrated in Figure 

11.31. This topology can be implemented with either analog or digital components 

to perform the predistortion. The linearizer attempts to precondition the signal going 

to the power amplifier with an inverse characteristic so the result at the output of the 

amplifier is flat. 

While the IMD performance of such a system can be greatly improved with this 

method, the phase noise is not reduced. In fact, with the series arrangement as shown 

in Figure 11.31, phase noise may indeed be significantly worse than with the 

amplifier alone, due to the noise characteristics of the linearizer. AM noise may be 

improved or degraded, depending on the saturation characteristics of the PA. 
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Figure 11.31 The linearizer attempts to precondition the signal going to the power amplifier with an 

inverse characteristic so the result at the output of the amplifier is flat. 
 

 

 
 
Figure 11.30 Predistortion by adding input power for compensation. 
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Some advanced linearization topologies combine predistortion and 

feedforward. If the predistortion network is incorporated within a feedforward 

network, then the noise of the linearizer can be removed. 

The predistortion can occur either at baseband or RF as illustrated in Figure 

11.32. FA(), shown in Figure 11.32(a), represents predistortion functionality at RF 

while FD() in Figure 11.32(b) predistorts the baseband data prior to mixing. 

 

11.6.3.1 Analog Predistortion 

 

Two possible topologies for analog predistortion are illustrated in Figures 11.33 and 

11.34. In Figure 11.33, the forward-biased nonlinear characteristics of the diodes 

are used to approximate an exponential response into the main amplifier. 

Predistortion in Figure 11.34 adds delay to a replica of the input RF signal as well 

as filtering of the input signal itself. 

 

11.6.3.2 Adaptive Predistortion 

 

When the predistortion is adjusted dynamically, it is called adaptive predistortion. 

One particular topology to implement adaptive predistortion is shown in Figure 

11.35. The system estimator determines an estimate of what the output of the PA is 

versus its input, generating an error estimate sys(t). This error estimate is used to 

adjust the predistorter as well as the next error estimate. The PA output is compared 

to (subtracted from) the input to compute a symbol error sym(t), which is also used 

 

 
 

Figure 11.32 (a) predistortion at RF and (b) predistortion at baseband. 
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Figure 11.33 Analog predistortion possible realizations. 

 

 

Figure 11.34 Analog predistortion. 
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to adjust the predistorter to produce a better match between the PA output symbol 

with the input symbol. 

 

11.6.3.3 Digital Predistortion 

 

It is possible (desirable?) to implement the predistortion digitally to the baseband 

data stream. This is illustrated in Figure 11.36. The gain adjustments for the I and 

 

 
 

Figure 11.36 Digital predistortion.  

 

 

 
 

Figure 11.35 Adaptive predistortion. 
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Q baseband signals are stored in look-up tables (LUTs) that are addressed based on 

the PA output and the adaption algorithm in use. 

 The obvious advantage of this configuration is the flexibility that ensues with 

using a general-purpose DSP for the predistortion processing. However, the 

complexity increases and this approach incurs the power overhead of a DSP chip. 

 

11.6.4 Doherty Amplifier Architecture 

 

One technique for efficiency preservation involves adding a second amplifier to the 

main amplifier. The main amplifier is operated in class B mode while the auxiliary 

amplifier is operated in class C. The resulting configuration is called the Doherty 

architecture, and is illustrated in Figure 11.37. Its operation is summarized in Figure 

11.37. As the main amplifier (A1) approaches saturation, the second amplifier (A2) 

starts to put out power. Ideally the sum of the two power sources exactly compensate  

 
 

Figure 11.37 Doherty amplifier. 
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one another and the output is the sum of the two, causing the transfer characteristic 

to remain linear.  

Named after William Doherty, a Bell Labs researcher, the Doherty amplifier 

comprises a class B carrier stage in parallel with a class C peaking stage. In the 

input, half the input signal drives one device in the class B; half the other. On the 

output, the signals are summed after the carrier channel is passed through a /4 TL. 

Somewhat like a class G or H amp, the class B amp sustains the output most of the 

time, but the class C amp cuts in on high signal peaks. The ideal overall transfer 

characteristic is shown in Figure 11.38.  

 The principal advantages of the Doherty amplifier configuration are its 

efficiency and simplicity. It is most useful for communication signals that have a 

large peak to average ratio (PAR), such as modern digital communication signals 

to counter the corresponding EW signals. Its utility for signals with low PAR is 

limited and other simpler amplifier topologies are more appropriate. 

  Its largest single limitation for EW applications is its relative narrow 

bandwidth. The /4 lines have rather narrow bandwidths, thus restricting the range 

over which they operate. This imposes the requirement for having several such / 4

lines and switching them in as appropriate. 

The benefit of the Doherty is increased efficiency, relative to a pure class B. 

The efficiency performance is indicated in Figure 11.39.  is the power division 

ratio of the two amplifiers at the peak output power (PEP). 

 

 

 

 

 
 

Figure 11.38 Doherty amplifier 2 operation. 
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11.6.5 Envelope Elimination and Restoral 

 

From the above discussions it should be clear that linear operation of an amplifier 

is an important notion in many circumstances. When there are substantial amplitude 

variations in a signal to be amplified, such as in AM and many forms of PM, linear 

amplifiers are required to avoid unacceptable distortions in the amplified signal. For 

constant-amplitude signals, amplifiers are typically operated in saturation where 

they are the most efficient. Distortion is not an issue in these circumstances. 

One way to efficiently amplify a signal that contains amplitude variations is 

called envelope elimination and restoration. A simplified flow diagram of how the 

process works is shown in Figure 11.40. A limiter removes the amplitude variations 

in the signal and the resultant constant modulus signal is amplified through its own 

amplification chain. Since the signal has constant amplitude, a saturated amplifier 

can be used in this path. A separate channel is provided that is preceded by an 

amplitude detector. This slowly varying signal is amplified with a nonsaturated, and 

thus less efficient, amplifier. These two components are then combined at the output 

of the amplifier. 

 

11.6.5.1 EER design issues 

 

• Phase matching between the two signal paths is critical. 

• Polar feedback is a possibility. 

• Restoring the envelope in a power-efficient way is very challenging. 

 

 

 
 

Figure 11.39 Doherty amplifier efficiency. 
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11.6.6 LINC  

 

Linear amplification with nonlinear components (LINC) is different from most 

other techniques of linearization of power amplifiers, because no feedback from the 

output of the PA is used [22]. There are no feedforward loops either. The PA can be 

highly nonlinear. The baseband processing accepts a gain and phase modulated 

input signal, and generate two wideband constant envelope phase modulated signals. 

These signals are up-converted through two well matched nonlinear amplifier chains 

and summed. The complex signals are generated such that all undesired out-of-band 

components are in exact anti-phase in the two amplifier chains and cancel at the 

output, while the wanted components are in phase and reinforced (see Figure 11.41).  

  The generation of two wideband constant envelope phase modulated signals 

s1(t) and s2(t) have to be accurate; DSP technology allows s1(t) and s2(t) to be so 

generated. Thus, the linearity performance of the technique is determined by the 

gain and phase match between the two amplifiers. The better these amplifiers are 

matched the better the linearity that ensues and the better noise performance. 

 
 
Figure 11.41 Illustration of LINC method to linearize power amplifiers  

 
 

 
 

 

 

 
 

Figure 11.40 Amplifier efficiency preservation by envelope elimination and restoral. 
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  The input signal s(t) is a complex representation of a bandlimited signal and 

can be written as 

 

 
( )

max( ) ( ) ; 0 ( )j ts t r t e r t r=     (11.16) 

    

This signal is split into two signals, s1(t) and s2(t), with modulated phase and 

constant amplitudes as described in. Thus 

 

 
1 2 1 2 max( ) ( ) ( ); ( ) ( ) ( ); ( ) ( )s t s t e t s t s t e t s t s t r= − = + = =   (11.17) 

  

where e(t) is in quadrature to the source signals s1(t) and s2(t ): 
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2
( ) ( ) 1
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r
e t js t

s t
= −   (11.18) 

  

The output is given by: 

 

 out ( ) 2 ( )s t Gs t=   (11.19) 

 

  The quadrature signal e(t) is added to one leg of the forward loop and subtracted 

from the other leg of the forward loop to give a constant envelope signal as shown 

in Figure 11.42. 

The principal disadvantage with this approach is the generation of two constant 

envelope signals is complicated and additionally good power combining with low 

loss and high isolation is very difficult to achieve.  

 

 
 

Figure 11.42 Constant envelope signals.  
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11.7 Load-Pull Techniques and Their Applications in 

Power Amplifier Design 
 

Matching network design based on two-port parameters as discussed in Chapter 9 

assumed that the two-port in question is linear so that parameter superposition 

principles apply. Such is frequently not the case for power amplifiers so other 

techniques often must be used. One of the techniques for characterizing generally 

nonlinear high-power devices is referred to as load pull. We discuss such techniques 

in this section. 

 

11.7.1 Basics of Load-Pull 

 

Essentially a load-pull system consists of a load-tuner, active or passive [23–44], 

and the controlling mechanism to precisely set the tuner impedance to achieve the 

desired impedance. Similarly, a source-pull system has a tuner at the input (see 

Figure 11.43). 

Load-pull analysis is used to construct a set of contours (typically on a Smith 

chart) that determine the maximum power output achievable with a given load 

impedance. That is, load-pull is a process that enables synthesis of varying 

impedance environments at the output port of (usually) an active device in 

applications where transistor device performance needs to be experimentally 

determined. Load-pull refers specifically to presenting a priori known impedance to 

the nonlinear device in a precisely controlled fashion in order to determine optimal 

performance of the device. In the context of PA design, the best loading conditions 

depend on the distortions and nonlinearity exhibited by the device. These loading 

conditions are significantly different from the linear case, where the optimum 

loading conditions are directly identified from the s-parameters. Load-pull 

techniques aid in the identification of optimum loading conditions experimentally, 

while physically changing load reflection coefficient, ΓL, as shown in Figure 11.43, 

for the extraction of design parameters, such as output power, the DC to RF power 

conversion efficiency, the operating power gain and gain compression, and the 

 
 

Figure 11.43 Depiction of reflection coefficients at the load and source ports. 
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power-added efficiency, from transistor devices. The load-pull technique allows for 

the analysis of active device performance under varying loading conditions and 

allows for the design of matching circuits. These contours are very useful in 

assessing the actual impedance a device should see when it is used in an amplifier. 

The desired matching impedance, ZL, the incident and reflected traveling 

waves, a2 and b2, at the output port and reflection coefficient, ΓL, are related as 

 

 2

L

2

a

b
 =  (11.20) 

 L 0

L

L 0

Z Z

Z Z

−
 =

+
 (11.21) 

 

where Z0 is the characteristic impedance of the system in which the device is going 

to be used (typically 50 Ω). 

The contours are constructed as follows: 

 

Initially the closest match at the output is found for the 

optimum output impedance. This is done by adjusting both the 

input and the output tuners to get the maximum constant output 

power. This forms the center of the load-pull loci and is a single 

impedance (see Figure 11.44). 

Next the output impedances are changed and the input tuner 

is adjusted to provide conjugate matching and thus constant input 

power. This is repeated as many times as desired and for each 

constant output power point a set of loci are generated that provide 

the impedances which provide that power. A few of these loci are 

shown on Figure 11.44. 

 

Note that each contour represents the maximum output power achievable with 

a given load impedance. Load-pull contours are useful in determining the actual 

impedance a device should see when used in an amplifier. They also predict 

graphically what will happen when the load changes from the optimum load due to 

any anomalies such as aging and other variations in the impedances at the output 

(e.g., temperature). They provide a valuable aid in the design and evaluation of 

power amplifiers.  

A precautionary step needs to be taken, however. Load-pull tuners can 

accurately synthesize a given load impedance; this impedance is only at a known 

frequency. The harmonic impedances that result from particular settings of the 
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tuners are usually not characterized. The efficiency of a device can be strongly 

dependent on the harmonic impedances, so load-pull characterization needs to be 

carefully interpreted if contours of constant efficiency are measured instead of 

constant output power. 

 

11.7.2 Common Load-Pull Techniques 

 

The load-pull techniques can be categorized as either passive or active. In the 

passive technique, the desired impedance is synthesized by varying the reflection 

coefficient of the impedance controlling element as depicted in Figure 11.45 [1]. 

The reflection coefficient is varied by tuning the passive tuner’s phase and/or 

amplitude attached to the output of the device.  

The main advantages of the passive technique are:  

 

• Rapid impedance synthesis, 

• Relatively higher power-handling capability and the measurements of 

high-power devices without any non-linear effect, 

• Ease of use, 

 
 

Figure 11.44 Load-pull contours. 
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• Low maintenance cost, 

• Relatively low implementation cost, 

• Absence of any oscillation. 

 

The main disadvantage of this technique is the limitation of the synthesized 

impedances in term of the magnitude of the associated reflection coefficient. 

A passive load-pull structure can typically synthesize reflection coefficients 

with a magnitude of up to only 0.85 or so. This limitation becomes critical in the 

case of a device that requires load impedances near the edge of Smith chart, such as 

for the characterization of high-power transistor devices. 

In all cases the input power is assumed to be sufficient to drive the device to a 

maximum current or a maximum voltage. The input power is continuously tuned to 

keep it constant by the passive tuner at the input. The function of the input tuner is 

to adjust the matching such that the large signal input power is always a constant, 

even when the output impedance and the output tuner are adjusted. 

To overcome this limitation, load-pull systems based on active topologies have 

been developed. Active load-pull systems consist of either active open-loop or 

active closed-loop architectures. In both techniques, the reflection coefficient is 

synthesized at an access plane by injecting a signal. In principle it is done by 

controlling the complex gain around the active structure. 

In the active open-loop technique, shown in Figure 11.46, the reflection 

coefficient, L, presented to the active device access, is synthesized by controlling 

the variable attenuator ATT and phase-shifter in order to fix the magnitude and 

phase of the traveling wave a2. Then, the synthesized reflection coefficient depends 

on ATT, phase and the power delivered by the RF generator. For this reason, in the 

case of power sweep or during load-pull, the travelling wave, b2, is not constant so 

methods must be employed to synthesize a given L. 

 

 

 

 

 
 

Figure 11.45 Passive load-pull technique. 
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11.7.3 PA Design 

 

As an example, this section shows the application of harmonic load-pull in the 

design of an inverse class-F PA. For this purpose, a prematched harmonic load-pull 

setup was used for characterizing a 10W GaN HEMT from CREE. The transistor 

was biased below the threshold voltage at VGS = –3.5V and VDS = 34V and operated 

at the WiMAX carrier frequency of 2.45 GHz. The harmonic and the fundamental 

terminations were fixed simultaneously through several iterations. The optimal 

performance was achieved for an input power (Pin) of 24.65 dBm. The results 

obtained for class F mode optimal PAE are shown in Figure 11.47. We see that the  

 
 
Figure 11.46 Active open-loop load-pull technique. 
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Figure 11.47 Load-pull data. [30]. 
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measured gain (G) was 11.9 dB and the output power (Pout) was 39.55 dBm. At these 

conditions, the measured drain efficiency was 78.5% and power added efficiency 

(PAE) was 75.95%. It should be noted that these measured efficiencies were at the 

transistor package plane without considering the loss of the output matching 

network. 

This class F−1 PA was prototyped based on the load-pull data. Measured results 

for this prototype are given in Figures 11.48 and 11.49 [30]. It is evident from these 

figures that for a drive power of 24.65 dBm, the PA delivers an output power of 

39.4 dBm with a PAE of to 71.2%. These results are very close to the results 

achieved from the load-pull measurement when losses in the matching networks are 

considered. 

 
 
Figure 11.49 Po and PAE for example. 

 

 

[110] S.A. Hetzel, A. Bateman and , J.P. Mcgeehan “ LINC Transmitter,” Electronic  

Letters Vol.27,  No.10 , pp. 133-137, 9th May 1991.   
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Figure 11.48 Po and PAE vs Pin for example. 
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Table 11.1 gives the comparison between the load-pull characterization data 

and the measured results of the PA prototype. It is self-explanatory and evident that 

the measured performance and the load-pull data are in excellent agreement. 

 

11.7.4 Conclusion 

 

In this section we reviewed and discussed common load-pull techniques and 

systems used in the design of PAs. The on-wafer devices require special care and it 

has been highlighted here. Finally, an example of a class F−1 PA design was 

presented to show the usefulness of load-pull techniques. 

 

 

11.8 Concluding Remarks 
 

It should be clear at this point that the primary reason for considering linearity issues 

in power amplifiers is the amount of energy spillover into adjacent or other close-

by channels that wastes power and can, and does, cause unintended interference. 

Often, closely located friendly communication networks are attempting to use these 

channels and the jamming hinders this. 

 There are some methods that can be engaged to minimize this interference, and 

we discussed some of them in this chapter. There is nothing available, however, that 

can totally eliminate cochannel interference caused by EW activities. It should be 

noted that simply communicating in a channel interferes so some degree in the 

adjacent channels; it’s a matter of this degree. Normally EW systems employ 

considerably more emitted power than communication devices. 

 

Table 11.1 Comparison of Load-Pull and Prototype Measurements 

Design Parameter 
Load Pull 

Measurements 

Prototype 

Measurements 

Pin (dBm) 24.65 25 

Pout (dBm) 39.55 39.08 

G (dB) 14.91 14.08 

VGS (V) −3.5 −3.2 

IDS (mA) 337.94 428 

VDS (V) 34 25 

D (%) 78.49 75.61 

PA (%) 75.95 72.66 

L @ f0 0.745126.46 0.745126.46 

L @ 2f0 0.920122.74 0.920122.74 

L @ 3f0 0.876100.01 0.876100.01 

S @ f0 0.883224.43 0.883224.43 
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11.8.1 Linearization Techniques Summary 

 

A summary of the weaknesses (W) and strengths (S) of the linearity approaches 

discussed in the chapter is as follows: 

 

• Power backoff: simplicity (S); low power efficiency (W). 

• Predistortion: conceptually clear (S); requires good PA model (W). 

• Adaptive predistortion: No drift problem (S); introduces complexity (W). 

• Feedforward: No stability worries (S); matching and drift concerns (W). 

• Feedback: Stability concerns (W) 

• EER: Possibly high-efficiency (S); adds another power amp problem (W). 

• LINC: Conceptually appealing (S); fundamental implementation issues 

(W). 

• CFB: simplicity (S), robust to poor PA model (SS); stability concerns (W). 
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Chapter 12 
 

 

Thermal Management of RF Power 

Amplifiers 
 

 

12.1 Introduction 
 

Heat has long been an issue for system designers, but the problem has recently 

become severe [1]. Designers must view thermal management not as an afterthought 

but as an issue they must deal with from the beginning of the design process. Heat’s 

continuous flow from one material to another creates a temperature gradient across 

those materials. 

 There are two primary areas where heat management must be addressed in an 

EW system: (a) in the power supplies of the modules, and particularly the HPA 

power supply and (b) the HPA itself, and especially the output stage(s).  

Designing a thermal-management system requires the evaluation of the means 

for moving the heat and the manner and location in which the design rejects the heat 

early in the design cycle to avoid causing severe problems at the system level. This 

consideration is important because the thermal operating range—that is, the 

temperatures the system can tolerate—is more limited, and any approach that may 

be employed at the system level is likely to be more expensive than one 

implemented at the chip/component level. 

In this chapter we consider the ways that heat is removed from electronic 

devices in EW systems.  This can be accomplished in four ways [2]: 

  

• Conduction - The amplifier baseplate is mounted to the heat sink. The heat 

sink must be designed such that the maximum specified baseplate 

temperature is not exceeded, normally +71°C. 

• Convection - The amplifier contains a very large finned heat sink. The 

surface area is large enough to dissipate the heat in a still air environment. 
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• Forced Air - Cooling air is directed through a finned heat sink in the 

amplifier. 

• Liquid - The cooling fluid is pumped through a chill plate in the amplifier. 

The cooling heat exchanger is external to the amplifier. 

 

All of these approaches require a heat sink thermally attached to the device. 

Therefore, we examine the characteristics of heat sinks in this chapter, and review 

their ability to remove heat. 

 

12.1.1 Passive versus Active Cooling 

 

With the exception of fans, which usually work in conjunction with heat sinks, most 

of today’s thermal-management systems are passive types. Conduction-based 

thermal-management systems, such as thermal-interface materials, improve the 

flow of heat from one location to another, greatly enhancing the efficiency of the 

overall thermal-management system. However, convection-based systems have the 

drawback of allowing heat to flow in an uncontrolled manner from one level to the 

next. These systems have served the field well but have the drawback of removing 

not only the heat that is limiting device performance but also any of the heat from 

the surrounding area, which more than likely is not limiting the device or system 

performance. 

One approach to this problem is to use an active device inside the electronic 

package for localized thermal management. To reduce the cooling necessary at the 

system and building levels, however, we must reduce the amount of heat you extract 

from the die. Cooling the die generally keeps their operating frequency near its peak. 

However, the temperature within one of the hot spots on the die and not the 

temperature across the entire die typically limits this peak frequency. Instead of 

extracting the heat from the die as a whole, we could extract the heat only from the 

hot spot. In this way, we are dealing with a smaller system-level problem and 

subsequently have a smaller thermal management problem. 

Diamond and graphite foam have emerged as very promising materials for 

managing heat removal in electronic devices and systems [3]. We briefly discuss 

these approaches. 

 This chapter is structured as follows. First, we examine heat flow in electrical 

circuits and its properties. We then enter into a discussion of heat sinks, particularly 

for active power devices, where we include a description of a selection procedure. 

That is followed by a examination of the thermal properties of PCBs. A few of the 

newer materials used for heat removal are discussed next—in particular graphic 

foams and diamond composites. Next, we discuss thermoelectric cooling 

approaches for heat removal. The last topic presented is a discussion of enclosure 

fans, their properties, and selection procedures. 
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12.2 Heat Flow 
 

The heat equation is an important partial differential equation describing the 

distribution of heat, or variation in temperature, in a given region over time. For a 

function ( , , , ),u x y z t which is a measurement of the temperature, T, of three spatial 

variables—x, y, and z—and the time variable, t, the heat equation is 

 

 
2u
u

t


= 


 (12.1) 

 

where  is the thermal diffusivity of material. The heat equation describes the 

physical distribution and time variation of the temperature through a material. 

Expanding (12.1) we get 

 

 
2 2 2

2 2 2
0

u u u u

t x y z

    
−  + + = 

    
 (12.2) 

 

 is given by the thermal conductivity, denoted by , divided by density and specific 

heat capacity at constant pressure. That is, 

 

 
pc


 =


 (12.3) 

 

where 

 

 is thermal conductivity (W/m/K) 

 is density (kg/m³) 

cp is specific heat capacity (J/kg/K)  

 

It indicates the ability of a material to conduct thermal energy relative to its ability 

to store thermal energy and it has the unit of m²/s. Taken together, pc  can be 

considered the volumetric heat capacity [J/(m³/K)]. 

As we see in the heat equation, (12.1), thermal diffusivity is the ratio of the time 

derivative of temperature to its curvature, quantifying the rate at which temperature 

concavity is “smoothed out.” In a sense, thermal diffusivity is the measure of 

thermal inertia. In a substance with high thermal diffusivity, heat moves rapidly 

through it because the substance conducts heat quickly relative to its volumetric heat 

capacity or “thermal bulk.” 

http://en.wikipedia.org/wiki/Thermal_conductivity
http://en.wikipedia.org/wiki/Density
http://en.wikipedia.org/wiki/Specific_heat_capacity
http://en.wikipedia.org/wiki/Specific_heat_capacity
http://en.wikipedia.org/wiki/Volumetric_heat_capacity
http://en.wikipedia.org/wiki/Heat_equation
http://en.wikipedia.org/wiki/Time_derivative
http://en.wikipedia.org/wiki/Time_derivative
http://en.wikipedia.org/wiki/Temperature
http://en.wikipedia.org/wiki/Second_derivative#Generalization_to_higher_dimensions
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The other important governing equation for heat flow is 

 

 Q U W= +  (12.4) 

 

where Q is heat flow, U is the change in the internal energy of the system, and W is 

work on the system. That is, heat flow is equal to the work on the system plus the 

change in internal energy of the system. Hence, the change in heat is equivalent to 

the heat flowing into the system. Combining these two equations, and in the absence 

of any work, U is proportional to the change in temperature. Thus, we arrive at Q = 

ΔT, where ΔT is the change in temperature. For passive systems, cooling by the 

conduction of heat is a linear function of temperature and a constant related to the 

material properties of the solid. This constant, , may be a function of many 

variables, including temperature, power, and voltage. 

The primary systems for passive cooling of electronic systems are thermal 

interface materials, heat spreaders, and heat sinks. Each performs a different 

function for removing heat from a system. Heat sinks may be an environment, such 

as water or air, or an object that absorbs and then dissipates heat while in physical 

or thermal contact. This dissipation may occur through direct or radiant transfer of 

heat. Heat-sink performance is a function of material, geometry, and the overall 

surface-heat-transfer coefficient along with the temperature of the heat sink. 

Generally, we can improve forced-convection heat-sink thermal performance by 

increasing the thermal conductivity of the heat-sink materials and increasing the 

surface area. 

Thermal-interface material fills the gaps between thermal-transfer surfaces, 

such as microprocessors and heat sinks, to increase thermal-transfer efficiency. Air, 

a poor conductor, normally fills these gaps. The most common thermal-interface 

material is white paste or thermal grease—typically, silicone oil encapsulating 

aluminum oxide, zinc oxide, or boron nitride. Heat spreaders are most often simply 

metal plates having high thermal conductivity. Designers also use carbon-based heat 

spreaders with anisotropic characteristics. They act as heat exchangers, moving heat 

between localized heat and a secondary, larger heat exchanger. Heat moves through 

all these passive components only with a temperature difference from a higher to a 

lower temperature. The rate of flow is proportional to the difference in temperature. 

Both active and passive approaches can cause or assist in this flow. 

In Figure 12.1 a region is illustrated that has two different temperatures on each 

side. The distance of heat transfer is defined as x, which is perpendicular to area 

A. The rate of heat transferred through the material is Q, from temperature T1 to 

temperature T2, when T1>T2. Thermal conductivity, , is a bulk property that 

describes the ability of a material to transfer heat. It is given by 
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2 1( )

Q x

A T T


 =

−
 (12.5) 

 

Thermal conductivity of materials plays a significant role in the cooling of 

electronics equipment. From the die where the heat is generated to the cabinet where 

the electronics are housed, conduction heat transfer and, subsequently, thermal 

conductivity are the integral components of the overall thermal management 

process. 

The path of heat from the die to the outside environment is a complicated 

process that must be understood when designing a thermal solution. In the past, 

many devices were able to operate without requiring an external cooling device like 

a heat sink. In these devices, the conduction resistance from the die to the board 

needed to be optimized, as the primary heat transfer path was into the PCB. As 

power levels increased, heat transfer solely into the board became inadequate. Much 

of the heat is now dissipated directly into the environment through the top surface 

of the component. In these new higher-powered devices, low junction-to-case 

resistance is important, as is the design of the attached heat sink. 

 To determine the importance of material thermal conductivity in a specific 

thermal management application (e.g. a heat sink), it is important to separate the 

overall thermal resistance associated with conduction heat transfer into three parts: 

interfacial, spreading, and conduction resistances. 

 
 

Figure 12.1 Conduction heat transfer process from hot (T1) to cold (T2) surfaces. 
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An interface material enhances the thermal contact between imperfect mating 

surfaces. A highly thermally conductive material, with good surface wetting ability, 

will reduce interfacial resistance. 

Spreading resistance is used to describe the thermal resistance associated with 

a small heat source coupled to a larger heat sink. Among other factors, the thermal 

conductivity of the base of the heat sink directly impacts spreading resistance.  

Conduction resistance is a measure of the internal thermal resistance in a heat 

sink as heat travels from the base to the fins, where it dissipates into the 

environment. In regard to heat sink design, conduction resistance is less important 

in natural convection and low air flow conditions, becoming more important as flow 

rates increase. 

Common units of thermal conductivity are W/m/K and Btu/hr-ft-oF. 

 

 

12.3 Heat Removal from Power Amplifiers 
 

A PA can be modeled with the thermal model depicted in Figure 12.2. Pd represents 

the power dissipated by the device (Watts). T is the temperature of the heat sink (oC) 

and t represents the thermal resistance of the heat sink (oC/W). Ct is the thermal 

capacitance of the transistor. We can write the branch equation for the thermal 

resistance as 

 

 
2 1 d tT T P− =   (12.6) 

 
 
Figure 12.2 Thermal model. 
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so that 

 

 2 1

t

d

T T

P

−
 =  (12.7) 

 

The branch equation for the thermal capacitance is 

 

 d t 0( )
d

P C T T
dt

= −  (12.8) 

We know that 

 

 
d 0

i
P =  (12.9) 

 

and that 

 

 0iT =  (12.10) 

 

 Consider the power flow depicted in Figure 12.3. 
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d
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=


 

 

implies that 

 

 
 
Figure 12.3 Thermal model. 
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and 
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We can also write 
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 (12.11) 

 

or 

 

 t t d t 0( ) ( )T t C T t P T+  =  +  (12.12) 

 

Assuming a unit step input, the homogeneous solution to (12.12) is 

 

 
/

h ( ) tT t Ae− =  (12.13) 

 

with 

 

 
t tC =   (12.14) 

 

and we have 

 

 
/( ) tT t Ae B− = +  (12.15) 

 

To determine A and B in (12.15), we consider the boundary conditions. At 

,t → 
2d 0.P → Therefore 

 

 
d t 0T P T =  +  (12.16) 

 
d t 0B T R T= =  +  

 

The initial conditions are 
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0(0)T T A B= = +  

 

so that 

 

 
0 d tA T T P= − = −   (12.17) 

 

Thus 

 

 t t/

d t 0( ) (1 )
t C

T t P e T
− 

=  − +  (12.18) 

 

and 

 

 j j d( ) ( )T t T t P= +   (12.19) 

 

Equation (12.19) is sketched in Figure 12.4. The response is a monotonically 

increasing exponential with an initial value given by T0 and a final value given by 

T
(12.16). 

 

  

 

 

 

 
 

Figure 12.4 Thermal response. 
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12.4 Thermal Analysis and Design in Electronic 

Circuits 
 

12.4.1 Introduction 

 

This section briefly discusses the issues involved with heat generation and removal 

in electronic components. Instructions are given for selecting an appropriate heat 

sink when required [4]. 

 

12.4.2 Heat Removal in Resistors 

 

A typical resistor has a maximum power rating given when the ambient temperature 

is 25oC. The allowable power dissipated has to be reduced when the ambient 

temperature is higher. At the maximum operating temperature (typically between 

100 and 150oC) the allowable power dissipation becomes zero. For temperatures in 

between the power is linearly derated in proportion to temperature. This is illustrated 

in Figure 12.5. 

It might be inferred from this discussion that the allowable power dissipation 

increases when the ambient temperature is less than 25oC. This is not generally true 

and depends more on allowable internal current densities than absolute 

temperatures. Do not make assumptions –always check information from the 

manufacturer about operation the part in this mode. As an example, consider a 

common ¼ watt carbon film resistor that can dissipate up to ¼ watt when the 

ambient temperature is 25oC and has a maximum operating temperature of 125oC. 

For each degree that the ambient temperature is above 25oC the maximum power 

rating of the resistor decreases by 0.0025 W. Thus, if the maximum ambient 

temperature is 60oC then the maximum allowable power dissipation of the resistor 

is decreased to 0.16 W. One thing to keep in mind is that when dissipating maximum 

 
 
Figure 12.5 Power derating plot for a ¼ W resistor. 
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allowable power, the part is extremely hot and will quickly burn a finger that touches 

it. For example, a ¼ watt resistor dissipating its maximum power will have a surface 

temperature well over 100oC! 

 It is common practice to design for a power dissipation of no more than about 

one-half the rated power dissipation at the maximum operating temperature. This 

practice significantly reduces the maximum operating temperature and extends the 

useful life of the component considerably. In the previous example, the resistor 

would not be made to dissipate more than about 0.08 W. 

The first thing to do in the design is to determine the actual maximum power 

the resistor will dissipate and to know the maximum design temperature (typically 

60oC but could be over 100oC). Then the appropriate power rating for the resistor is 

selected so that the maximum power dissipated is about half the rated power 

dissipation at the maximum operating temperature. Note that high power resistors 

are intended to be mounted on a suitable heat sink. A 100 W resistor will seriously 

overheat if not properly mounted. Always study the manufacture’s recommended 

methods for heat removal. 

 

12.4.3 Heat Removal in Solid-State Devices 

 

Managing power dissipation in semiconductor components is the same as for 

resistors. The most important operating parameter is the junction temperature. If the 

junction temperature is too high the part will not work properly and may even be 

destroyed. The typical maximum junction temperature is 125oC although in some 

special cases the temperature may be as high as 175oC. As with resistors, the useful 

operational life can be extended considerably if the maximum junction temperature 

is limited to much less than the rated value. A good value is from 25 to 50oC less 

than rated. 

The case of many semiconductor components is designed so that a suitable heat 

sink can be mounted. The allowable amount of power that can be dissipated depends 

on the ability of the heat sink to conduct the heat away. Because the manufacturer 

cannot know what heat sink you are going to use, the manufacturer rates the power 

dissipation in terms of an infinite heat sink that holds the case temperature at 25oC. 

This does not mean that the power dissipation could go to infinity as there is the 

internal thermal resistance to the case. Power dissipation must still be limited so that 

the junction temperature is no higher than the maximum rated. 

The “Ohm’s law” of temperature is: the junction temperature is equal to the 

power dissipated multiplied by the thermal resistance to ambient plus the ambient 

temperature. In equation form this is as follows 

 

 j d ja aT P T=  +  (12.20) 
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Temperature is in degrees C, power dissipation is in Watts, and thermal resistance 

is in Watts per degree C. Note that temperature is analogous to electrical voltage, 

power is analogous to electrical current, and thermal resistance is analogous to 

electrical resistance. The symbol, Q, is often used in thermal calculations to 

represent heat flow, i.e. power (not to be confused with the use of Q as an indicator 

of the quality of reactive components, or the quiescent operating point of an 

amplifier circuit). 

Equation (12.20) can also be expressed as 

 

 jamax jmax amax dmax( ) /T T P = −  (12.21) 

 dmax jmax amax ja( ) /P T T= −   (12.22) 

 amax jmax dmax jaT T P= −   (12.23) 

 

Equation (12.20) is used for analyzing an existing system. Equation (12.21) is used 

for designing the heat sink system. Equations (12.22) and (12.23) are useful to 

establish design limits. 

The thermal resistance from the junction to ambient is generally composed of 

two or three components. In the situation of when no heat sink is used, the total 

thermal resistance is the sum of the junction to case thermal resistance and the case 

to ambient thermal resistance as shown below. 

 

 ja jc ca =  +   (12.24) 

 

The value of a heat sink is that it reduces the thermal resistance from the case to 

ambient. When a heat sink is used the total thermal resistance is the sum of the 

internal junction to case thermal resistance plus the thermal resistance from the case 

to the heat sink plus the thermal resistance of the heat sink to ambient. 

 

 ja jc cs sa =  +  +   (12.25) 

 

The thermal resistance from the case to the sink is made small—typically less than 

1oC/W)—by using what is known as heat sink compound which is thermally 

conductive and fills the inherent air gaps. Without heat sink compound the thermal 

resistance between the case and the sink can be several times larger. 

Table 12.1 shows some typical values of power dissipation and thermal 

resistances for common transistor cases. Always check the manufacturer’s data for 

a specific part as these numbers can vary a lot depending on internal construction. 

For example, integrated circuits tend to have much higher thermal resistances from 
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the junction to the case than plain transistors. The cases listed in Table 12.1 are 

illustrated in Figure 12.6. 

A common mistake is to choose a part with a higher power rating than is needed 

and then assume that all is well. The power rating of all components is based on 

proper methods being applied to remove the heat. Fail to remove the heat and the 

component will malfunction or be destroyed. Pay close attention to the 

manufacture’s application information for parts that must dissipate heat. In some 

cases, the component leads form part of the heat sinking system and must not be too 

short. 

 

 

 
 

Figure 12.6 Transistor cases (a) TO3, (b) TO220, (c) TO5, (d) TO18, and (e) TO92. 

 

Table 12.1 Typical Semiconductor Mounting Case Thermal Data (see Figure 12.6) 

 Pdmax,  (W)  (oC/W) 

Case Infinite HS* Good HS No HS jc ca cs sa 

TO-3 100 60 5 0.5 18 0.5 0.5 

TO-220 25 15 2 3 45 1 2 

TO-5 4 2.5 1 20 75 5 15 

TO-18 2 1.2 0.5 40 160 10 30 

TO-92 1 0.6 0.33 60 240 40 60 

   *HS = heat sink 
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12.5 Heat Sinks 

 

The amount of heat that a power semiconductor or module generates depends upon 

its mode of operation, bias level, signal amplitude, and the shape of the applied 

signal. For example, power transistors used as Class A amplifiers for sine or 

complex waves or pass transistors and modules for regulating dc power supplies 

generate much more heat than square-wave oscillators, Class AB amplifiers, Class 

B square-wave amplifiers, and PWM (pulse width modulation) amplifiers. This is 

perhaps easiest to see when considering a power transistor that operates with square  

waves, the collector voltage is high with low current, then high current with low 

voltage during the saturation and cutoff periods. The result is very low average 

power dissipation. But, in either case, these devices need some type of heat sink to 

help dissipate the internal power they generate. 

A silicon power transistor or high-current diode has an allowable maximum 

junction temperature of usually 150 °C or a little more. If the heat-generating device 

does not connect to a greater mass or surface area, the amount of junction current 

and voltage as given in a typical specification sheet could hardly be approached 

before the device would exceed the maximum collector junction temperature. The 

reason is that the device specification sheets list their characteristics with the device 

mounted on a heat sink of considerable size, usually called an “infinite” heat sink. 

The temperature of the air surrounding the heat-generating device must be 

much less than the maximum allowable junction temperature so the device does not 

overheat. The heat sink attempts to reduce the junction temperature to that of the 

surrounding medium. If the heat sink were thermally perfect, the transistor junction 

temperature could reach the same as the lower ambient. However, in practice this is 

not possible. The thermal conductivity path from the transistor junction to the 

ambient air contains physical connections between the junction and case, case and 

heat sink (through an insulator, if used), and heat sink and ambient. These 

connections are not thermally perfect and therefore produce a temperature 

differential. They are thermal resistances, and each thermal resistance has a unique 

value. The value is expressed as a temperature in degrees centigrade per watt of 

dissipation (°C/W). Due to these resistances, a temperature differential always 

appears between the collector junction and ambient. This variable must be kept to a 

minimum. 

The main requirements of heat sinks, formulated possibly not in the order of 

descending significance, are: 

 

• High thermal conductivity; 

• Low cost; 

• Low electrical conductivity; 
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• Thermal expansion coefficient of the heat sink should be equal to that of 

the material to be cooled; 

• Low loss tangent; 

• Small weight. 

 

The purpose of a heat sink is to provide a low thermal resistance from the case 

of a component to the ambient air. Heat is both conducted to the air and radiated. A 

heat sink is constructed with a high thermal conductivity material such as aluminum 

and is made so as to have a large surface area for efficient heat transfer to the 

surrounding air. Heat sinks are often black anodized to increase thermal radiation. 

In the absence of forced air, convective air currents will conduct thermal energy 

away from the heat sink. Thus, it is very important for heat sinks to be physically 

mounted such that convective air currents can exist. A heat sink in a closed box is 

of little use.  

Thermal energy is never destroyed. It always accumulates (i.e. temperature 

rises) when it cannot dissipate into the surroundings. Fans are often used to improve 

thermal transfer. Heat sinks are typically rated in terms of temperature rise for a 

given power and given air flow. This data is generally provided as a plot. It is wrong 

to ask the question, “What size heat sink will get rid of 5 watts?” The answer could 

range from small to huge depending on what is actually needed. Figure 12.7 is a 

typical plot used to present heat sink data. Note that there are two curves and that 

each curve uses a different set of axes as shown. One curve shows the temperature 

rise for a given power dissipation in free convection. This is the curve that is most 

commonly used. When forced air flow is needed, the other curve shows the effective 

 
 

Figure 12.7 Typical heat sink data. 
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thermal resistance for a given air flow. Use whichever curve is applicable and ignore 

the other. 

The following is the proper method to use in selecting a heat sink: 

 

1. Calculate the maximum power dissipation, Pd, that will occur 

in the device. 

2. Lookup the maximum allowable internal temperature (i.e. 

junction temperature for solid state devices) in the data book. 

3. Lookup the thermal resistance, jc , from the internal device to 

the case. 

4. Specify the actual maximum internal temperature to design to, 

Tjmax. This can be equal to that in the previous step but for long 

device life the maximum temperature should be many tens of 

degrees lower. 

5. Calculate the maximum allowable case temperature by

cmax jmax d jc .T T P= −   

6. Specify the maximum ambient air temperature that the device 

must operate in, Tamax. 

7. If the application is for natural convection then calculate the 

maximum allowable temperature rise of the heat sink: Trmax = 

Tamax – Tcmax. If this number is small (less than about 10 degrees) 

then it may be very difficult to accomplish heat removal. It is 

impossible if the result is negative. If the application uses forced 

air then calculate the maximum allowable thermal resistance of 

the heat sink: 

 

 
jmax amax

samax jc

dmax

T T

P

−
 = −   (12.26) 

 

8. Choose a heat sink that will physically mount the device and 

that has a temperature rise or thermal resistance (as shown on a 
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plot) for the operating Pd and expected air flow (from convection 

to forced) less than Trmax or
samax .   When in doubt, choose the 

larger heat sink. 

 

The effective thermal resistance of the heat sink can be calculated as  

sa rise d/ .T P =  Trise is taken from the performance plot. Notice that the effective 

thermal resistance can vary a lot depending on how the heat sink is used. This is 

why the manufacturer provides a plot rather than a specific value. 

When forced air is a requirement then there needs to be some means for 

detecting either that the air flow is insufficient or the temperature of the case has 

exceeded some specification so that that some kind of shut down can take place to 

prevent failure. 

The most commonly used type of commercially available heat sink is the finned 

extruded aluminum style, as shown in Figure 12.8. It is usually painted flat black 

with a bare exposed area for mounting the semiconductor device, or it may be 

completely black anodized. It can be punched to accommodate any pin or mounting 

arrangement. This basic shape of radiator is most desirable for forced air and natural 

convection cooling because much surface area is exposed to the surrounding air 

within a comparatively small volume. Approximately 80 in2 of radiating surface can 

be contained in a volume of only 4.5 × 1.5 × 3 in. These same heat sinks can be 

given a serrated surface to increase the available surface area per unit volume even 

more. Also, some heat sinks come in “pin-grid arrays” and other geometries for 

special applications. 

Heat sinks are devices that enhance heat dissipation from a hot surface, usually 

the case of a heat generating component, to a cooler ambient, usually air [5]. For the 

following discussions, air is assumed to be the cooling fluid. In most situations, heat 

transfer across the interface between the solid surface and the coolant air is the least 

 
 

Figure 12.8 This is a typical heat sink designed for either natural air convection or forced-air cooling 
and comes in a wide variety of shapes and sizes. Manufacturers usually provide specs for both uses. 
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efficient within the system, and the solid-air interface represents the greatest barrier 

for heat dissipation. A heat sink lowers this barrier mainly by increasing the surface 

area that is in direct contact with the coolant. This allows more heat to be dissipated 

and/or lowers the device operating temperature. The primary purpose of a heat sink 

is to maintain the device temperature below the maximum allowable temperature 

specified by the device manufacturers. 

 

12.5.1 Thermal Circuit 

 

Before discussing the heat sink selection process, it is necessary to define common 

terms and establish the concept of a thermal circuit. The objective is to provide basic 

fundamentals of heat transfer for those readers who are not familiar with the subject. 

Notations and definitions of the terms are as follows: 

 

Q: total power or rate of heat dissipation in Watts, represent the rate of heat 

dissipated by the electronic component during operation. For the purpose of 

selecting a heat sink, the maximum operating power dissipation issued. 

Tj: maximum junction temperature of the device in °C. Allowable Tj values range 

from 115°C in typical microelectronics applications to as high as 180°C for some 

electronic control devices. In special and military applications, 65°C to 80°C are not 

uncommon. 

Tc: case temperature of the device in °C. Since the case temperature of a device 

depends on the location of measurement, it usually represents the maximum local 

temperature of the case. 

Ts: sink temperature in °C. Again, this represents the maximum temperature of a 

heat sink at the location closest to the device. 

Ta: ambient air temperature in °C. 

 

Using temperatures and the rate of heat dissipation, a quantitative measure of 

heat transfer efficiency across two locations of a thermal component can be 

expressed in terms of thermal resistance , defined as 

 

 /T Q =   (12.27) 

 

were T is the temperature difference between the two locations. The unit of 

thermal resistance is in °C/W, indicating the temperature rise per unit rate of heat 

dissipation. This thermal resistance is analogous to the electrical resistance Re, given 

by Ohm’s law: 
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e /R V I=   

 

with V being the voltage difference and I the current. 

Consider a simple case where a heat sink is mounted on a device package as 

shown in Figure 12.9. Using the concept of thermal resistance, a simplified thermal 

circuit of this system can be drawn, as also shown in the figure. In this simplified 

model, heat flows serially from the junction to the case then across the interface into 

the heat sink and is finally dissipated from the heat sink to the air stream. 

The thermal resistance between the junction and the case of a device is defined 

as 

 

 jc jc j c/ ( ) /T Q T T Q = = −  (12.28) 

 

This resistance is specified by the device manufacturer. Although the jc value of a 

given device depends on how and where the cooling mechanism is employed over 

the package, it is usually given as a constant value. It is also accepted that jc is 

beyond the user’s ability to alter or control. 

Similarly, case-to-sink and sink-to-ambient resistance are defined as 

 

 
cs cs c s/ ( ) /T Q T T Q =  = −  (12.29) 

 
sa sa s a/ ( ) /T Q T T Q =  = −  (12.30) 

 

respectively. Here, cs represents the thermal resistance across the interface between 

the case and the heat sink and is often called the interface resistance. This value can 

 
 
Figure 12.9 Thermal resistance equivalent circuit. 

 



RF Electronics for Electronic Warfare 

 

510 

be improved substantially depending on the quality of mating surface finish and/or 

the choice of interface material. sa is heat sink thermal resistance. 

Obviously, the total junction-to-ambient resistance is the sum of all three 

resistances: 

 

 ja jc cs sa j a( ) /T T Q =  +  +  = −  (12.31) 

 

12.5.2 Required Heat-Sink Thermal Resistance 

 

To begin the heat sink selection, the first step is to determine the heat sink thermal 

resistance required to satisfy the thermal criteria of the component. By rearranging 

(12.31), the heat sink resistance is easily obtained as 

 

 sa s a jc cs( ) /T T Q = − − −  (12.32) 

 

In this expression, Tj, Q and jc are provided by the device manufacturer, and Ta and 

cs are the user defined parameters. 

The ambient air temperature Ta for cooling electronic equipment depends on 

the operating environment in which the component is expected to be used. 

Typically, it ranges from 35 to 45°C, if the external air is used, and from 50 to 60°C, 

if the component is enclosed or is placed in a wake of other heat generating 

equipment. Extreme environments such as in uncontrolled aircraft bays on high 

flying aircraft can extend beyond these ranges. 

The interface resistance cs depends on the surface finish, flatness, applied 

mounting pressure, contact area and, of course, the type interface material and its 

thickness. Precise value of this resistance, even for a given type of material and 

thickness, is difficult to obtain, since it may vary widely with the mounting pressure 

and other case dependent parameters. However, more reliable data can be obtained 

directly from material manufacturers or from heat sink manufacturers. Typical 

values for common interface materials are tabulated in Table 12.2. 

With all the parameters on the right side of (12.32) it becomes the required 

maximum thermal resistance of a heat sink for the application. In other words, the 

thermal resistance value of a chosen heat sink for the application has to be equal to 

or less than sa value for the junction temperature to be maintained at or below the 

specified Tj. 

 

12.5.3 Selecting a Suitable Heat Sink 

 

In this section we go through an example of the process of selecting a heat sink for 

a specific application [6]. 
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The actual temperature difference of a BJT depends upon the amount of power 

the junction dissipates. The average power dissipation for a BJT is approximately 

 

 
D C CEP I V=   (12.33) 

 

where  

 

PD is the power dissipation in watts of constant current generation 

IC is the collector current 

VCE is the collector-to-emitter voltage 

 

Consider the characteristics of a single-ended, class A amplifier stage. Suppose 

the transistor has a peak collector current of 15A and a power dissipation capability 

of 90W at a case temperature of 25°C. The power dissipation capability decreases 

linearly from 25°C to zero watts of dissipation at 100°C case temperature (see 

Figure 12.10). 

When the Class A amplifier stage output power is 90W peak, the quiescent 

collector current is about 1.5A at 30V collector-to-emitter (biased at midpoint on its 

load line). Using the equation for power dissipation, the class A stage produces 45 

W (Pd = 30V  1.5A = 45 W). The product of collector current and voltage either 

side of this quiescent state produces less power dissipation, so 45 W is the maximum 

power dissipation to consider. This value is used below to calculate the heat sink 

required. 

As the amount of power dissipation in the device increases, the size of the heat 

sink must increase to allow more surface area to be exposed to the ambient. First, 

the heat sink material and size are considered. Thermal conductivity of the material 

Table 12.2 Thermal Properties of Some Interface Materials 

Material 
Conductivity 

(W/in/oC) 

Thickness 

(in) 

Resistance 

(in2 oC/W) 

There-O-Link Thermal Compound 0.010 0.002 0.19 

High performance thermal compound 0.030 0.002 0.07 

Kon-Dux 0.030 0.005 0.17 

A-Dux 0.008 0.004 0.48 

1070 Ther-A-Grip 0.014 0.006 0.43 

1050 Ther-A-Grip 0.009 0.005 0.57 

1080 Ther-A-Grip 0.010 0.002 0.21 

1081 Ther-A-Grip 0.019 0.005 0.26 

A-Phi 220 @20psi 0.074 0.020 0.27 

1897 in Sil-8 0.010 0.008 0.81 

1898 in Sil-8 0.008 0.006 0.78 

  Source: [5] 
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should be as high as possible. Copper is about the best for thermal conductivity and 

aluminum follows a close second. The difference in cost between copper and 

aluminum exceeds their difference in thermal conductivity, therefore aluminum heat 

sinks are pretty much the industry standard. 

Consider a square of bright aluminum, 1/8 in. thick with a surface area of 5in2 

per side, positioned vertically. From actual measurements, the thermal resistance is 

about 9°C/W. Refer to Figure 12.11. As the size increases, the thermal resistance 

reduces until a practical limit is reached of about 140 in2 of heat sink area. Here the 

thermal resistance is about 1.4°C/W in free air, and increasing the surface area does 

 
 

Figure 12.11 Heat transfer of square 1/8” aluminum heat sink. 

 

 
 
Figure 12.10 Transistor case temperature derating curve. Transistor specifications for power dissipation 

are typically rated at 25oC and derated to zero at 100oC. The variables for a reliable design must fall 

under the curve. 
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not significantly decrease the thermal resistance. More than 140 in2 in this case 

would be considered an infinite heat sink. Copper positioned vertically, 1/8in thick, 

by 140 in2 has a thermal resistance of about 1.0°C/W compared to aluminum at 

1.4°C/W. 

The thermal resistance drops rapidly from no heat sink to 3.0oC/W at 40 in2 and 

levels off to about 1.5oC/W as the heat sink reaches about 100 in2 (infinite heat sink). 

Increasing it any further makes little difference. 

Now we match the requirements to a proper heat sink. First, according to 

(12.20), sum the thermal resistances, multiply the sum by the power dissipation of 

the semiconductor, and add the results to the ambient temperature. If this 

temperature exceeds the maximum allowable temperature for the device as shown 

in the derating curve (Figure 12.10), one or more factors in the computation must 

be changed. For example, the ambient temperature could be lowered or the power 

dissipation reduced by lowering the input voltage or current. Also, any one of the 

thermal resistances could be reduced to achieve the same end. 

A typical graph supplied with fabricated heat sinks is shown in Figure 12.12, 

which conveys the thermal resistance characteristics for the heat sink in Figure 12.8. 

The temperature differential in degrees Celsius from the mounting to ambient air is 

indicated on the ordinate. The power dissipation capability of the heat sink in watts 

is plotted along the abscissa. We see that the vertically mounted heat sink has a 

thermal coefficient of about 1.8°C/W. The transistor can be isolated electrically 

from the heat sink with an insulator such as mica. The mica insulator, however, has 

a coefficient of 0.8°C/W to 0.5°C/W, which must be added to the thermal resistance 

of the heat sink. Silicone grease applied to both sides of the insulator reduces this 

resistance by half or 0.4 to 0.25°C/W. In any case, the transistor or module should 

be mounted near the lower edge of a vertically mounted heat sink for best 

dissipation. 

 
 
Figure 12.12 Thermal characteristics of finned heat sink shown in Figure 12.8. 
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Another characteristic some manufacturers indicate is the effect of forced 

airflow for a natural convection heat sink as shown in Figure 12.13. Thermal 

resistance of the heat sink is shown along the ordinate and the airflow in CFM is 

indicated along the abscissa. As shown, the thermal resistance of the heat sink can 

be reduced considerably from 1.7 to about 0.6 °C/W with airflow of only 16 CFM. 

A realistic ambient temperature is 50oC.  Select a forced airflow of 16 CFM, 

heat sink sa of 0.6oC/W, and an ambient of 50oC. Substitute these values in (12.20) 

the equation for solving Tj, and the result is 77oC. The derating curve shows an 

allowable 25 W at 77oC. So forced air is indeed a viable option. However, this means 

that each transistor or power module requires its own heat sink with airflow of 16 

CFM. The forced air cooling made the difference between an impossible and a  

possible circuit-heat sink combination for a 50oC environment. 

Without the forced air, the previous calculations of the single-ended, Class A 

amplifier dissipated 45W. Select a maximum ambient temperature of 50°C; a 

transistor thermal resistance jc of 0.8°C/W; silicone grease to give a cs of 0.1°C/W; 

and a commercial heat sink as shown in Figure 12.8 with a sa of 1.8 °C/W. Now 

calculate the junction temperature: 

 

Tj = 45(0.8 + 0.1 + 1.8) + 50 = 171.5 °C 

 
 

Figure 12.13 Heat sink performance under forced air flow conditions for the heat sink shown in Figure 
12.8. A little forced air flow makes a big difference in thermal resistance when space permits a fan or 

blower. 

 
 

 

12.12.12.12. 
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This is not a satisfactory solution: Tj of only 98.6°C is allowed, so we must fine-

tune the numbers in order to lower the temperature to a more reasonable level. 

Although this temperature is under the maximum allowable for the transistor, a look 

at the derating graph shows that only 2 W of dissipation is allowed at 98 °C.  

 

12.5.4 Heat-Sink Selection 

 

In selecting an appropriate heat sink that meets the required thermal criteria, we 

need to examine various parameters that affect not only the heat sink performance 

itself, but also the overall performance of the system. The choice of a particular type  

of heat sink depends largely on the thermal budget allowed for the heat sink and 

external conditions surrounding the heat sink. It is to be emphasized that there can 

never be a single value of thermal resistance assigned to a given heat sink, since the 

thermal resistance varies with external cooling conditions. 

When selecting a heat sink, it is necessary to classify the air flow as natural, 

low flow mixed, or high flow forced convection. Natural convection occurs when 

there is no externally induced flow and heat transfer relies solely on the free buoyant 

flow of air surrounding the heat sink. Forced convection occurs when the flow of 

air is induced by mechanical means, usually a fan or blower. There is no clear 

distinction on the flow velocity that separates the mixed and forced flow regimes. It 

is generally accepted in applications that the effect of buoyant force on the overall 

heat transfer diminishes to negligible level (under 5%) when the induced air flow 

velocity excess 1–2 m/s (200 to 400 lfm). 

The next step is to determine the required volume of a heat sink. Table 12.3 

shows approximate ranges of volumetric thermal resistance of a typical heat sink 

under different flow conditions. 

The volume of a heat sink for a given low condition can be obtained by dividing 

the volumetric thermal resistance by the required thermal resistance. Table 12.3 

should be used only as a guide for estimation purposes in the beginning of the 

selection process. The actual resistance values may vary outside the above range 

depending on many additional parameters, such as actual dimensions of the heat 

Table 12.3 Range of Volumetric Thermal Resistance 

Flow Condition 

m/s (lfm*) 

Volumetric Resistance 

cm3 oC/W 

Natural Convection 500–800 (30–50) 

1.0 (200) 150–250 (10–15) 

2.5 (500) 80–150 (5–10) 

5.0 (1000) 50–80 (3–5) 

     *lfm = linear feet per minute 
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sink, type of the heat sink, flow configuration, orientation, surface finish, altitude, 

etc. The smaller values shown in Table 12.3 correspond to heat sink volume of 

approximately 100 to 200cm3 (5 to 10in3) and the larger ones to roughly 1000cm3 

(60in3). 

The above tabulated ranges assume that the design has been optimized for a 

given flow condition. Although there are many parameters to be considered in 

optimizing a heat sink, one of the most critical parameters is the fin density. In a 

planar fin heat sink, optimum fin spacing is strongly related to two parameters: flow 

velocity and fin length in the direction of the flow. Table 12.4 may be used as a 

guide for determining the optimum fin spacing of a planar fin heat sink in typical 

applications. 

The average performance of a typical heat sink is linearly proportional to the 

width of a heat sink in the direction perpendicular to the flow, and approximately 

proportional to the square root of the fin length in the direction parallel to the flow. 

For example, an increase in the width of a heat sink by a factor of two would increase 

the heat dissipation capability by a factor of two, whereas an increase the heat 

dissipation capability by a factor of 1.4. Therefore, if the choice is available, it is 

beneficial to increase the width rather than the length of the heat sink. Also, the 

effect of radiation heat transfer is very important in natural convection, as it can be 

responsible of up to 25% of the total heat dissipation. Unless the component is facing 

a hotter surface nearby, it is imperative to have the heat sink surfaces painted or 

anodized to enhance radiation. 

 

12.5.5 Heat Sink Types 

 

Heat sinks can be classified in terms of manufacturing methods and their final form 

shapes. The most common types of air-cooled heat sinks include: 

 

• Stampings: Copper or aluminum sheet metals are stamped into desired 

shapes. They are used in traditional air cooling of electronic components 

and offer a low-cost solution to low density thermal problems. They are 

suitable for high volume production, because advanced tooling with high 

speed stamping would lower costs. Additional labor-saving options, such 

Table 12.4 Fin Spacing (mm/in) Versus Flow and Fin Length 

 Fin Length (in) 

Flow Conditions (m/s, lfm) 75, 3.0 150, 12.0 225, 9.0 300, 12.0 

Natural convection 12.5, 0.25 7.5, 0.30 10, 0.38 13, 0.50 

1.0 (200) 4.0, 0.15 5.0, 0.20 12.0, 0.24 7.0, 0.27 

2.5 (500) 2.5, 0.10 3.3, 0.13 4.0, 0.16 5.0, 0.20 

5.0 (1000) 2.0, 0.08 2.5, 0.10 3.0, 0.12 3.5, 0.14 
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as taps, clips, and interface materials, can be factory applied to help to 

reduce the board assembly costs. 

• Extrusion: These allow the formation of elaborate two-dimensional shapes 

capable of dissipating large heat loads. They may be cut, machined, and 

options added. A cross-cutting will produce omni-directional, rectangular 

pin fin heat sinks, and incorporating serrated fins improves the 

performance by approximately 10 to 20%, but with a slower extrusion rate. 

Extrusion limits, such as the fin height-to-gap fin thickness, usually dictate 

the flexibility in design options. Typical fin height-to-gap aspect ratio of 

up to 6 and a minimum fin thickness of 1.3mm, are attainable with a 

standard extrusion. A 10 to 1 aspect ratio and a fin thickness of 0.8” can be 

achieved with special die design features. However, as the aspect ratio 

increases, the extrusion tolerance is compromised. 

• Bonded/Fabricated Fins: Most air-cooled heat sinks are convection 

limited, and the overall thermal performance of an air-cooled heat sink can 

often be improved significantly if more surface area can be exposed to the 

air stream. These high-performance heat sinks utilize thermally conductive 

aluminum-filled epoxy to bond planar fins onto a grooved extrusion base 

plate. This process allows for a much greater fin height-to-gap aspect ratio 

of 20 to 40, greatly increasing the cooling capacity without increasing 

volume requirements. 

• Castings: Sand, lost core and die casting processes are available with or 

without vacuum assistance, in aluminum or copper/bronze. This 

technology is used in high density pin fin heat sinks which provide 

maximum performance when using impingement cooling. 

• Folded Fins: Corrugated sheet metal in either aluminum or copper 

increases surface area and, hence, the volumetric performance. The heat 

sink is then attached to either a base plate or directly to the heating surface 

via epoxying or brazing. It is not suitable for high profile heat sinks because 

of the availability and fin efficiency. Hence, it allows high performance 

heat sinks to be fabricated for applications. 

  

Figure 12.14 shows the typical range of cost functions for different types of heat 

sinks in terms of required thermal resistance. 

The performance of different heat sink types varies dramatically with the 

airflow through the heat sink. To quantify the effectiveness of different types of heat 

sinks, the volumetric heat transfer efficiency can be defined as 

 

 
p sa

Q

mC T
 =


 (12.34) 
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where, m is the mass flowrate through the heat sink, Cp is the heat capacity of the 

fluid, and 
saT is the average temperature difference between the heat sink and the 

ambient air. The heat transfer efficiencies have been measured for a wide range of 

heat sink configurations, and their ranges are listed in Table 12.5. The improved 

thermal performance is generally associated with additional costs in either material 

or manufacturing, or both.  

 

12.5.6 Thermal Performance Graph 

 

Performance graphs typical of those published by heat sink vendors are shown in 

Figure 12.7. The graphs are a composite of two separate curves which have been 

combined into a single figure. It is assumed that the device to be cooled is properly  

 

 

Table 12.5 Range of Heat Transfer Efficiencies 
 

Heat Sink Type  Range (%) 

Stamping and flat plates 10–18 

Impingement flow fan heat sinks 25–32 

Fully ducted extrusions 45–58 

Ducted pin fin, bonded & folded fin 78–90 

 

 
 

Figure 12.14 Cost versus required thermal resistance. 
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mounted, and the heat sink is in its normally used mounting orientation with respect 

to the direction of air flow. The first plot traveling from the lower left to the upper 

right is the natural convection curve of heat sink temperature rise,
sa ,T versus Q. 

The natural convection curves also assume that the heat sink is painted or anodized 

black. The curve from the upper left to lower right is the forced convection curve of 

thermal resistance versus air velocity. In forced convection, 
saT is linearly 

proportional to Q, hence sa is independent of Q and becomes a function only of the 

flow velocity. However, the natural convection phenomenon is non-linear, making 

it necessary to present
saT as a function of Q. 

We can use the performance graphs to identify the heat sink and, for forced 

convection applications, to determine the minimum flow velocity that satisfies the 

thermal requirements. If the required thermal resistance in a force convection 

application is 8°C/W, for example, the above sample thermal resistance versus flow 

velocity curve indicates that the velocity needs to be at or greater than 2.4 m/s (470 

lfm). For natural convection applications, the required thermal resistance sa can be 

multiplied by Q to yield the maximum allowable 
sa .T  The temperature rise of a 

chosen heat sink must be equal to or less than the maximum allowable 
saT at the 

same Q. 

Readers are reminded that the natural convection curves assume an optimal 

orientation of the heat sink with respect to the gravity. Also, the flow velocity in the 

forced convection graph represents the approach flow velocity without accounting 

for the effect of flow bypass. There have been a limited number of investigations [2, 

3] on the subject of flow bypass. These studies show that flow bypass may reduce 

the performance of a heat sink by as much as 50% for the same upstream flow 

velocity. For further consultation on this subject, readers are referred to the cited 

references. 

When a device is substantially smaller than the base plate of a heat sink, there 

is an additional thermal resistance, called the spreading resistance that needs to be 

considered in the selection process. Performance graphs generally assume that the 

heat is evenly distributed over the entire base area of the heat sink, and therefore, do 

not account for the additional temperature rise caused by a smaller heat source. This 

spreading resistance could typically be 5 to 30% of the total heat sink resistance, 

and can be estimated by using the simple analytical expression developed in [7]. 

Another design criterion that needs to be considered in the selection of a heat 

sink is the altitude effect. While the air temperature of an indoor environment is 

normally controlled and is not affected by the altitude change, the outdoor air 

pressure does change with the altitude. Since many electronic systems are installed 

at an elevated altitude, it is necessary to derate the heat sink performance mainly 

due to the lower air density caused by the lower air pressure at higher altitude. Table 

12.6 shows the performance derating factors for typical heat sinks at high altitudes. 
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For example, in order to determine the actual thermal performance of a heat sink at  

altitudes other than the seal level, the thermal resistance values read off from the 

performance graphs should be divided by the derating factor before the values are 

compared with the required thermal resistance. 

 

 

12.6 Parallel Transistors for High Power Applications  

 

With high power applications it may be impossible to find a suitable heat-sink for a 

particular transistor, then one solution would be to use a different power transistor, 

or different case (package) type if available. Another alternative is to use two or 

more transistors connected in parallel, sharing the total power between them [8]. 

This can be a cheaper option than a single very expensive heat-sink. This concept is 

illustrated in Figure 12.15. 

 

12.6.1 Thermal Runaway 

 

In many modern circuits power MOSFETs are preferred to BJTs because of the 

BJT’s problem of thermal runaway. This is a process where current flow rises as a 

natural effect in semiconductors as the temperature of the device increases. This rise 

 
 
Figure 12.15 Power Transistors Connected in Parallel. 
 

Table 12.6 Altitude Derating Factors 

Altitude m/ft Factor 

0, sea level 1.00 

1000/3000 0.95 

1500/5000 0.90 

2000/7000 0.86 

3000/10000 0.80 

3500/12000 0.75 

 

http://www.learnabout-electronics.org/fet_04.php
http://www.learnabout-electronics.org/bipolar_junction_transistors_01.php
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in temperature then leads to a further increase in current flow and a subsequent 

further rise in temperature, until the rise in temperature and current spirals out of 

control and the device is destroyed. 

When several poorly matched transistors are connected in parallel, the transistor 

initially passing the most current will get hotter, while the others, passing less 

current, get cooler. Therefore, the hotter transistor can be in danger of thermal 

runaway. However, BJTs, carefully matched, may still be preferable to MOSFETs 

for some high voltage applications. 

 

 

12.7 Thermal Considerations of PCBs 
  

One of the most important components for thermal management is the printed-

circuit board (PCB). In a high-power, high-frequency circuit such as an RF PA, heat 

can build up around the amplifier’s active devices. This heat must be properly 

channeled away from the active devices and safely dissipated through device 

packages, circuit ground connections, heat sinks, equipment chassis, and ambient 

air. The choice of PCB materials is critical for the overall thermal management of a 

high-power RF/microwave design. In this section we discuss some of the 

considerations when analyzing the PCB material selection. 

A circuit material’s capability to control temperature rises as a function of 

applied and dissipated power is determined in large part to its power-handling 

capability. As is common with most electronic components, elevated operating 

temperatures result in shorter operating lifetimes and, often, degraded electrical 

performance. High temperature can result in damaged and degraded performance, 

whether it is high environmental ambient temperature, or the temperature of the 

circuitry and its components is elevated because of high-power operation. 

Depending upon the amount of power that a circuit must dissipate, maintaining that 

circuit at a lower temperature usually enables improved reliability and better (or at 

least more predictable) performance. 

A PCB at elevated temperatures will expand and contract with changes in 

temperature, expanding in three all axes (length, width, and thickness) as the 

temperature increases. The amount of this expansion for the change in temperature 

is characterized by a PCB material’s coefficient of thermal expansion (CTE). 

Because a PCB is typically formed of one or more dielectric layers laminated with 

copper (to form transmission lines and a ground plane), the material's linear CTE in 

the x and y directions is usually designed to match the CTE of copper (about 17 

ppm/oC). Thus, the materials expand and contract together with changes in 

temperature, minimizing stress on the junction of the two materials. 

The CTE in the z axis (the thickness) of the dielectric material is usually 

designed for a low value to minimize dimensional changes with temperature and 
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maintain the integrity of plated through holes (PTHs), also known as vias. The PTHs 

provide paths from the top to the bottom of the circuit board as needed for ground 

connections, as well as for interconnecting multilayer circuit boards. 

In addition to these mechanical changes, temperature can also affect the 

electrical performance of a PCB. The relative dielectric constant of a PCB laminate, 

for example, varies as a function of temperature, as defined by a parameter known 

as the thermal coefficient of dielectric constant. This parameter indicates changes in 

the dielectric constant with temperature (typically in ppm/oC). Because the 

impedance of high-frequency transmission lines is determined not only by the 

thickness of the substrate material but also by its dielectric constant, changes in z-

axis CTE and dielectric constant as a function of temperature can significantly 

impact the impedance of microstrip and stripline transmission lines fabricated on 

that material. 

Microwave circuits rely on tightly matched impedances between components 

and circuit junctions to minimize reflections. In a PA, impedance-matching circuitry 

is used to make transitions from the typically low impedances of a power transistor 

to the typically 50 Ω characteristic impedance of an RF/microwave circuit or system 

(transmission line to the antenna, for example). Changes in transmission line 

impedance due to temperature effects can alter the frequency response of a high-

frequency amplifier. 

Another parameter to consider when analyzing heat removal in PCBs is the 

glass transition temperature, denoted by Tg. This is the temperature at which some 

materials can change states. It indicates the temperature at which dramatic changes 

take place in a material’s CTE behavior; see Figure 12.16 for example. Because a 

material can undergo such a drastic change in CTE, it can become mechanically and 

electrically unstable when operating above Tg, and in operation should always be 

maintained below that temperature. 

A PCB’s maximum operating temperature (MOT) is another critical 

temperature-related parameter. The MOT is a rating that the Underwriters’ 

Laboratory (UL) gives to a unique PCB construction made by a particular PCB 

fabricator using specific materials. The MOT is the maximum temperature at which 

the PCB can be operated for an indefinite period of time without significant 

degradation to critical performance attributes of the circuit.  

A PCB material’s thermal conductivity is a relative indicator of a laminate's 

effectiveness in dissipating heat. It is measured in watts of power per meter of 

material per Kelvin. Analogous to electrical conductivity and the flow of electricity 

through a material, thermal conductivity is used to predict the rate of energy loss as 

heat through a given material. The reciprocal of thermal conductivity is thermal 

resistivity, or the ability of a material to resist the flow of heat. Both the thermal 

conductivity and the thermal resistivity were discussed previously. 
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 The thermal conductivity of a material depends on various properties. For 

example, glass is a poor thermal conductor, with an extremely low thermal 

conductivity of 1.1 W/(m-K). Conversely, copper provides very low resistance to 

the flow of heat, with a thermal conductivity of 401 W/(m-K). Because the thermal 

conductivity of PCB dielectric materials is low [the thermal conductivity of the very 

popular high-Tg FR-4 circuit material is typically about 0.24 W/(m-K)], heat can  

easily build up on the conductive traces of a high-power PCB, which are typically 

formed of copper. But selecting a PCB material with a higher value of thermal 

conductivity allows for operation of a circuit at higher power levels. 

Table 12.7 offers a comparison of typical PCB laminate materials, including 

RT/duroid 6035HTC laminate material from Rogers Corp that is a relative 

newcomer. As the table shows, it has a considerably higher thermal conductivity 

 

Table 12.7 Thermal Conductivities of PCB Laminates 

 

Laminate Material 
Thermal Conductivity 

(W/(m-K) 

High Tg FR-4 0.24 

Nearly pure PFTE 0.20 

Ceramic filled PTFE 0.50 

RO43508TM 0.62 

RP4360TM 0.80 

RT/duroid®6035HTC 1.40 

Source: [9] 

 

 
 

Figure 12.16 A PCB material’s CTE behavior can change drastically above the material’s glass 
transition temperature, Tg, and can become mechanically and electrically unstable above that 

temperature. 

http://www.rogerscorp.com/acm
http://mwrf.com/files/30/23525/table_01.jpg
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than FR-4 (about 6) and even several lowloss, high-frequency laminates as 

represented by the other entries in Table 12.7. It consists of a ceramic-filled PTFE 

(polytetrafluoroethylene teflon) composite dielectric available with standard or 

reverse-treated, electrodeposited (ED) copper foil.  It has a relative dielectric 

constant of 3.50 at 10 GHz in the z-axis which is maintained within a 0.05 tolerance 

across a board to maintain consist impedance in transmission lines. The CTE in the 

x- and y-axes is 19 ppm/C, closely matched to that of copper. 

Management of the thermal properties of a PCB extends to more than selecting 

a laminate with high thermal conductivity. The dissipation factor, which is the loss 

attributed to the dielectric material, also contributes to heat generation. 

Transmission lines, such as microstrip or stripline circuits used to carry high 

frequency, high power signals also have losses. Higher insertion losses result in 

more heat being generated in the transmission lines at higher power levels. Because 

of the skin effect, the roughness of the copper conductor on a PCB can contribute to 

increased insertion loss, especially at higher frequencies. 

The choice of a PCB material's dielectric constant will determine the size and 

density of an RF/microwave circuit, since the dimensions of microwave 

transmission-lines are based on the wavelengths of the signals to be handled. At 

higher relative dielectric constants, the dimensions of the transmission lines needed 

to achieve a given impedance grow smaller.  In addition to the ground-plane spacing, 

a PCB’s power-handling capability is limited to an extent by the width and insertion 

loss of its conductors. For a PA, for example, for improved thermal flow choosing 

a PCB material with a lower relative dielectric constant can lead to wider 

transmission lines for a given impedance. Using a PCB material with a higher 

relative dielectric constant may create thermal hotspots in high-power circuits due 

to finer transmission line dimensions and a more densely spaced circuit. In addition, 

minimizing the insertion loss of the transmission lines and optimizing the gain of an 

amplifier can result from selecting a material with low dissipation factor.  

Reference [9] documents the results of tests on some PCB laminates to 

demonstrate their power handling capability. Three materials, a high-Tg FR-4 

laminate, a RO4350B laminate and the RT/duroid 6035HTC laminate both of the 

latter two from Rogers Corp., were tested with the same test circuits, but with each 

fed with test signals at the same frequency and power levels. The high-Tg FR-4 

exhibited the highest rise in temperature above ambient, jumping to +109oC 

(+229oF) or a rise of +84oC above ambient. The RO4350B laminate exhibited a 

+56oC rise above ambient, increasing from +25oC to +82oC (+180oF). The 

RT/duroid 6035HTC rose only +36oC above ambient (from +25oC to +62oC) under 

the same test conditions. 

Further testing on RO4003C laminate from Rogers and RT/duroid 6035HTC 

with 1-oz ED copper and 2-oz. ED copper at 800 MHz, but otherwise all other test 

conditions the same produced the results shown in Figure 12.17. A temperature rise 
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of +80oC above ambient for all three laminates occurred at about 280W for the 

RO4003C laminate, about 700 W for the RT/duroid 6035HTC with 2-oz. copper, 

and almost 800W for the RT/duroid 6035HTC with 1-oz. copper.  

When tested at 2GHz, shown in Figure 12.18, for the same increase in 

temperature, the RO4003C's power-handling capability dropped to about 140W, 

while the RT/duroid 6035HTC with 2-oz. copper handled about 380W and the 

RT/duroid 6035HTC with 1-oz. copper handled more than 400W. The improved 

  

 
 

Figure 12.18 PCB power handling. Example of assuming a +105oC MOT and +25oC ambient 

temperature, 20 mil microstrip, RF power versus temperature rise, 2 GHz. 

 
 

Figure 12.17 PCB power handling. Example of assuming a +105oC MOT and +25oC ambient 

temperature, 20mil microstrip, RF power versus temperature rise, 800 MHz. 

http://mwrf.com/files/30/23525/fig_05.jpg
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performance of the RT/duroid 6035HTC with 1-oz. copper over the same dielectric  

with heavier cladding is because the copper surface is smoother (and hence lower 

insertion loss) for the RT/duroid 6035HTC with 1-oz. copper. 

 

12.7.1 Summary 

 

As we see from these test results, temperature rises will occur in all PCB materials 

as a result of high RF power levels at high frequencies. But different materials, and 

even copper cladding options, have different temperature characteristics. The choice 

of material should factor in low loss, high thermal conductivity, and stable 

mechanical characteristics with temperature when considering an acceptable MOT. 

 

 

12.8 Graphite Foam as Heat Sink Material 
 

The thermal properties of engineered graphite foams have enhanced their 

consideration as heat sink materials. Materials such as diamond and graphite are 

good thermal conductors because their crystal structures are nearly perfect with very 

few crystallographic defects. The graphite foam is derived from a mesophase pitch 

precursor in which, during the foam’s manufacture, mesophase crystals align 

themselves along the foam’s cell walls. When the foam is subsequently graphitized 

at temperatures 2,800oC, a highly aligned, defect-free graphitic structure better than 

that found in carbon fiber is obtained. The thermal conductivity of the well-aligned 

foam ligaments is estimated to be comparable to diamond film (> 1,700 W/m/K). 

The bulk thermal conductivity of the foam is somewhat less due to the thermal 

resistance added by more disorder at the cell wall junctions. Current manufacturing 

methods typically produce material in the 100 to 150 W/m/K range, with bulk 

conductivities of 187 W/m/K achievable under laboratory conditions. 

We present here some of the test results on two typical foam types. Results are 

compared to the heat-sinking properties of copper and aluminum. 

 

12.8.1 Copper, Aluminum, and Graphite Foam  

 

Solder brazing could be used to attach a foam heat sink to a heated component [10, 

11]. The solder method reduced the problematic interfacial resistance when using 

foams, due to their porous nature. Directly bonding the heat sink to a component 

has two potential drawbacks. First, the high temperatures common in brazing could 

damage the electrical component itself. The other issue concerns the complicated 

replacement or rework of the component. Due to the low tensile strength of foam 
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(Table 12.8), there is a greater potential for heat sink damage than with Al or Cu 

[12].   

To avoid these problems, the foam heat sink can be soldered to an aluminum or 

copper carrier plate. This foam-and-plate assembly can then be mounted to a 

component in a standard fashion. The carrier plate allows sufficient pressure to be 

applied to the interface material, ensuring low contact resistance.  

 

 12.8.2 Thermal Properties of Graphite Foam  

 

Because of the special structure of graphite foam, there are several prominent 

thermal properties in the graphite foam. The graphite foam exhibits high effective 

thermal conductivity [up to 182 W/(m/K)] and low density (0.2–0.6 g/cm3). The 

data in Table 12.8 show that the thermal conductivity in the z plane is much larger 

than the one in the x-y plane. It implies that the high thermal conductivity of the 

graphite foam only exists in a certain direction. This is a disadvantage of the graphite 

foam. Apparently, the heat inside the graphite lattice is transferred down the graphite 

lattice fast, because of the very stiff nature of the covalent bonds. Moreover, the 

position and vibration of atoms in the neighboring planes may impede the vibration 

of atoms in the plane of interest. The crystal perfection controls the thermal 

performance.   
 

12.8.3 Results  

 

As expected, the traditional copper and aluminum heat sinks performed similarly. 

Their main difference was the higher thermal conductivity of copper, which reduced 

spreading resistance. 

Table 12.8 Thermal and Mechanical Properties of Some Heat Sink Materials 

 
Material Copper (Cu) Aluminum (Al) Foam A Foam B 

Thermal Properties 

Bulk thermal conductivity 
(W/m/K) 

391 180 127 175 

Specific thermal conductivity 

[W/(m/K)]/(g/cm3) 
45 63 218 313 

z-Plane Thermal Conductivity z 

 (W/m/K) 
391 180 125 181 

x-y Plane Thermal Conductivity xy 

 (W/m/K) 
391 180 41 60 

Physical Properties 

Density (g/cm3) 8.9 2.8 0.58 0.56 

Tensile strength (MPa) 270 180 1 0.69 

Porosity (%) - - 73 75 
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During slow velocity flow conditions, the lower heat transfer rate means that 

convection thermal resistance makes up a large portion of the overall ja (thermal 

resistance, junction-to-ambient). As airflow speed increases, the convection 

resistance decreases, and the internal heat sink conduction resistance is more of a 

factor in the overall ja value. This behavior is seen in Table 12.9 and when 

comparing the different heat sink materials. As illustrated in Figure 12.19, the 

graphite heat sink’s thermal performance was only 12% lower than aluminum at 

low flow rates. However, the performance difference increased to 25-30% as the 

flow rate increased. Due to the lack of a solder joint, the foam heat sink experienced 

a larger interfacial resistance when compared to the solid heat sinks. This difference 

can be seen when comparing heater-base in Table 12.9. To decouple the effect of 

Table 12.9 Specific Thermal Test Results 

 
 Free Stream Velocity (m/s) 

1.5 2.5 3.5 

heater-air 

Copper 1.637 0.986 0.710 

Aluminum 1.677 1.016 0.740 

Foam A 1.746 1.144 0.937 

heater-base 

Coper 0.089 0.089 0.099 

Aluminum 0.108 0.099 0.099 

Foam A 0.158 0.178 0.197 

base-air 

Copper 1.548 0.897 0.611 

Aluminum 1.568 0.917 0.641 

Foam A 1.588 0.966 0.740 

 

 
 

Figure 12.19 Heat sink thermal resistance as a function of free stream velocity and material. 
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interfacial resistance, base-air can be calculated. When ignoring interfacial resistance 

in this manner foam performs within 1 percent of aluminum at 1.5 m/s, and within 

15 percent at 3.5 m/s. 

Graphite foam-derived heat sinks show promise in specific applications, but 

exhibit several drawbacks in mainstream electronics cooling. Due to the frail nature 

of graphite foam, unique precautions must be taken during the handling and use of 

these heat sinks. When coupled to a copper base plate, graphite foam can perform 

with acceptably small thermal spreading resistances. However, the foam’s lower 

thermal conductivity reduces thermal performance at high flow velocities compared 

to a traditional copper heat sink.  

The mechanical attachment needed to ensure acceptable thermal interface 

performance without soldering or brazing also hinders foam-based heat sinks from 

being explored in mainstream applications. Despite these challenges, the thermal 

performance-to-weight ratio of foam is very attractive and well-suited to the 

aerospace and military industries, where cost and ease of use come second to weight 

and performance.  

 

12.8.4 Conclusion  

 

Many materials are available to address the thermal dissipation needs of modern 

components. Traditional materials such as aluminum and copper are the traditional 

materials for this purpose; however, there are new technologies that offer 

improvements in cost, weight, or thermal conductivity. The initial question when 

addressing the material solution is a classic thermodynamics problem: what effect 

does conductivity have on the overall thermal resistance in my application? Only 

once this is answered can the benefits of cost, weight, and manufacture be addressed. 

   

 

12.9 Thermal Conductivity of Diamond Composites 
 

12.9.1 Introduction 

 

Most materials displaying high thermal conductivity, above 100W/(m/K) at room 

temperature, have diamond-like lattices; among them are diamond, cubic boron 

nitride, and others, in particular, SiC, BeO, BP, AlN, BeS, GaN, Si, AlP, and GaP 

[13 – 15]. 

In applications where fairly high thermal conductivities combined with low 

electrical conductivities are of prime importance, SiC- and AlN-based ceramics are 

widely used. The progress in the development of technologies of production of 

nanosized crystals we are currently witnessing has generated a surge of interest in 
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the investigation and application potential of nanomaterials, including aspects 

associated with fabrication of high thermal conductivity composites. 

Having a high thermal conductivity [up to 2,200 W/(m/K)], diamond occupies 

a prominent place among the materials that offer promise for developing high-

efficiency heat sinks for high-frequency, high power transistors, among other 

applications that require high levels of heat dissipation. 

 For composites designed to feature high thermal conductivity levels we 

ordinarily use high quality diamonds whose single crystals demonstrate a high value 

of this parameter, and nonferrous metals, such as copper λ = 380 W/(m/K), silver λ 

= 420 W/(m/K), and aluminum λ = 240 W/(m/K) [16]. 

An additional requirement imposed on high thermal conductivity composites is 

that its linear thermal expansion coefficient be equal to that of the material to be 

cooled—primarily that of semiconductors (Table 12.10). 

The problem consists essentially in that in metals heat transport is facilitated by 

electrons, and that in diamond, by phonons. Therefore, in composites with a metallic 

binder, energy is transferred between electrons and phonons. It is assumed that the 

diamond surface is coated by a very thin carbide layer that matches electrons with 

phonons.  

The characteristics of the composite materials developed for use in heat sinks 

are determined primarily by the quality of the filler/binder boundary. The carbide-

forming agents added to diamond and copper or silver are most frequently Ti, Cr, 

B, and Si. Transition metal carbides (NbC, TiC, WC), nitrides, and borides may be 

called metalloceramics, because they combine electronic conduction with high 

hardness. It is in these layers on the diamond surface that electron-phonon 

interaction arises. 

It has been shown [17] that by using an atomic alloy of copper with chromium 

and Ib diamonds 177–210 μm in size it is possible to increase thermal conductivity 

Table 12.10 Thermal Properties of Materials Commonly Used 

in the Fabrication of Heat Sinks 

. 

Material 
Thermal Conductivity,  

W/(m/K) 

Thermal Expansion 

Coefficient, 106, K–1 

Synthetic diamond Ib (C) 1,000–2,200 1.1 

Silicon (Si) 153 3.8 

Silicon Carbide (SiC) 280–400 3.8 

Aluminum Nitride (AIN) 285 4.3 

Indium Phosphide (InP) 68 4.3 

Gallium Arsenide (GaAs) 55 5.9 

Copper (Cu) 380 12.5 

Silver (Ag) 420 19.8 

Aluminum (Al) 240 22 
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up to 740W/(m⋅K), to be contrasted with 200W/(m⋅K) featured by a copper-

diamond composite. 

This idea is frequently used to improve the thermal conductivity of the 

diamond-binder boundary. It was proposed [18] to apply titanium coating to 

particulate diamond from a NaCl melt at 1,000 °C, or NaCl+KCl+CaCl2 at 750 °C, 

an approach reportedly producing good results. The best agent to mediate diamond 

sintering at high pressures (6.5 GPa6) and temperatures (1,600–1,800°C) and 

produce composites with very good abrasive resistance was shown to be titanium 

carbide and TiC0 [19]. 

Ekimov et al. [20] demonstrated that Ti and Si present in diamond composites 

prepared at a pressure of 2 GPa, rather than being only a filler, form a binder. In 

such composites, thermal conductivity depends only weakly on the size of diamond 

grains and reaches a value as high as 600 W/(m⋅K) when employed as a SiC-Si 

matrix. 

The data pertaining to the sintering parameters exhibit considerable scatter, 

both in pressure and in temperature. Published research results dealing with 

sintering of detonation nanodiamonds (DND) at a high pressure are few in number. 

It appears obvious, however, that microcrystalline diamonds and detonation 

nanodiamonds differ markedly in thermodynamic properties. Viewed in the context 

of possible applications, of most interest would be the possibility of obtaining large 

(up to 600 μm in size) single crystals by a suitable thermal treatment of detonation 

nanodiamonds. 

 

12.9.2 Methods Employed to Develop High Thermal-Conductivity Composite 

Materials 

 

Among the most promising approaches to developing composite materials 

exhibiting high thermal conductivity are sintering7 at high-pressures and 

temperatures, infiltration of a melted metal into a matrix, and spark plasma sintering 

(SPS), a method that has appeared recently. Consider these methods in more detail. 

 

12.9.2.1 High-Pressure Sintering 

 

The definition “high pressure” assumes, as a rule, pressures above 1–1.5 GPa, i.e., 

levels in excess of the ultimate strength of hardened steels. Materials employed in 

high-pressure applications are tungsten carbide-based hard alloys. Equipment 

                                                           
6 The pascal (symbol: Pa) is the SI unit of pressure defined as one newton per square meter. At sea level, 

1 atmosphere is about 101.3 Pa. 1 GPa = 109Pa. 
7 Sintering is the synthetic manufacture of solid products using controlled heating of powdered raw 

materials. Application of the proper sintering temperature results in the adhesion of the powder grains to 

each other without melting the material. This proper temperature is typically 2/3 the melting point of the 
particular material. 

http://en.wikipedia.org/wiki/International_System_of_Units
http://en.wikipedia.org/wiki/Pressure
http://en.wikipedia.org/wiki/Newton_(unit)
http://en.wikipedia.org/wiki/Square_metre
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enjoying the widest use in synthesis of superhard materials and their compaction are 

high-pressure chambers of the truncated hemisphere anvil and toroid types, multi-

plunger split-sphere, and belt-type equipment. The pressures that can be reached 

with these chambers range from 4.5 GPa to 12 GPa.  

 Photographs of a toroid-type chamber can be found in [20], and description of 

the split-sphere apparatus, for instance, in [21], with a variety of designs illustrated 

in [22]. The principal shortcoming of the high-pressure approach lies in the size of 

the chamber and, accordingly, that of the samples, and in heavy labor consumption. 

Toroid-type chambers are commonly used to fabricate cylindrical samples with a 

diameter and height of not over 3–5 mm. In most cases, high pressure is employed 

in fabrication of abrasive composites rather than use of high thermal-conductivity 

materials. 

The high-pressure method is instrumental in producing composites at 

temperatures above 1,000 °C, without the need for making the operating volume air-

tight and providing means for its evacuation. Apart from this, by properly varying 

the pressure and maintaining a constant temperature, we can control phase 

transitions in such materials as, for instance, diamond and cubic boron nitride. 

 

12.9.2.2 Infiltration 

 

This process consists essentially in infiltrating a liquid binder into the filler material. 

High thermal conductivity composite materials are usually prepared with diamond 

particulates used as a filler and metals (aluminum, copper, silver) for a binder. 

Infiltration can be driven by squeezing a metal into the filler mechanically (a process 

called squeeze casting) or through a conveniently applied pressure drop (gas 

pressure-assisted process). Because these metals do not wet diamond, carbide-

forming agents are added to the melt to form a structure of the type filler - barrier 

layer - binder. The rate of formation of the barrier layer in this case is limited by 

that of transport of the carbide-forming agent through the melt to the diamond 

surface. A drawback of this method lies in the slow rate of the process, as well as in 

the presence of an impurity, the carbide-forming agent, in the binder metal, which 

degrades its thermal conductivity. 

An alternative way of cutting the infiltration time consists in prior formation of 

a barrier layer on the diamond surface [23], with subsequent infiltration of the 

melted binder metal. A method was proposed [6] for deposition of a titanium coating 

on particulate nanodiamonds from NaCl melt at 1,000°C, or from a NaCl + KCl + 

CaCl2 blend at 750°C. Interaction of SiO2 with diamond in vacuum at 1,350°C 

produces a uniform polycrystalline SiC coating 60 nm thick on diamond [24]. 

Infiltration can be used to advantage in fabricating large blocks of composites 

in an inert gas environment or under reduced pressure. The infiltration method is 

most expedient in production of large bulk heat sinks. 
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12.9.2.3 Spark Plasma Sintering 

 

SPS is a fairly new approach to fabrication of composites from a variety of raw 

materials. Its main difference from the well-known methods employed in high 

pressure and temperature sintering lies in the possibility this approach offers of 

performing experiments in vacuum or an inert atmosphere and under pressure. A 

pulsed high-power current (500–1,000 kW) is passed through the sample to initiate 

spark discharge between particles of the powder to be sintered. This gives rise to 

local heating and efficient sintering of the composite, because what is actually being 

heated in the process is the sample material itself rather than the surrounding heater, 

as is the case with standard sintering techniques. The process could be 

conventionally characterized by two temperatures, more specifically, the average 

temperature of the material being sintered (it is usually not higher than 2,500 °C) 

and the local temperature at the discharge spot, which is substantially higher. The 

sintering process takes up, on the average, a few tens of minutes, whereas local 

heating lasts not longer than one millisecond. 

This technique can be employed to advantage to sinter a broad variety of 

materials including high strength metals (W, Co), ceramics (TiN, Al2O3), ZrO2- and 

Si3N4-based composites, diamond-metal composites, and so on. 

 

12.9.3 Issues with the Application of Metal/Diamond Composites as Heat Sink 

Materials 

 

As already mentioned, the linear thermal expansion coefficient of diamond is 1.18 

× 10−6 K−1, and that of copper, 12.6 × 10−6 K−1. It is desirable that the composition 

of the composite intended for use as heat sink material have a thermal expansion 

coefficient as close as possible to that of the semiconductor of interest. An ideal heat 

sink material should have a thermal expansion coefficient (CTE) from 3.5×10−6 K−1 

to 6×10−6 K−1, an interval typical of the widely used semiconductors, such as Si, 

InP, GaAs, etc., and a high thermal conductivity. 

Weber et al. [25] showed that adding to a diamond/copper composite boron 

with a concentration of 0.001 to 0.1 atom per copper atom brought the thermal 

expansion coefficient to the level of ~7×10−6 K–1, and for chromium added in a 

similar concentration it was 10×10−6 K−1. 

The difficulties arising in an attempt to optimize the composition of a composite 

so as to reach a high thermal conductivity and a CTE consistent with that of 

semiconductors could be possibly resolved by adding a third or even a fourth 

component to the composite, provided that this would not result in a noticeable 

degradation of the thermal conductivity. The high electrical conductivity of such 

heat sinks, comparable with that of copper, would also pose a serious problem. 

CVD-produced diamond plates may provide a serious competition to the heat 

sink materials based on diamond/copper composites. Industry has already produced 
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by the CVD method samples of heat sinks with a thermal conductivity as high as, 

and even in excess of 1,000W/m/K, which measure 10 × 10mm and are up to 1mm 

thick. Their price, however, is presently fairly high. 

 

12.9.4 Summary 

 

In the limited space that we have here we could not cover all the aspects of the 

problem of fabrication of diamond-based composites. Our purpose was to provide 

an introduction to the topic, to show that such composites hold promise as materials 

for forming quality heat sinks. 

We considered all of the principal methods presently in use in fabrication of 

diamond-based composites, namely, infiltration, high pressure and temperature  

sintering, and spark plasma sintering, an approach which has lately been attracting 

considerable interest. Their merits and shortcomings were considered. 

 

 

12.10 Thermoelectric Cooling  
 

12.10.1 Introduction 

 

Active or passive cooling techniques can be used to remove heat. Thermoelectric 

coolers (TECs) are active systems; passive systems include thermal-interface 

materials, heat spreaders, and heat sinks [26]. 

A TEC is an active thermal-management device that can provide additional heat 

pumping and temperature stabilization. Figure 12.20 shows a simple example of the 

type of heat pumping and temperature control available from a TEC. TECs use the 

Peltier effect to create a heat flux between the junctions of two types of materials. 

Peltier coolers, heaters, and thermoelectric heat pumps are solid-state active devices 

that transfer heat from one side of a device to the other side against the temperature 

gradient—from cold to hot—as they consume electrical energy. People also refer to 

devices that operate in this manner as Peltier devices, Peltier diodes, Peltier heat 

pumps, solid-state refrigerators, or TECs. 

The most basic representation of the operational space for a thermoelectric 

cooling device is a load line (Figure 12.21). The load line represents the ΔT and 

Qpumped (heat-removed) conditions possible for a TEC’s drive current. At the 

maximum drive current for the module, the maximum power the device can pump, 
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Figure 12.21 TEC Load line. The load line represents the change in temperature and pumped-power 

conditions possible for a TEC drive current and defines the operational region for the TEC. 

 
 
Figure 12.20 TEC temperature control. 
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 Qmax, and the maximum temperature difference that the device can sustain 

between its top and bottom plates, ΔTmax, generate the load line. The ΔTmax condition 

occurs when the device reaches a zero-Q condition—that is, when no heat is flowing 

through it. We can theoretically calculate the value with 

 

 
2 2 2 2

C C
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2 2

T T
T

K

 
 = =

 
 (12.35) 

 

where  is the Seebeck coefficient8,  is the thermal conductivity, ρ is the electrical 

resistivity, TC is the cold-junction temperature, K is the thermal conductance, and  

is the resistance.  

The Qmax condition occurs when there is no temperature difference between the 

top and the bottom of the TEC:  
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 (12.36) 

 

where A is the area of the device and L is the length, or thickness, of the 

thermoelectric material. We can graph the two parameters on a chart as ΔTmax at Q 

= 0; Qmax at ΔT = 0. The line connecting them is a load line. The resulting load line 

defines the operational space for TECs and is the best and usual way to illustrate 

their performance. 

 

12.10.2 TEC Design Issues 

 

One of the drawbacks of TECs is that they consume power while cooling. This 

power adds to whatever power the cooling zone is pumping out, so the system 

dissipates more heat at the larger system level with a TEC in operation than without 

one. If you use TECs to cool devices in the same manner as passive thermal 

elements—in other words, everywhere—you will end with a larger problem at the 

system level than you just solved at the chip level. A more cost-effective and 

efficient approach—and one that is possible only with TECs—would be to cool only 

what is necessary. In other words, scale the thermal-management system to the size 

of the heat problem. 

The coefficient of performance of a TEC is given by 

 

                                                           
8 The Seebeck coefficient of a material is a measure of the magnitude of an induced thermoelectric 

voltage in response to a temperature difference across that material, as induced by the Seebeck effect. 

The SI unit of the Seebeck coefficient is volts per kelvin (V/K), although it is more often given in 
microvolts per kelvin (μV/K). 

http://en.wikipedia.org/wiki/Seebeck_effect
http://en.wikipedia.org/wiki/Volt
http://en.wikipedia.org/wiki/Kelvin
http://en.wikipedia.org/wiki/Microvolt


Thermal Management of RF Power Amplifiers 

 

537 
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Q
COP
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=  (12.37) 

  

Pi is the input power. 

A TEC pumps a certain amount of heat, Q, and adds a particular amount of heat, 

Q×COP, to move this heat. This situation results from the inherent inefficiency in 

all engines. As a result, bulk TECs are often available as systems that include the 

device itself and a heat-transfer device, such as a fan, heat sink, or heat pipe. The 

value of the TEC in this case is that it can deliver subambient temperatures and 

provide active temperature control, but at the cost of increasing the system-level 

heat-transfer problem. 

Because heat in the passive case flows linearly, any material between the TEC 

and the heat source has a temperature drop across it. This decrease increases the 

temperature difference that the TEC must pull. The TEC acts as a heat pump moving 

heat in a manner whose efficiency depends upon the temperature difference it must 

generate. Minimizing this temperature difference improves the 

efficiency of the cooler and reduces the additional heat at the system level. 

Integrating a TEC close to the heat source is the key to improving the TEC’s 

operational efficiency. Adding a heat-transfer system defeats the purpose of the 

integration. As such, you must pay careful attention to the characteristics of the heat-

transfer problem, the design of the TEC, and the design of its package. When you 

address these issues—ideally during product design and development—you can 

achieve significant performance improvements. 

 

12.10.3 Localized Thermal Management 

 

Dense electronic systems generate a lot of heat that can lead to a significant rise in 

temperatures, causing device and system-level failures. The answer to these 

problems has always been to use a larger fan or a larger heat sink to move the heat 

from the electronic package and into the system environment. However, the use of 

fans and heat sinks merely spreads the heat into other systems, such as enclosed 

equipment racks, which then require a thermal-management approach of their own. 

Heat from these racks usually spills into the system room or IT data center. These 

rooms, with people working in them, are sensitive to high temperatures. Tackling 

this problem requires the use of expensive air conditioners, which cool everything 

in the room to the lowest possible temperature. 

The most efficient thermal-management system involves embedding thermal-

management functions at the source of the heat to remove only the heat that is 

detrimental to the system’s performance and then passing on that reduced heat in a 

controlled manner to the next level. Figure 12.22 compares the cost of implementing 

thermal management with the level at which the technique occurs. Implementing 
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heat sinks, fans, and large-scale cooling creates an energy-savings potential. 

Introducing localized cooling in the overall thermal-management design translates 

to a greater cost savings potential at the rack and system levels. Today’s electronic 

systems typically employ only passive elements for thermal management. This 

approach removes heat uniformly from across the die. The point of heat removal, 

however, is to reduce the peak temperature on the die to improve performance. The 

heat associated with the peak temperatures on a die is only a small fraction of the 

total removed heat. Removing this excess heat leads to problems at the system level. 

Solving the thermal-management issues at the die and system levels requires a 

paradigm shift. Integrating localized thermal management that combines active and 

passive components within electronic systems allows flattening of the power map 

on a die and minimizes the waste the system must dispose of. This type of selective 

removal of heat simplifies issues at the system level and reduces cost. 

 

 

12.11 Enclosure Fans 
 

We have mentioned at several places in the above discussion that providing forced 

air across heat sinks can significantly improve on the amount of heat removed. In 

this section we discuss some of the concepts on how to provide that airflow in 

electronic enclosures. It can be accomplished using fans, and we now discuss the  

basic properties of fans [27]. 

 

 

 

 

 
 
Figure 12.22 Cooling efficiency. Localized cooing at the system level can be more efficient than 
removing heat from the servers to the server room and then cooling the entire room with air conditioning. 
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12.11.1 Fan/Blower Descriptions 

 

Fans can be thought of as low-pressure air pumps that utilize power from a motor 

to output a volumetric flow of air at a given pressure. A propeller converts torque 

from the motor to increase static pressure across the fan rotor and to increase the 

kinetic energy of the air particles. The motors are typically permanent split capacitor 

AC induction motors or brushless DC motors. 

 Cooling fans are available in many configurations, however axial and 

centrifugal flow (also called blowers) fans are the most common used to cool 

electronic applications [28]. 

Electronic cooling fans are used to draw or flow air from the outside of a 

electronic enclosure into the electronics area, expel heated air from inside of the 

enclosure, or move air across a heat sink or electronic device to accelerate the 

removal of heat energy from the device. The use of cooling fans and/or other 

hardware and technologies to cool electronics is often referred to as active cooling.  

 

12.11.2 Types of Fans and Blowers 

 

Air moving devices are generally available as either a fan (as illustrated in Figure 

12.23) or a centrifugal blower (as illustrated in Figure 12.24). The main difference 

between fans and blowers is their flow and pressure characteristics. Fans deliver air 

in an overall direction that is parallel to the fan blade axis (orthogonal to the plane 

within which the blade rotates) and can be designed to deliver a high flow rate, but 

tend to work against low pressure. Blowers tend to deliver air in a direction that is 

orthogonal to the blower axis at a relatively low flow rate, but against high pressure. 

There are several types of fans, some of the most common being propeller, tube 

axial, and vane axial styles. Propeller fans are the simplest type of fan, consisting of 

only a motor and propeller. One problem with propeller fans is that tip vortices are 

produced by the pressure differential across the airfoil section. 

 
 
Figure 12.23 Axial flow fan. 
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 A tube axial fan (the most common type in electronic cooling systems, Figure 

12.23) is similar in construction and operation to a propeller fan, but also has a 

venturi around the propeller to reduce the vortices. The vane axial fan has vanes that 

trail behind the propeller in the airflow to straighten the swirling flow created as the 

air is accelerated.  

Centrifugal blowers may have a forward curved wheel, a backward curved 

wheel, or be of the squirrel cage variety (see Figure 12.25). Straight blade blowers 

are designed to deliver higher pressures for pressurizing and long duct or pipe runs. 

Backward inclined blower wheels are available with a flat blade design or a more 

efficient airfoil design blade where each blade has a cross section similar to 

an airplane wing. These wheel types are commonly used for general ventilation, 

forced cooling at higher pressures and in dust collection systems where the fan is on 

the clean air side of the dust collector. Forward curve multi-vane blower wheels are 

for moving large volumes of air at lower pressures. Typically used for general 

ventilation or forced cooling at slower speeds. 

 

12.11.3 Basic Aerodynamics 

 

Fans are of such common use that a basic understanding of the aerodynamics is 

appropriate. The blades of a fan propeller resemble the wing of an airplane and as 

such follow the same aerodynamic laws. For example, a fan blade produces lift when 

 
Figure 12.25 Fans: Centrifugal flow fan types (blower). For the applications of these types, see text. 

 

 

 
 
Figure 12.24 Typical blower or radial flow fan. 
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the chord is elevated from the direction of the relative wind as shown in Figure 

12.26. 

The elevation angle is referred to as the angle of attack (AOA). The greatest 

airflow delivery from a fan occurs when the AOA is at a minimum, but the pressure 

differential across the fan is zero. As the AOA is increased, the airflow delivery 

decreases and the pressure differential increases. The airflow can decrease to nearly 

zero, but will also deliver the maximum pressure differential in this condition, which 

is called the shut-off point. When an AOA is reached where the air no longer flows 

smoothly and begins to separate from the blades, an “aerodynamic stall” condition 

exists. 

Since a fan is a constant volume device, it moves the same volumetric flowrate 

of air irrespective of the air density. However, the mass flowrate does change as the 

density changes. This becomes important when equipment is expected to operate at 

altitudes significantly greater than sea level  a common application for many EW 

situations. Therefore, the volumetric flow rate required at high altitude where the air 

density is low will be greater than that required to achieve the same cooling as at 

sea level where the density is relatively higher. 

 

12.11.4 Fan Curve 

 

All of the important aerodynamic aspects of a fan are indicated on a fan curve such 

as is shown in Figure 12.27. In contrast to an airplane wing, there is life after stalling 

in a fan. A stalled fan continues to deliver air, but at an increased static pressure and 

a decreased volumetric flow rate, and also at the cost of an increase in noise. If noise 

is not a consideration, the fan can be utilized in this condition. 

At the shut-off point, the fan is in the condition of the maximum potential and 

least kinetic energy. At free delivery, the fan is in the condition of the maximum 

kinetic and least potential energy. Although neither of these extreme conditions is 

likely to occur in practice, they can be useful parameters in comparing fans. 

The governing principle is that any given fan can only deliver one flow at one 

pressure in a particular system. This “operating point” is determined by the 

intersection of the fan static pressure curve and the system pressure curve. Figure 

12.27 illustrates the operating points of both high and low resistance systems, as 

 
 

Figure 12.26 Nomenclature for an airfoil. The chord is a line extending from the leading edge to the 
trailing edge. The angle of attack is the angle formed between the relative wind and the chord. 
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well as one half way in between. It is usually best to use a fan that will give an 

operating point toward the high flow, low pressure end of the performance curve 

(the bottom curve) to maintain propeller efficiency and to avoid propeller stall. Each 

configuration should be analyzed for possible reduction in the overall resistance to 

airflow. Other considerations, such as available space and power, noise, reliability, 

and operating environment should also be brought to bear on fan choice as required 

for the particular application. 

 

12.11.5 Steps to Fan Selection 

 

12.11.5.1 Estimate the Required Airflow 

 

Before selecting a fan, we must obtain as accurate an estimate as possible of the heat 

to be dissipated, because the overall system air temperature differential above the 

inlet ambient is directly proportional to the heat dissipated. We can then estimate 

the amount of required cooling air. 

The heat transfer equation is given by 

 

 pQ mC T=   (12.38) 

 

where 

 

Q is the amount of heat transferred to the system, Watts 

Cp is the specific heat of the air, J/(kg K)  

 
 
Figure 12.27 Fan curve. Fan/system interaction. 
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m  is the mass flowrate of the air, kg/sec 

T is the desired air temperature differential (cabinet to ambient outside air), K 

 

The relationship between mass flow rate and volumetric flow rate is 

 

 m G=   (12.39) 

 

where 

 

G is the volumetric flowrate, m3/sec 

 is the air density, kg/m3 

 

The required volumetric flow rate is calculated from 

 

 
p

Q
G

C T
=


 (12.40) 

 

This yields a rough estimate of the airflow needed to dissipate a given amount of 

heat at sea level. As previously noted, it is the mass flowrate of air, not its volumetric 

flowrate that governs the amount of cooling. 

 

12.11.5.2 Estimate the Actual Airflow 

 

The preceding steps indicated the necessary procedure to estimate the required 

airflow in order to limit the desired overall air temperature rise .T  However, we 

also indicated that the actual operating airflow is determined by the intersection of 

the fan curve and the system resistance curve. There are three options available for 

estimating this operating point: 

 

• Experimental measurement using a thermal/mechanical mockup of the 

system; 

• Calculation of the operating point using airflow network methods; 

• Use computational fluid dynamics (CFD) software (available from 

commercial software companies). 

 

A complete system resistance curve can be developed using the experimental 

procedure by measuring the total airflow for specific fans or measuring several 

pressure-airflow data pairs. The latter experimental method will then require the 

superposition of the selected fan pressure vs. airflow curve and system resistance 

curve to obtain the operating airflow. 
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The airflow network procedure provides acceptable results when the geometry 

is simple and the flow path within the cabinet is known can be estimated.  

In many practical applications, however, complex three-dimensional flow paths 

must be examined that are not initially known. In these situations, CFD software is 

often used. The fan performance curve can be supplied as an input and the operating 

point and system resistance are then determined. CFD works by numerically solving 

the governing equations of flow and heat transfer in three dimensions and takes into 

account the effects of turbulence and gravity. CFD can be used to study the 

performance of fans in series and parallel arrangements as well as optimize the 

location with respect to other objects inside the cabinet. Both of the computational 

procedures require a static pressure vs. airflow curve for the fan in question. 

All of these procedures require a system resistance curve of the type shown in 

Figure 12.27. System resistance curves are usually expressed as a non-linear 

expression of pressure vs. airflow: 

 

 
nP K G =   (12.41) 

 

where 

 

P is the system pressure loss 

K is a load factor specific to the system 

 is the density of air 

G is the airflow rate 

n is a constant that varies between 1 and 2 depending on whether the flow is 

completely laminar (n = 1) or completely turbulent (n = 2) 

 

If the estimated value of the actual airflow is significantly less than the required 

value, the enclosure system should be examined for regions where the airflow is 

better; that is where the airflow resistance could be reduced. Should this review fail 

to provide an answer, a different fan or perhaps multiple fans should be considered. 

A different fan can be found simply by reviewing the catalogs of the various fan 

vendors. Using multiple fans is a little more complex. 

 

12.11.6 Multiple Fans 

 

Combining fans in series or parallel can sometimes achieve the desired airflow. 

Parallel operation is when two or more fans are blowing together side by side. The 

performance of two fans in parallel will increase the volume flowrate (double at 

maximum delivery). Systems with low resistance are best for using parallel fans. A 

fan curve for multiple, identical fans in parallel may be constructed by scaling the 

fan curve airflow axis data in direct proportion to the number of fans. 
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In series operation, the fans are stacked one upon the other, resulting in an 

increase of static pressure (doubling at shut-off, but less elsewhere). Series fans are 

best for systems with high resistance. A fan curve for multiple, identical fans in 

series can be constructed by scaling the fan curve pressure axis data in direct 

proportion to the number of fans. 

With both series and parallel operation certain areas of the combined 

performance curve will be unstable [particularly with multiple fans (5, 6, 7, and so 

forth)], and should be avoided. This instability is often unpredictable and is a 

function of the fan and motor construction and the operating point. 

Fan placement in the enclosure is also important to consider. Pressurizing the 

enclosure (fan blowing in) is the preferred method, since incoming air can be readily 

filtered. In addition, a pressurized enclosure will deter dust entering through cracks 

or crevices. The fan is also handling cooler, denser air, and it will therefore have a 

somewhat higher pressure capability (this may be a very slight advantage for low 

heat dissipating systems). An important feature of a pressurized system is that the 

fan life and reliability are increased due to the fan ambient temperature being lower. 

The biggest disadvantage of pressurization is that heat generated by the fan is 

dissipated into the enclosure. 

 

12.11.7 Fan Laws 

 

The fan laws permit the determination of the output of a given fan under other 

conditions of speed or density, or converting the known performance of an air mover 

of one size to that of another similar unit of a different size.  

Geometrically similar fans can be characterized by the following four 

equations: 

 

Volumetric Flowrate: 3

qG K ND=  

Mass Flowrate:
3

mm K ND=   

Pressure: 2 2

pP K N D=   

Power: 
3 5

HPHP K N D=   

 

where: 

 

K is the constant for geometrically and dynamically similar operation 

G is the volumetric flowrate 
m  is the mass flowrate 

N is the fan speed in RPM  

D is the fan diameter 
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HP is the power output 

 

From these relationships, it is possible to calculate a fan performance at other 

conditions. Table 12.11 is a summary of the fan law equations in a form useful for 

fan analysis. 

 

12.11.8 Cabinet Cooling Hints 

 

In addition to selecting a fan, there usually are some choices in the location of the 

fan or fans. Figure 12.28 can be used as a guide. All of these common-sense 

principles apply to both chassis enclosures as well as cabinets and room 

installations. 

 

 

12.12 Concluding Remarks 
 

In this chapter the thermal management of electronic circuits, and in particular 

power amplifiers, was addressed. The basic heat flow properties were covered first 

with an examination of the physics involved and the appropriate mathematics 

Table 12.11 Fan Law Equations 
 

Constants Variable Fan Laws 

Diameter (D) 

Density () 
Speed (N)  

2 1 2 1

2 1 2 1

2 1 2 1

2

3

( / )

( / )

( / )

G G N N

P P N N

HP HP N N

=

=

=

 

Speed (N) 

Density () 
Diameter (D)  

2 1 2 1

2 1 2 1

2 1 2 1

3

2

5

( / )

( / )

( / )

G G D D

P P D D

HP HP D D

=

=

=

 

Diameter (D) 

Speed (N) 
Volumetric Flowrate (G) 

Density ()  
2 1 2 1

2 1 2 1

2

5

( / )

( / )

P P

HP HP

=  

=  

 

Diameter (D) 

Mass Flowrate ( )m  
Density ()  

2 1 2 1

2 1 2 1

2 1 2 1

2 1 2 1

2

( / )

( / )

( / )

( / )

G G

P P

N N

HP HP N N

=  

=  

=  

=
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examined. That was followed by a presentation on heat sinks and how they can be 

used to cool components. The heat characteristics of PCBs was discussed, along 

with an examination of some new approaches for heat removal. Last, the properties 

of fans for heat removal was presented. 

 Thermal management in EW systems is a critical area of concern and must be 

considered early in the design process. This is particularly true when power 

amplification in involved, and active EW systems certainly are involved with that. 
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Chapter 13 

 

 

Power Supplies for RF Power Amplifiers 
 
 

13.1 Introduction 
 

Power supplies serve extensive EW system applications. Basic distinctions between 

linear and switching power supplies make a difference, depending on the specific 

application. Each type has its own advantages and disadvantages [1, 2]. 

The term power supply is a misnomer.  Power supplies do not create or supply 

power. Rather, power supplies are electronic or electrical equipment that change the 

form of available energy into a form useful to equipment. Some examples of sources 

of electrical energy are: wall outlets, solar panels, batteries, and wind. A more recent 

technology is energy harvesting—energy extraction from our environment around 

us. The process of changing electrical energy form is called power conversion and 

a better term for power supply is power converter. 

For example, in the typical home, power is available at electrical wall outlets in 

the form of 120 volts, 60 Hz alternating current (in the United States). This means 

that electrical current with RMS amplitude of 120V is constantly reversing in 

direction 60 times per second. This is the form of electrical power generated by 

rotating machinery at the utility company. 

But this form of electrical energy is not directly useful for electronic equipment, 

which typically requires a constant voltage level of some amount, perhaps 12 volts 

direct current (VDC). The role of the power supply, in this case, is to change the 

form of electrical energy available from the primary supply (e.g., wall alternating 

voltage) to a constant voltage at 12 VDC. 

 

13.1.1 Types of Power Supplies 

 

Power supplies can change voltage up or down, rectify voltage, provide isolation, 

provide a constant current, provide a constant power, or frequency. 



RF Electronics for Electronic Warfare 

 

550 

They can also be classified according to switching or linear type. A switching 

supply uses high-frequency switching and energy storage devices such as inductors 

and capacitors to chop the incoming energy into small building blocks and then 

recompose the building blocks into the required form for use. A linear supply uses 

a series element such as a pass transistor to absorb the unneeded energy that is not 

used by the load. A switching supply is generally light and efficient, but the input 

current and output voltage cleanliness is not so great. A linear supply produces very 

clean output voltage, but it is generally large and heavy. 

The architecture shown in Figure 13.1 applies to all power supplies that convert 

AC to DC. The input transformer normally converts a (relatively) high voltage AC 

source (e.g., 120V or 240V in the United States, 440V in the military) to a lower 

AC value. It also provides some isolation of the power supply from line fluctuations 

and noise. This AC voltage is converted into unipolar waveforms by the rectifier. 

The output of the rectifier may be smoothed by an LC circuit, removing much of the 

remaining ripple. If the application does not require regulation of the power supply 

DC level, then the voltage regulator is not required. Otherwise the resulting DC 

voltage/current is then fed to a regulator. The regulator is where the two main types 

of supplies differ. A linear supply uses active devices to regulate the DC voltage 

level while a switching (nonlinear) supply converts the DC level into a switched 

waveform (a square wave) to perform the regulation. The switched waveform is 

reconverted to DC after regulation is applied. 

 

13.1.2 Linear Supplies: Basic Concept 

 

The incoming AC voltage is stepped down to a lower AC voltage. For example, 120 

VAC is stepped down to 24 VAC. The 24 VAC is then rectified through a full-wave 

bridge rectifier, usually with a high-current, low-voltage bridge. A filter capacitor 

is used to maintain a constant DC level with minimum ripple at the output of this 

rectifier. 

The output voltage is controlled by a power transistor operating in its linear 

region. It acts as a variable resistor in series with the load. The power transistor 

receives its control from a circuit that senses output voltage. The control circuit 

modifies the transistor bias to maintain a constant voltage output, regardless of 

changes in the load current. 

 
 
Figure 13.1 Flow diagram of power supply architecture. 
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13.1.3 Switching Supplies: Basic Concept 

 

The incoming ac voltage is rectified and filtered to produce a high-voltage dc. A 

low-current, high-voltage bridge rectifier (that may not require a heat sink) can be 

used, as opposed to the linear bridge. 

A power transistor — a MOSFET — is connected in series with the transformer. 

The MOSFET serves as an on-off switch and switches at a preset frequency. While 

the MOSFET is switching, the magnetic field in the transformer is building and 

collapsing, allowing energy to transfer to the secondary side. 

The magnetic energy received by the secondary windings of the transformer is 

then full-wave-rectified and reconstructed into the proper dc level. A sample of 

parameters (Vout, Iload, and so forth) can be sent back to the primary side to serve as 

input to the pulse-width modulator (PWM). The PWM circuit modifies the length 

of time that the MOSFET is switched on in order to maintain output regulation. For 

example, in a switching power supply producing 12 VDC and powering a 3A load, 

an increase in the load to 4A causes the output voltage to drop slightly. The feedback 

circuit detects the voltage drop and passes it to the PWM, which turns the MOSFET 

on for a longer period (i.e., it increases the duty cycle), causing more magnetic 

energy to transfer to the secondary side until the output voltage reaches its 

predetermined value. 

 

13.1.3.1 Switching Frequency 

 

Frequency for a switching power supply usually ranges between 30 kHz and 150 

kHz, but it can be much higher. Frequency for linear power supplies is the same as 

the line frequency (60 Hz in North America). Switching frequency selection 

depends on the application for which the power supply is designed. Because high-

frequency switching occurs at f0, harmonics are generated at 3f0, 5f0, 7f0, .... The 

selection of the frequency has to be such that none of these harmonics will interfere 

with the load. With power supplies for receivers and amplifiers, for example, the 

switching frequency should be selected so as not to interfere with VHF, UHF, or the 

IF used. 

 

13.1.4 Advantages and Disadvantages 

 

Linear — one advantage of linear power supplies may be familiarity, because they 

have been available for many years. They are known to be relatively noise-free and 

reasonably reliable. They are generally easy to design and fairly inexpensive to 

manufacture. 

Because of the large transformers required, linear power supplies are generally 

heavy, which may be either an advantage or a disadvantage, depending on the need 

to balance weight distribution in a given application. As a general rule of thumb, a 
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16V output linear power supply weighs about one pound per ampere. A possible 

disadvantage of linear power supplies relates to the power transistor used to regulate 

the load. Because the power transistor operates in its linear region, and all the output 

current must pass through it, it requires large heat sinks to dissipate energy loss. 

(Recall that the power transistor is in series with the load and acts as a variable 

resistor.) Except in rare instances where heat is wanted to warm interior space, the 

inefficiency of linear power supplies — 50% — has to be considered a disadvantage. 

Switching power supplies — although switching power supplies have been 

available for a number of years, higher production costs compared to linear power 

supplies, have limited their use in some applications. Early switching power 

supplies used discrete components to control pulse width and BJTs instead of 

MOSFETs as main switch components. As a result, the disadvantages of switching 

power supplies once included uneven reliability and radiated EMI (electrical noise). 

Although they were known to be noisy, unreliable, and difficult to mass produce, 

switching power supplies had the advantage of being lighter and smaller than their 

linear counterparts. In the last few years, big improvements in PWM and MOSFET 

design have been made. When all design considerations have been taken into 

account, switching power supplies are highly reliable and virtually noise-free. 

Production costs have come down because application-specific components are 

being designed for use in switching power supplies. 

Switching power supplies are about 80%–90% efficient. Higher efficiency 

usually is an advantage, because heat normally is considered to be wasted energy 

(at the least) and potentially damaging to nearby electronic components. 

 

13.1.5 Summary 

 

Switching power supplies are gaining in popularity mostly because of their smaller 

size, lighter weight, and efficiency. Reliability and noise characteristics are 

becoming less of an issue as customers learn about the latest product developments. 

When assessing efficiency, size, and cost of shipping, one has to consider the 

alternative to a linear power supply: the switching power supply. 

The structure of this chapter is as follows. We begin with a discussion of 

perhaps the simplest form of power supply (except for batteries) that is the 

unregulated power supply. Such power supplies are useful in some simple 

applications where power is not critical. Then we include a discussion on power 

regulators and how they are used in power supplies. That is followed with a section 

on power distribution in EW systems including some material on decoupling and 
bypassing for noise reduction. We then discuss using ground vias for PCB layout. 

A side-note is then included on a method for obtaining −5V from a +12V power 

supply. −5 is a recurring requirement in MOSFET-based systems for gate biasing 

and +12V is a common power level in such systems. With the circuit shown, a 
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separate −5V supply isn’t needed. The next section discusses the fundamental issues 

in EMI/RFI/EMC considerations. The last section in this chapter provides some tips 

for implementation of power supplies in-high power EW systems. 

 
 

13.2 Unregulated Power Supplies 
 
13.2.1 Introduction 

 

The aim of a DC power supply is to provide the required level of DC power to the 

load using an AC supply at the input. Different applications require different 

attributes, but more often than not these days DC power supplies provide an accurate 

output voltage—this is regulated using electronic circuitry so that it provides a 

constant output voltage over a wide range of output loads. 

In most power supplies there are number of different elements (see Figure 

13.1). These may not all be present in every design. 

 

• Input transformer:   The input transformer is used to transform the 

incoming line voltage down to the required level for the power supply. 

Typically, the input transformer provides a step-down function. It also 

isolates the output circuit from the line supply.  

• Rectifier:   The power supply rectifier converts the incoming signal from 

an AC format into raw DC. Either half-wave or more commonly full-wave 

rectifiers may be used as they make use of both halves of the incoming AC 

signal. 

• Smoothing:   The raw DC from the rectifier is far from constant falling to 

zero when the AC waveform crossed the zero axis, and then rising to its 

peak. The addition of a reservoir capacitor here fills in the troughs in the 

waveform, enabling the next stage of the power supply to operate. Large 

value capacitors are normally used within this stage.  

• Regulator:   This stage of the power supply takes the smoothed voltage and 

uses a regulator circuit to provide a constant output virtually regardless of 

the output current and any minor fluctuations in the input level.  

 

 

 

 

13.2.2 Diodes 
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Linear power supplies utilize diodes to convert bipolar waveforms into unipolar 

waveforms; that is, from AC waveforms to DC waveforms. We therefore include a 

brief introduction to the characteristics of diodes. 

The diode rectifier circuits can be used for both power rectification and signal 

detection as well as many other uses. The chief differences are the frequency and 

the power levels involved. Our interest here is in the power supply application where 

higher power levels are normally involved. 

Diode rectifier circuits obviously rely on diodes for their operation. Diodes are 

devices that only pass current in one direction. When Ambrose Fleming invented 

the first diode—a thermionic device / vacuum tube—he called it a valve because of 

its one-way action. Semiconductor devices are now used, and these provide exactly 

the same function. 

The diode has a characteristic similar to that shown in Figure 13.2. In the 

forward direction, the so-called forward bias region, a small voltage is required 

across the diode before it conducts—the turn on voltage. The actual voltage depends 

on the type of diode rectifier and the material used. For a standard silicon diode 

rectifier this turn on voltage is around 0.6 volts. 

In the reverse direction, the so-called reverse-bias region, little current flows 

through the diode and the diode rectifier will ultimately break down. The breakdown 

voltage is normally well in excess of the turn on voltage—the scales in Figure 13.2 

have been compressed in the reverse direction to illustrate reverse breakdown. 

There are many different types of rectifier diode that can be used—each one 

with its own properties, advantages, and disadvantages. 

 
 

Figure 13.2 Diode rectifier characteristic. 
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For power rectification applications, power diodes of Schottky diodes are 

normally used. For signal rectification small point contact diodes, signal diodes, or 

Schottky diodes may be used. The Schottky diode has the advantage that it only 

requires a forward voltage of around 0.2 – 0.3V for forward conduction. This is 

particularly useful when detecting small radio signals, and when used as a power 

rectifier the power losses are reduced. However, the reverse leakage characteristics 

are not as good as normal silicon diodes. 

 

13.2.2.1 Diode Rectifier Operation 

 

The action of the diode is to allow current to flow in only one direction. Therefore, 

an alternating waveform is applied to a diode, then it will only allow conduction 

over half the waveform. The remaining half is blocked (see Figure 13.3). 

 

13.2.3 Unregulated Power Supplies 

 

The power supply is not a source of energy, but rather is an electronic circuit 

designed to change energy from the form of an available source to the form required 

by the load. In effect, the power supply is an interface matching the source to the 

load. The power supply will always obey the law of conservation of energy. 

An unregulated power supply is a simple power supply whose output is a 

function of the input source voltage, output load, and ambient temperature. There is 

no circuitry added to regulate the output, compensating for these effects. 

There are several different configurations of diode rectifier circuit that can be 

used. These different configurations each have their own advantages and 

disadvantages and are therefore applicable to different applications. 

 

13.2.3.1 Types of Unregulated Power Supplies 

 

There are three types of unregulated power supplies: 

 

• Half-wave rectified; 

• Full-wave center tap rectified; 

• Full-wave bridge rectified. 

 

Half-Wave Rectified Supply 

 

The half-wave rectifier circuit is the most straightforward rectifier circuit that can 

be used. 
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Although the half-wave rectifier circuit may not provide the level of 

performance needed for many applications, its simplicity lends it to use in many 

circumstances. 

In view of this advantage, the half-wave rectifier circuit can often be seen within 

large items of electronics equipment. 

The half-wave rectifier circuit can be used in a number of different applications. 

The half-wave rectifier circuit normally utilizes a single diode. This passes one half 

of the cycle and blocks the other. In this way only half of the cycle is used, but 

current is only allowed to flow in one direction (see Figure 13.4). 

The half-wave rectifier circuit can often be used with a transformer if it is to be 

used for powering equipment in any way. Normally in this application the input 

alternating waveform is provided via a transformer. This is used to provide the 

required input voltage. 

 

Half-Wave Rectifier Diode Requirements 

 

When designing a half wave rectifier circuit, it is necessary to ensure that the diode 

can provide the required performance. While there are very many parameters that 

define individual diodes, and these may need to be considered for a given design, 

some of the major parameters are detailed below: 

 

• Forward current:   It is necessary that the diode can handle the levels of 

average current and peak current flowing through it in a half-wave rectifier 

circuit. The current will peak as a result of the capacitor smoothing circuit. 

As the current only flows as the capacitor charges up, the current is in short 

bursts, which are much higher than the average current.  

 
 
Figure 13.4 Half-wave rectifier.  
 

 

 
 
Figure 13.3 Diode rectifier operation. 
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• Peak inverse voltage:   The diode must be able to reliably withstand the 

peak reverse or inverse voltages that appear across it. The peak voltages 

are not just the output voltage, but higher. The peak inverse voltage rating 

of the diode should be at least 2 2  times the RMS voltage of the input. 

This is because the output is normally smoothed by a capacitor, and this 

will take a value that is the peak of the input waveform. This will be 2  

times the RMS voltage. With this voltage on the output, the input 

waveform on the blocked half of the cycle will fall and reach a peak value 

at the bottom of the crest of 2  times the RMS value. The maximum 

reverse value seen across the rectifier diode is the sum of these two 

voltages.  

 

There should also be a significant margin, especially when used in a line power 

supply. This is because voltage spikes can appear on the line.  

This supply uses a transformer with a single secondary winding followed by a 

single, uncontrolled, rectifying diode. The rectifier conducts only during the positive 

half cycle. This circuit has the minimum parts count. However, the transformer is 

utilized only during the positive half cycle, resulting in greater RMS heating for a 

given average current output when compared to the full-wave bridge. 

The rectifier diode must be rated for at least twice the maximum output voltage 

and the circuit experiences one diode drop of voltage and dissipation loss. 

 

• Half-wave rectifier:   This is the simplest form of rectifier. Often using only 

a single diode is blocks half the cycle and allows through the other. As such 

only half of the waveform is used.  

 

While the advantage of this circuit is its simplicity, the drawback is the fact that 

there is longer between successive peaks of the rectified signal. This makes 

smoothing less effective and more difficult to achieve high levels of ripple rejection.  

 

Full-Wave Rectifier Supply 

 

The full-wave rectifier circuit is one that is widely used for power supplies and many 

other areas where a full wave rectification is required.  

The full-wave rectifier circuit is used in most rectifier applications because of 

the advantages it offers. While it is a little more complicated, this normally 

outweighs the disadvantages. However sometimes it may not be optimum or 

necessary to use a full wave rectifier circuit. 

The full-wave center tap supply, illustrated in Figure 13.5, has a transformer 

with two equal turn count secondary windings, each one followed by a single 
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uncontrolled, rectifying diode with the other end of the diodes tied together. Each 

secondary winding of the transformer is utilized only for a half of the cycle, so the 

transformer must be larger than with the full-wave bridge rectifier. This circuit is 

suitable for higher power levels than the half-wave rectifier and has the advantage 

of only one diode voltage drop to the output. 

 

• Full-wave rectifier:   This form of rectifier circuit uses both halves of the 

waveform. This makes this form of rectifier more effective, and as there is 

conduction over both halves of the cycle, smoothing becomes much easier 

and more effective. The two-diode version of the full-wave rectifier circuit 

requires a center tap in the transformer. When vacuum tubes/thermionic 

valves were used, this option was widely used in view of the cost of the 

valves. However, with semiconductors, a four-diode bridge circuit saves 

on the cost of the center tapped transformer and is equally effective.  

 

• Two diode full-wave rectifier:   The two-diode full-wave rectifier circuit is 

not so widely used with semiconductor diodes as it requires the use of a 

center tapped transformer. However, this rectifier circuit was widely used 

in the days of thermionic valves/vacuum tubes. As a rectifier circuit using 

four valves would be large, the two-diode version was much more 

preferable. The basic circuit is shown in Figure 13.5. 

The two-diode format for a full-wave rectifier circuit is one of the 

simplest forms of full wave rectifier circuit in terms of the actual 

component count. 

The two-diode full-wave rectifier circuit was widely used in the days 

of thermionic valves or vacuum tubes because it only required the use of 

two diodes—these could be encapsulated in one device, thereby reducing 

cost and size. 

 

 
 
Figure 13.5 Full-wave rectified supply.  
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The basic full-wave rectifier circuit using two diodes and a center-tapped 

transformer is shown in Figure 13.5. This circuit is very easy to implement, although 

it does need a center-tapped transformer. 

The current flow within the circuit can be seen from Figure 13.5. We can see 

that the current in each half of the secondary winding is only used for half the cycle. 

This makes for very inefficient use of the transformer in terms of cost and resources. 

 

• Transformer output voltage half what it could be:   Utilizing a center tap in 

the transformer means that only half the full voltage across the two halves 

of the wind together can be utilized. 

• Increased heating losses:   Because each half of the transformer is used for 

half of the time, the current through each winding is twice what it would 

be if a true half-wave rectifier such as a bridge rectifier were used. As 

heating losses are given by 2Loss ,I R=  there is four times the heat 

dissipated for half the time. Over the complete cycle this means that there 

is twice the heating loss of an equivalent full-wave bridge rectifier circuit. 
 

As a result of these points, to create a full-wave bridge rectifier using the two-

diode full-wave rectifier system would require a transformer 2 times the size of 

the one needed for the bridge rectifier. This would cost more as well as being heavier 

and bulkier. With bridge rectifiers, discussed next, now costing very little, this is the 

preferred option for most applications. 

The full-wave bridge supply has a transformer with a single secondary winding, 

followed by four rectifying diodes in a bridge configuration, as shown in Figure 

13.6. The secondary winding of the transformer is utilized in both half cycles, so the 

transformer can be smaller than with the full-wave center-tap rectifier. This circuit 

is suitable for higher power levels than the half-wave rectifier and has the advantage 

 
 
Figure 13.6 Bridge rectifier.  
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of simplicity. However, it has two diode voltage drops to the output and twice the 

diode dissipation loss. 

The full-wave bridge rectifier circuit configuration is far more widely used 

these days. It offers a more efficient use of the transformer as well as not requiring 

a center-tapped transformer. The additional cost is two additional diodes—not an 

expensive addition these days. Often four diode bridges can be bought as single 

items, making construction of the overall circuit much simpler.  

 

Split Supply Bridge Rectifier 

 

For many circuits like operational amplifiers, split supplies may be needed. It is 

possible to create a split supply for these and other applications very easily using a 

full-wave bridge rectifier, which is illustrated in Figure 13.7. The circuit operates 

effectively and efficiently because both halves of the input waveform are used in 

each section of the transformer secondary winding. 

 

13.2.3.2 Comparison of Full- and Half-Wave Rectifiers 

 

The choice of diode rectifier circuit depends on the application. While the full-wave 

rectifier circuits, and in particular the bridge rectifier circuits are possibly the most 

widely used, half wave rectifier circuits may offer a better option in some 

circumstances. 

A further advantage when used in a power supply is that the resulting output is 

much easier to smooth. When using a smoothing capacitor, the time between the 

peaks is much greater for a half-wave rectifier than for a full-wave rectifier. 

 

 

 

 
 
Figure 13.7 Full-wave bridge rectifier providing dual polarity/split supply  
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Advantages/Disadvantages  

 

• Utilizes both halves of the AC waveform;  

• Easier to provide smoothing as a result of ripple frequency;  

• More complicated than half-wave rectifier;  

• The twice frequency hum on an audio circuit may be more audible.  

 

In view of their advantages, full-wave rectifier circuits are virtually always used 

in preference to half-wave circuits. The increased efficiency coupled with the better 

smoothing ability arising from the shorter time between peaks means that their 

advantages outweigh the disadvantages by a large margin. Only occasionally, often 

for low requirement supplies would a half-wave rectifier be used in preference to 

the full-wave rectifier circuit. 

 

13.2.3.3 Capacitor Smoothing Circuits 

 

Rectifiers are normally used in circuits that require a steady voltage to be supplied. 

To provide a steady DC output. The raw rectified DC requires a smoothing capacitor 

circuit to enable the rectified DC to be smoothed so that it can be used to power 

electronics circuits without large levels of voltage variation. 

 

Capacitor Smoothing Basics 

 

The raw DC supplied by a rectifier on its own would consist of a series of half sine 

waves with the voltage varying between zero and 2  times the RMS voltage 

(ignoring any diode and other losses). A supply of this nature would not be of any 

use for powering circuits because any analog circuits would have the huge level of 

ripple superimposed on the output, and any digital circuits would not function 

because the power would be removed every half cycle. 

To smooth the output of the rectifier a reservoir capacitor is used—placed 

across the output of the reciter and in parallel with the load. This capacitor charges 

up when the voltage from the rectifier rises above that of the capacitor and then as 

the rectifier voltage falls, the capacitor provides the required current from its stored 

charge. See Figure 13.8. 

It should be remembered that the only way discharge path for the capacitor, 

apart from internal leakage, is through the load to the rectifier/smoothing system. 

The diodes prevent backflow through the transformer, and so forth. 
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Smoothing Capacitor Value 

 

The choice of the capacitor value needs to fulfill several requirements. As there will 

always be some ripple on the output of a rectifier using a smoothing capacitor 

circuit, it is necessary to be able to estimate the approximate value. Overspecifying 

a capacitor too much will add extra cost, size, and weight while under-specifying it 

will lead to poor performance. 

 

Time Constant 

 

In the first case the value must be chosen so that its time constant is very much 

longer than the time interval between the successive peaks of the rectified 

waveform: 

 

 L 1/R C f   

 

where: 

 

RL is the overall resistance of the load for the supply 

C is the value of capacitor in Farads 

f is the ripple frequency—this will be twice the line frequency when a full-wave 

rectifier is used. 

 

Smoothing Capacitor Ripple Voltage 

 

The ripple for a full-wave rectifier with capacitor smoothing is shown in Figure 

13.9. If a half-wave rectifier was used, then half the peaks would be missing and the 

ripple would be approximately twice the voltage (see Figure 13.10). 

For cases where the ripple is small compared to the supply voltage—which is 

almost always the case—it is possible to calculate the ripple from a knowledge of 

the circuit conditions. The discharge from the capacitor into the load is in reality 

exponential. We approximate this nonlinear characteristic as linear as follows: 

 

 
 
Figure 13.8 Smoothing action of a reservoir capacitor 
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Figure 13.10 Ripple for a half-wave rectifier. 
 

 

 
 
Figure 13.9 Peak to peak ripple for smoothed diode rectifier circuit. 
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Full-Wave Rectifier 

  

 ripple L / 2V I fC=  (13.1) 

  

Half-Wave Rectifier 

  

 ripple L /V I fC=  (13.2) 

 

These equations provide more than sufficient accuracy. Although the capacitor 

discharge for a purely resistive load is exponential, the inaccuracy introduced by the 

linear approximation is very small for low values of ripple. 

It is also worth remembering that the input to a voltage regulator is not a purely 

resistive load but a constant current load. Finally, the tolerances of electrolytic 

capacitors used for rectifier smoothing circuits are large — ±20% at the very best, 

and this will mask any inaccuracies introduced by the assumptions in (13.1) and 

(13.2). 

 

Ripple Current 

 

Two of the major specifications of a capacitor are its capacitance and working 

voltage. However, for applications where large levels of current may flow, as in the 

case of a rectifier smoothing capacitor in the power supply for a high-power EW 

output amplifier, a third parameter is of importance— its maximum ripple current. 

The ripple current is not just equal to the supply current. There are two 

scenarios: 

 

• Capacitor discharge current:   On the discharge cycle, the maximum 

current supplied by the capacitor occurs as the output from the rectifier 

circuit falls to zero. At this point all the current from the circuit is supplied 

by the capacitor. This is equal to the full current of the circuit (see Figure 

13.11). 

 
 
Figure 13.11 Full-wave rectifier max current. 
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• Capacitor charging current:   On the charge cycle of the smoothing 

capacitor, the capacitor needs to replace all the lost charge, but it can only 

achieve this when the voltage from the rectifier exceeds that from the 

smoothing capacitor. This only occurs over a short period of the cycle. 

Consequently, the current during this period is much higher. The larger the 

capacitor, the better it reduces the ripple and the shorter the charge period. 

See Figure 13.12. 

 

In view of the large currents involved, care must be taken to ensure that the ripple 

current does not exceed the rated values for the capacitor. 

 

13.2.3.4 Advantages of Unregulated Power Supplies 

 

The advantages of the unregulated supply are low cost and simplicity. There are 

many applications that do not require precise output voltage. Additionally, we can  

say that any linear power supply energized off the utility line has an unregulated 

supply on the front end followed by a regulator. 

 

13.2.3.5 Disadvantages of Unregulated Power Supplies 

 

Disadvantages of an unregulated power supply are as follows: 

 

• If the line voltage increases or decreases, the output voltage will increase 

or decrease by the same percentage. 

• As the load current increases or decreases, the output voltage will decrease  

or increase respectively due to the finite output impedance of the supply 

caused by transformer winding resistance, inductance, and trace resistance. 

 

13.3 Power Supply Regulators 
 

Regulators are used in AC to DC converters in order to maintain a constant output 

voltage or current irrespective to the current or voltage, respectively, at the output. 

 
 
Figure 13.12 Full-wave rectifier capacitor recharge. 
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They are also used to maintain a constant output when the input AC voltage 

fluctuates. There are two types of regulators: linear and nonlinear (switching). We 

discuss both in this section. 

 

13.3.1 Linear Power Supply Regulators 

 

Linear power supplies are widely used due to the advantages they offer in terms of 

overall performance. Linear power supplies are often used in exacting situations 

where the regulation and removal of noise is paramount. 

While linear power supplies may not be as efficient as other types of power 

supply technology, they offer the best performance and are therefore used in many 

applications where noise is of great importance. Often audio amplifiers and many 

other items of electronic equipment use linear power supplies to obtain the best 

performance. 

Linear power supplies gain their name from the fact that they use linear, (i.e., 

nonswitching) techniques to regulate the voltage output from the power supply. The 

term linear power supply implies that the power supply is regulated to provide the 

correct voltage at the output. Sometimes the sensing of the voltage may be 

accomplished at the output terminals, or on some occasions it may be achieved 

directly at the load. 

For all but the least demanding applications, however, the unregulated design 

is not able to maintain the output voltage close enough to the prescribed set point as 

the line voltage and load current changes. Thus, regulation methods have been 

developed to maintain the output voltage or current at a constant set point. 

The first type of regulated design was the linear regulator power supply. The 

term linear power supply is typically thought of as a type of AC/DC system, 

providing a regulated output. The linear regulator is the part of the linear regulator 

power supply that performs the regulation. 

 

13.3.1.1 Linear Regulator Theory 
 

Linear regulators employ a pass element serving as a variable resistor that forms a 

voltage divider with the load (see Figure 13.13). The pass element functioning as a 

variable resistor can be semiconductor devices such as a BJT, power MOSFET, 

IGBT, or an electron tube such as a triode, tetrode, or pentode. Electron tubes would 

be used in specialized applications where no semiconductor devices are suitable. 
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Power Output Capability 

 

A linear regulator can be designed to regulate power outputs as small as a watt or 

less. Linear regulators used alone in this fashion are performing DC/DC conversion. 

Linear power supplies can be designed to provide AC/DC conversion up to tens of 

kilowatts or even more. In this case the linear regulator is coupled with additional 

circuitry providing rectification and filtering. 

 

Noise and Ripple 

 

Perhaps the most significant merit of linear power supplies is the cleanliness of the 

output voltage and the relative lack of electromagnetic emissions. The typical peak 

to peak output voltage ripple for a linear supply might be 1000 or 60 dB less than 

the output DC level. So for a 5V output supply the typical peak-to-peak ripple 

voltage might be 5 mV. A switching supply typically sees about a 100 or 40-dB 

reduction. It is possible with careful design to achieve a 10,000 or 80-dB reduction 

in a linear regulated power supply. 

 

Transient Response 

 

The response of linear power supplies to line and load transients is better their 

switching counterparts because the linear supply does not have a switching 

frequency to limit the bandwidth. In linear supplies, the regulation bandwidth is 

typically limited by parasitic device elements. 

 

Weight and Size 

 

The weight and size of the linear power supply is the major disadvantage. AC/DC 

conversion is done at low frequencies and therefore the transformer must be large 

to keep the core from saturating. This factor, along with efficiency to be discussed 

next, is the main reason why linear power supplies have limited use today. For 

example, a 500W linear power supply might weigh about 50 pounds and occupy a 

 

 
 

Figure 13.13 Regulated supply. 
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desktop, whereas a 500W switching supply might weight less than 10 pounds and 

sit on a small part of the desktop. 

 

Efficiency 

 

Linear regulators are typically thought of a being extremely inefficient—but that is 

not always the case and they can sometimes be more efficient that a switching power 

supply! 

On a first-order basis, the efficiency of a linear regulator is very simple to 

determine. The efficiency is simply the output voltage divided by the input voltage. 

If determined effort is made to keep the difference between the pass element input 

voltage and the output voltage as small as possible, the efficiency can be very good. 

This type of linear regulator is called a low-dropout regulator. For other cases where 

the operating point is not conducive to maintaining a low dropout, the linear 

regulator efficiency can suffer greatly. 

As an example, if the input voltage in the figure above is 13.6V, and the 

regulator maintains an output voltage of 12V, for a voltage drop of 1.6V, the 

efficiency of the linear regulator is 12 V/13.6V = 81.4%. The efficiency in this case 

is very good by most standards. 

As another example, if the input voltage is 5V and the output voltage is 3.3V, 

for a voltage drop of 1.7V, the efficiency is 3.3V/5V = 66%. The efficiency in this 

case is not very good by most standards. 

As a last example, if the input voltage is 5V and the output voltage is 1.8V, for 

a pass element voltage drop of 3.2V, the efficiency is 1.8V/5V = 36%. The 

efficiency in this case is very poor. 

 

13.3.1.2 Types of Linear Regulators 

There are two main types of regulators for linear power supplies: 

• Shunt regulator:   The shunt regulator is less widely used as the main element 

within a voltage regulator. For this form of linear power supply, a variable 

element is placed across the load. There is a source resistor placed in series 

with the input, and the shunt regulator is varied to ensure that the voltage 

across the load remains constant.  

• Series regulator:   This is the most widely used format for a linear power 

supply. As the name implies a series element is placed in the circuit, and its 

resistance varied via the control electronics to ensure that the correct output 

voltage is generated for the current taken. 

 

Both of these types of linear regulator used in power supplies have their uses and 

can be used in different situations. 
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13.3.1.3 Zener Diodes 

 

A Zener diode is a type of diode that is especially constructed to operate in the Zener 

range. The Zener range is that portion of the reversed biased region where reverse 

breakdown occurs (see Figure 13.14). As we see, the voltage is maintained 

reasonably constant as the current is varied forming a relatively good voltage source. 

 

13.3.1.4 Voltage Regulator 

 

Although the shunt voltage regulator is not widely used to provide the main 

regulation in many applications, it nevertheless finds uses in many other areas of 

circuitry. A simple Zener diode circuit provides a prime example of a shunt voltage 

regulator. As such the shunt voltage regulator is an essential element within linear 

power supply technology. 

 

Shunt Voltage Regulator Operation 

 

The basic operation of a shunt regulator can be seen from Figure 13.15. Essentially 

the load is operated with a resistor in series with the voltage source and the shunt 

regulator then in parallel with the load. 

In order to keep the voltage across the load constant, a level of current must be 

drawn through the series resistor to maintain the required voltage across the load. 

 
 
Figure 13.14 Zener diode characteristics. 
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The load will take some and the remaining current is drawn by the shunt voltage 

regulator. 

The circuit is designed so that at maximum load current the shunt regulator 

draws virtually no current and at minimum load current, the shunt voltage regulator 

passes the full current. 

As a result, shunt regulators are inefficient because maximum current is drawn 

from the source regardless of the load current (i.e., even when there is no load 

current). 

 

Zener Diode Shunt Regulator 

 

One of the most common and simple forms of shunt regulator is the simple Zener 

diode regulator circuit shown below. Its operation is very straightforward. Once 

over its small minimum current, the Zener diode maintains an almost constant 

voltage across its terminals. The series resistor drops the voltage from the source to 

the Zener diode and load. As the Zener diode maintains its voltage, any variations 

in load current do not affect the voltage across the Zener diode. It takes up the 

current variations required to ensure the correct drop across the series resistor. 

In this shunt voltage regulator circuit, the Zener diode must be capable of 

dissipating the power from the maximum amount of current it is likely to handle. 

This is most likely to be a little more than the maximum current supplied to the load 

as the Zener diode will need to pass all the current when load current is zero. Thus, 

the total maximum current that will be passed by the diode is the load current plus 

an allowance for current to maintain the reference voltage when the load is taking 

its maximum current. 

 
 
Figure 13.15 Shunt regulator using a Zener diode. 
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It should also be noted that for the shunt regulator circuit, the series resistance 

is comprised of the series resistor value, plus any source resistance. In most cases 

the value of the series resistor will dominate, and the source resistance can be 

ignored, but this may not always be the case. 

 

Shunt Regulator with Feedback Loop 

 

The shunt voltage regulators discussed above does not have any feedback (i.e. they 

run in an open-loop manner). As imagined, the performance of this form of shunt 

regulator is enough for many applications, but much higher levels of performance 

can be achieved by providing feedback based on the output voltage of the shunt 

voltage regulator and feeding this back into the system to ensure that the required 

output voltage is accurately maintained.  

Using a shunt voltage regulator with feedback as shown in Figure 13.16, the 

output voltage is sensed, and the voltage compared to a predetermined reference. 

The level of the shunt current is then altered to return the output voltage to the 

required level. 

Full shunt regulators are not widely used because they exhibit low efficiency. 

Series regulators are widely available and offer higher efficiencies, although they 

are not as high as switch mode supplies. 

 

 

 

 
 
Figure 13.16 Shunt regulator with feedback. 
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Series Voltage Regulator (Series Pass Regulator) 

 

The series voltage regulator format (or, as it is sometimes called, the series pass 

regulator) is the most commonly used format for providing the final voltage 

regulation in a linear voltage regulator circuit (see Figure 13.17). The series voltage 

regulator or series pass voltage regulator uses a variable element placed in series 

with the load. By changing the resistance of the series element, the voltage dropped 

across it can be varied to ensure that the voltage across the load remains constant. 

The advantage of the series voltage regulator is that the amount of current 

drawn is effectively that used by the load, although some will be consumed by any 

circuitry associated with the regulator. Unlike the shunt regulator, the series 

regulator does not draw the full current even when the load does not require any 

current. As a result, the series regulator is considerably more efficient. 

 

Emitter Follower Voltage Regulator 

 

A simple emitter follower series regulator configuration is shown in Figure 13.18. 

It is one of the simplest implementations of this concept is to use a single-pass 

transistor in the form of an emitter follower configuration, and a single Zener diode 

drive by a resistor from the unregulated supply. This provides a simple form of 

feedback system to ensure the Zener voltage is maintained at the output, albeit with 

a voltage reduction equal to the base emitter junction voltage—0.6 volts for a silicon 

transistor. 

It is a simple matter to design a series pass voltage regulator circuit like this. 

Knowing the maximum current required by the load, it is possible to calculate the 

maximum emitter current. This is achieved by dividing the load current (i.e. 

transistor emitter current by the  or hfe of the transistor). 

 
 
Figure 13.17 Series regulator. 
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The Zener diode will generally need a minimum of around 10mA for a small 

Zener to keep its voltage regulated. The resistor should then be calculated to provide 

the base drive current and the minimum Zener current from a knowledge of the 

unregulated voltage, Zener voltage and the current required. [(unregulated voltage–

Zener voltage)/current]. A small margin should be added to the current to ensure 

that there is sufficient room for margin when the load, and hence the transistor base 

is taking the full current. 

The power dissipation capacity for the Zener diode should be calculated for the 

case when the load current, and hence the base current is zero. In this case the Zener 

diode will need to take the full current passed by the series resistor. 

 

Series Pass Regulator with Feedback 

 

In order to provide improved levels of performance it is possible to add a more 

sophisticated feedback network into the regulator circuit. 

Using feedback within a voltage regulator enables the output to be sampled and 

compared with a stable reference voltage. The error is then used to correct the output 

voltage. In this way, a far higher level of performance can be obtained in terms of 

the required output voltage as well as ripple and spikes (see Figure 13.19). 

It is possible to use a simple two-transistor circuit for a series pass regulator 

with voltage sensing and feedback. Although it is quite straightforward to use an 

 
 
Figure 13.18 Emitter follower regulator. 
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operational amplifier, which will provide higher levels of feedback and hence better 

regulation, this two-transistor circuit illustrates the principles well. 

 

Two-Transistor Series Pass Regulator  

 

Consider the simple two transistor series pass regulator in Figure 13.20. In this 

circuit Q1 forms the series pass transistor. The second transistor, Q2 acts as 

theomparator, feeding the error voltage between the reference diode and the sensed 

output voltage which is a proportion of the output voltage as set by the 

potentiometer, R2. The resistor R1 provides the current for the collector of Q2 and 

the reference diode Zd. 

 

Voltage Reference 

 

Any linear voltage regulator can only be as good as the voltage reference that is used 

as the basis of the comparison within the system. While a battery could be used in 

 
 
Figure 13.19 Series pass voltage regulator with feedback. 

 

 
 
Figure 13.20 Two-transistor series pass regulator. 
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theory, this is not satisfactory for most applications. Instead Zener diode-based 

references are almost universally used, as illustrated in Figure 13.21. 

Integrated circuit regulators and references use sophisticated on-chip 

combinations of transistors and resistors to obtain temperature-compensated and 

precise voltage reference sources. 

The voltage reference must be driven from the unregulated supply. It cannot be 

taken from the regulated output as there are start-up issues. At start-up there is no 

output and therefore the reference output will be zero and this will be maintained 

until the reference starts up. 

Often the output from the reference source is fed via a potential divider. Not 

only does this reduce the output voltage, which is normally very useful, but it also 

allows a capacitor to be added to the output to help remove any ripple or noise that  

may be present. The reduced voltage is also useful because the minimum voltage 

output is governed by the reference voltage. 

 

Output Sampling 

 

The simple emitter follower series voltage regulator circuit directly compared the 

output with the voltage reference. In this way the output voltage was equal to that 

of the reference, neglecting the base emitter voltage drop. 

However, it is possible to sample a proportion of the output voltage and 

compare this to the reference. If this is done, then the output voltage becomes greater 

than the reference voltage as the negative feedback in the circuit fights to keep the 

two compared voltages the same (see Figure 13.22). 

If for example the reference voltage is 5V and the sampling or potential divider 

provides 50% of the output voltage, then the output voltage will be maintained at 

10V. 

The potential division or sampling can be made variable, and in this way, the 

output voltage can be adjusted to the required value. Normally this method is only 

 
 
Figure 13.21 Reference source for series pass voltage regulator. 

 



RF Electronics for Electronic Warfare 

 

576 

used for small adjustments as the minimum output level obtained by this method is 

an output equal to the reference voltage. 

We should remember that using a potential divider has the effect of reducing 

the feedback loop gain. This has the effect of reducing the loop gain and thereby 

reducing the regulation performance. Normally there is sufficient loop gain for this 

not to be a major problem except when only a very small proportion of the output is 

sampled. 

Care should also be taken not to increase the voltage of the output to a point 

where the regulator does not have sufficient drop across it to regulate the output 

voltage sufficiently. 

 

Low Dropout Series Voltage Regulators 

 

One of the considerations of any regulator is the voltage that must be placed across 

the series pass element. In addition to the drop across the regulator itself, there must 

be sufficient voltage to run the drive circuitry. In some circuits, a low dropout 

regulator is important (i.e. where the level of voltage drop available across the series 

regulator element is limited). This minimum drop-out voltage can be important and 

is often a specified parameter in many integrated regulator chips. 

While the circuits shown here are simple transistor circuits, the same principles 

are used in larger circuits and within integrated circuits. The same series pass 

regulator concepts as well as the reference diode circuits, sampling, and other areas 

all use the same elements.  
 

13.3.1.5 Summary 

 

We have discussed that linear power supplies excel in producing outputs with very 

low noise and ripple, low electromagnetic emissions, and have excellent transient 

response. However, they are by nature large and heavy when compared to switching 

power supplies. Linear power supplies would be the type of choice when outputs 

 

 
 
Figure 13.22 Series pass voltage regulator with sampled output. 
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with low ripple and noise content are of paramount concern, and where larger size 

and substantially greater weight can be tolerated. 

 

13.3.1.6 Linear Power Supply Advantages/Disadvantages 

 

The use of any technology is often a careful balance of several advantages and 

disadvantages. This is true for linear power supplies, which offer some distinct 

advantages, but also have their drawbacks. 

Linear PSU advantages 

• Low noise:   The use of the linear technology without any switching element 

means that noise is kept to a minimum and the annoying spikes found in 

switching power supplies are not found.  

• Established technology:   Linear power supplies have been in widespread use 

for many years and their technology is well established and understood. 

Linear PSU disadvantages 

• Efficiency:   In view of the fact that a linear power supply uses linear 

technology, it is not particularly efficient. Efficiencies of around 50% are not 

uncommon, and under some conditions they may offer much lower levels.  

• Size:   The use of linear technology means that the size of a linear power 

supply tends to be larger than other forms of power supply.  

• Heat dissipation:   The use of a series or parallel (less common) regulating 

element means that significant amounts of heat are dissipated and this needs 

to be removed.  

 

Despite the disadvantages, linear power supply technology is still widely used, 

although it is more widely used where low noise and good regulation are needed. 

One typical application is for audio amplifiers. 

 
13.3.2 Switching Regulators 

 

The primary advantage of switching-mode power supplies is that, given ideal parts, 

they can accomplish power conversion and regulation at 100% efficiency. All power 

loss is due to less than ideal parts and the power loss in the control circuitry. In this 

section we introduce the fundamentals of how these regulators work. We explore 

some of the switching-mode power supplies that can be constructed using only a 

few parts. 
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 Consider the circuit shown in Figure 13.23. The DC voltage is switched on and 

off according to the desired average amount of power to be dissipated by the load 

R. As we see in Figure 13.24, the longer the switch is in the ON position the higher 

the average voltage level. Suppose that Vi is 12 VDC and the load resistor R is 0.25 

Ω. The objective is to open and close the switch so that the average voltage across 

R is 5 VDC. The waveform of the voltage across R is shown in Figure 13.24(a). If 

the desired average voltage is 10 VDC, then the switched voltage waveform might 

look similar to that in Figure 13.24(b) because the switch is ON for a longer time In 

Figure 13.24, the period, T, of the waveform is Ton + Toff and the reciprocal of the 

period is the frequency. For example, a period of 50 s results in a frequency of 20 

kHz. The ratio on /T T is called the duty cycle and is denoted by D. The average 

values of the waveforms over a period are shown by dotted lines. 

The average value of a function v(t) is 

 

 
avg

0

1
( ) ( )

T

V t V v t dt
T

= =   (13.3) 

 

so in our case i .V V D=  The mean square value of V(t) is given by 

 

 
 

Figure 13.24 Switched waveforms (a) Vaverage = 5V and (b) Vaverage = 10V. 

 

 

 
 
Figure 13.23 Switched circuit. 
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=   (13.4) 

 

In our case RMS i .V V D=  In our example, Vi = 12 VDC and Vo = 5 VDC (average) 

so that 

 

o i/ 0.417D V V= =  

RMS 12 0.417 7.75V =  =  

average 0.417 12 / 0.25 20AI =  =  

 

and 

 

i 12 20 240WP =  =  

 

 This concept forms the basis for all switched mode power supplies (SMPS). 

PWM is used to set the value of the output voltage level. A block diagram for a 

SMPS is shown in Figure 13.25 although there are many variations on this 

architecture. Conceptually, the input AC is converted to a filtered but unregulated 

DC waveform. That is then fed to a high frequency switch (the MOSFET in Figure 

13.25) that provides the PWM. This rectangular wave drives a power transformer 

(isolated configuration), the output of which is rectified and filtered, establishing a 

DC voltage source. The DC level is compared to a reference and is used to drive the 

control circuitry that determines the width of the PWM pulse. 

 
 

Figure 13.25 Switched-mode power supply. 
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 Such a configuration can be used to provide either a lower or higher voltage 

level than the input DC level. When the transformer is not used (nonisolated9) and 

when the level is lower, it is known as a buck converter. Without the transformer 

(nonisolated) and when the output voltage is higher it is known as a boost converter. 

We will examine the buck converter in more detail. 

Stepdown (buck) switching converters convert a voltage source (typically 8V 

to 25V) into a lower regulated voltage (typically 0. 5V to 5V). Stepdown converters 

transfer small packets of energy using a switch, a diode, an inductor and several 

capacitors. Though substantially larger and noisier (RF noise) than their linear-

regulator counterparts, buck converters offer higher efficiency. This is particularly 

important for battery-powered applications. 

A hand-emplaced jamming system is one example of such an application. Such 

systems have been built and deployed. Another example is an EA system deployed 

by being ejected out the back of artillery shells in the form of pucks. Several versions 

of battery-powered ES systems have been built and deployed. 

A basic circuit for a stepdown buck converter is shown in Figure 13.26. The 

MOSFET is controlled by a waveform from the controller that is pulse-width 

modulated. The width of the pulses that turn the MOSFET on and off are determined 

by the average output voltage essentially as described above. When the switch is 

ON, the input voltage causes a current to flow through L and a voltage to be 

developed across the load [see Figure 13.27(a)]. It also charges C at the same time. 

D is reversed biased at this point so no current flows through that path. When the 

MOSFET switch is opened, as in Figure 13.27(b) L attempts to maintain the current 

(recall that the current through an inductor cannot change instantaneously) so the 

voltage across L reverses and D becomes forward-biased. A current flow due to the 

collapsing magnetic field in L, through the load and forward-biased diode. The 

capacitor smooths the voltage transients due to the field generation and collapsing 

                                                           
9 Isolated from the line AC source. Such isolation reduces the effects of varying AC line fluctuations. 

 
 
Figure 13.26 Stepdown converter. Typical parameters are Vi = 7 to 24 VDC, Vo = 2 VDC, Iomax = 7 A, 

and fsw = 300 kHz. 
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in L. This process is repeated for each period of the PWD waveform from the 

controller. 

 

 

13.4 Power Supply Components 
 

13.4.1 Power Supply Capacitors and Inductors 

 

In order to function properly, power supplies need components to store and deliver 

energy. There are two types of energy storage devices used in power supplies: 

capacitors and inductors. 

Unlike resistors, ideal inductors and capacitors only store energy, but never 

dissipate energy. Therefore, over one complete steady-state switching cycle, the 

average power dissipated by the device is zero. However, all capacitors and 

inductors are nonideal, and there may be dissipation effects to consider. 

Inductors and capacitors either act as energy reservoirs, or temporarily store 

buckets of energy for transfer to the output. When acting as a reservoir, the change 

in inductor current or capacitor voltage change is considered small for analysis 

purposes. When transferring buckets of energy, the inductor current or capacitor 

voltage change is large and may be of resonant character. 

 

 

 

 

 
 
Figure 13.27 Switching action (a) switch is ON and the capacitor is charged and (b) switch is OFF and 

the capacitor discharges. 
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13.4.1.1 Power Supply Capacitors 

 

A capacitor stores energy in the electric field between two parallel conducting 

plates. The energy stored is proportional to the square of the voltage across it: 

 

 21
( ) ( )

2
E t CV t=  (13.5) 

 

An important property of capacitors is that they resist the change of voltage across 

the plates and therefore act as reservoirs of available charge. The current through an 

ideal capacitor can change instantaneously, but the voltage never can, always 

maintaining voltage continuity. The current through a capacitor is given by 

 

 
( )

( ) ( )
dV t

I t C CV t
dt

= =  (13.6) 

 

Nonideal power supply capacitors have equivalent series resistance and leakage 

current. Common types for power supply capacitors are aluminum electrolytic, 

tantalum, multilayer ceramic, and film. Aluminum and tantalum types are polarity 

sensitive. They also have an RMS current rating that often determines the amount 

of capacitance in an application since there must be enough capacitors to handle the 

RMS current. A little-known fact about multilayer ceramic capacitors is that the 

capacitance exhibits strong dependence on temperature. For each 10oC or less 

ambient temperature, the estimated lifetime doubles.  

 

13.4.1.2 Power Supply Inductors 

 

A power inductor is the electrical dual of the power supply capacitor, and stores 

energy in the magnetic flux established by the geometry of the inductor winding, 

core material, and the current through the winding. The energy stored in the inductor 

is proportional to the square of the current through it 

 

 
21

( ) ( )
2

E t LI t=  (13.7) 

 

The voltage across an ideal inductor can change instantaneously, but the current 

never can, always maintaining current continuity. The voltage across an inductor is 

given by  
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( )

( ) ( )
dI t

V t L LI t
dt

= =  (13.8) 

 

A nonideal inductor has copper and core loss due to the winding resistance and 

core resistance. These nonidealities need to be considered in any design and taken 

into account. Common types for power electronics are toroidal shapes employing 

various magnetic powder formulations and various shapes of different ferrite core 

materials. These materials are chosen according to the performance and cost 

requirements and have a current rating, beyond which the permeability reduces 

greatly, causing the core to saturate. 

 

13.4.1.3 Linear Supply Applications of Capacitors and Inductors 

 

Power supply capacitors enable the smoothing of rectifier outputs through energy 

storage. A smoothing capacitor bank is often referred to as the bulk capacitance. 

The energy stored in the bulk capacitance becomes the input to the regulator pass 

element. Linear power supplies also employ a capacitor at the output of the 

regulator. The purpose of the output capacitor is to provide control loop stability 

and holdup energy storage in the event of a momentary loss of input power. Linear 

power supplies must filter out line frequency noise, and therefore the capacitors and 

inductors are large. Linear supplies typically do not use power inductors in most 

applications. 

 

13.4.1.4 Switching Supply Applications of Capacitors and Inductors 

 

Power supply capacitors are also used by switching power supplies as the bulk 

capacitor and at the output for control stability and holdup. Capacitors at these 

locations, when also coupled with inductors, can also be configured as low-pass LC 

filters for ripple voltage reduction on the output, and ripple current reduction on the 

input, and for averaging the switching output voltage. In switching power supplies, 

the energy stored in capacitors and inductors is managed by a high frequency power 

switch. Switching power supplies operate at high-frequency and the capacitors and 

inductors are therefore small. Capacitors in resonant supplies can also large voltage 

swings as they resonantly transfer energy packets from the input to the output. 

 

13.4.1.5 Power Supply Conduction Modes 

 

According to (13.7), the energy stored in inductors is proportional to the square of 

the current through the inductor. During times of light loading and when using 

passive rectifying diodes rather than synchronous rectification, the current through 

the inductor can fall to zero. This condition is known as discontinuous conduction 
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mode (DCM) operation. When the inductor current never falls to zero, or when the 

power supply employs synchronous rectification, the condition is said to be in 

continuous conduction mode (CCM). 

With synchronous rectification, active switches are used for rectifiers and 

current flow can actually reverse direction allowing the current to continue to flow. 

Therefore, unless the synchronous switch is commanded to turn off, the conduction 

mode will always be continuous. 

 

Advantages of DCM over CCM 

 

• The CCM boost, buck-boost, and flyback topologies have a right half-

plane zero (RHPZ) in their control to output transfer function. This means 

that if, for example, the load current increases causing the output voltage 

to initially dip, the response of these topologies will initially correct in the 

wrong direction before correcting in the right direction. The right half-

plane zero is nearly impossible to compensate for in the compensation 

loop. As a result, the control loop in these CCM converters is typically 

made to cross over at a frequency much lower than the RHPZ frequency, 

resulting in lower transient response bandwidths. The DCM version of the 

boost, buck-boost, and flyback converters do not have a right half-plane 

zero and can have higher loop crossover frequency, allowing higher 

transient response bandwidths. 

• In the buck, boost, buck-boost, and all topologies derived from these, the 

input to output and control to output transfer functions contain single-pole 

responses while operating in DCM. Converters with only single-pole 

transfer functions are easier to compensate than converters having a 

double-pole response. 

 

Disadvantages of DCM over CCM 

 

• While operating in CCM, the DC conversion ratio (the output voltage 

divided by the input voltage), is independent of the load, to a first-order 

basis. This characteristic makes DC analysis of converters operating in 

CCM easier. However, while operating in DCM, the DC conversion ratio 

is dependent on load, complicating the DC analysis. 

• When the inductor current reaches zero while in nonsynchronous 

operation, the end of the inductor connected to the switch (also called the 

freewheel end), must immediately transition to the voltage at the other end 

of the inductor. However, there will always be inductive and capacitive 

parasitic elements that will cause severe ringing if damping is not 

implemented. It is possible for this ringing to exceed switch voltage 
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ratings. It is also possible for this ringing to be a source of radiated and 

conducted emissions. Lastly, this ringing can produce undesirable noise at 

the output of the power supply. 

• Boost, buck-boost, and derived topologies including the flyback are 

commonly operated only in DCM to avoid the adverse effects of the RHPZ 

described earlier. However, to achieve the same power in DCM as in CCM, 

the peak and RMS currents are substantially higher, resulting in greater 

losses in the conduction paths and greater ringing because the energy 

stored in inductances is proportional to the square of the current. Energy 

stored that is not delivered to the output causes ringing and subsequent 

losses. 

• In DCM, the inductance must be much smaller in value to allow the current 

to fall to zero before the start of the next cycle. Smaller inductance results 

in higher RMS and peak inductor currents. Because the RMS and peak 

currents are greater in DCM than in CCM, the transformers must be sized 

larger to accommodate greater flux swings and copper and core losses. 

 

13.4.2 Power Semiconductor Switches 

 

All ideal switching supplies continually decompose input power at a given voltage 

and current into energy packets. The small energy packets are then continually 

reassembled into output power at a new desired voltage and current. In an ideal 

supply, the output power is equal to that at the input. In practical applications there 

will be some energy loss due to waste heat. 

The power semiconductor switches perform the decomposition and reassembly 

process, directing the flow of energy from the input, through the inductor and 

capacitor energy storage components, to the output. 

The power semiconductor switches, depending on the topology and 

requirements are active transistors, thyristors, or passive diode rectifiers. 

 

13.4.2.1 Ideal Power Semiconductor Switch Properties 

 

The ideal switch has the following properties: 

 

• Infinite breakdown voltage; 

• When the switch is off, there is zero current through the switch; 

• When switch is on, there is zero voltage across the switch; 

• The turn-on and turn-off transition times of ideal switches are zero; 

• Since the either the voltage or the current is always zero in an ideal switch, 

the instantaneous dissipation, which is the product of instantaneous voltage 

and instantaneous current, is always zero. 
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13.4.2.2 Nonideal Power Semiconductor Switch Properties 

 

A practical switch will approximate an ideal to the first order. Even so, practical 

switches will have parasitic elements which cause: 

 

• Finite breakdown voltage; 

• Leakage current in the off-state; 

• Nonzero voltage across the switch in the on-state; 

• Nonzero turn-on and turn-off transition times; 

• Since there is some voltage across the switch in the on-state, and the 

transition times are non-zero, there is non-zero dissipation which must be 

managed. 

 

13.4.2.3 Power Semiconductor Switch Classification 

 

Power semiconductor devices can be classified in at least two ways: 

 

• By type of charge carrier; 

• By active vs. passive function. 

 

 

Charge Carrier Classification 

 

Power semiconductor devices can have two modes of charge carrier conduction: 

 

• Minority carrier, where charge is carried by electrons in a P-type 

semiconductor, or by holes in an N-type semiconductor; 

• Majority carrier, where charge is carried by electrons in an N-type 

semiconductor or by holes in a P-type semiconductor. 

 

Understanding what type of charge carrier conduction a device has helps us to 

understand its most basic properties and suitability for different applications. 

 

Minority Carrier Devices 

 

Minority carrier devices excel for applications involving higher voltage levels. 

Minority carrier devices used for power semiconductors have a p-n junction where 

the n region is very lightly doped or intrinsic. Since, under reverse bias conditions, 

the n region is nearly devoid of charge carriers and therefore has low conductivity, 

it can sustain a large breakdown voltage. 
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When the device is forward-biased, minority carriers are injected into this n 

region, resulting in a great increase in conductivity, so that under forward bias 

conditions, the on-state voltage is relatively low. This change in the conductivity is 

referred as conductivity modulation. Comparably rated majority carrier devices for 

high-voltage applications would actually have a higher on-state voltage due to the 

product of current and channel resistance. 

However, minority carrier devices are slow to turn-on and turn-off due to a 

large stored minority carrier charge that must be inserted or removed prior to the 

device changing state. This limits the maximum switching frequency to ~100 kHz. 

 

Majority Carrier Devices 

 

Majority carrier devices excel for applications involving lower voltage levels and 

for higher frequencies. Majority carrier devices have fast switching times because 

they do not store minority charge. They operate either by electrostatic control of 

conduction cross-sectional area or by employing a metal semiconductor junction. 

Neither method involves minority carriers. 

 

Active versus Passive Devices 

 

Power semiconductor switches can further be classified according to whether they 

are passive responding devices or actively controlling devices. 

 

Passive Devices 

 

Passive devices change conduction state based on the external voltage and current 

conditions. They do not need to be controlled. For example, when the current 

through a diode attempts to change direction, the diode turns off. When the diode 

becomes forward-biased, it turns on. These off and on states do not depend on any 

control signal to tell the diode to switch. 

 

Active Devices 

 

Active controlling devices are typically three terminal devices and change from a 

blocking state to a conducting state as commanded by a control input signal. Active 

devices control the operation of a switching power supply. 

 

13.4.2.4 Minority Carrier Device Family 

 

Minority carrier devices have charge storage times of a few hundred nanoseconds 

to a few microseconds. Consequently, the switching time is limited to this order of 

magnitude, and the maximum practical switching frequency of a power supply with 
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minority carrier active switches is limited by the storage time to about 50 to 100 

kHz. Some device types have greater minority charge storage and/or more limited 

methods of minority charge removal, resulting in further frequency limitations. The 

minority carrier devices in use today are the PIN diode, BJT, IGBT, and the 

thyristor. 

 

PIN Diode 

 

The power versions of the PN junction diode have broad applicability in switching 

power supplies. The PIN diode is the same as a PN diode, but with the addition of 

an intrinsic layer between the P and the N layers. This intrinsic layer provides the 

breakdown voltage capability of the device since under reverse-bias conditions, it is 

devoid of charge carriers.  

Besides the usual breakdown voltage and rated current, the other main 

consideration in selecting a diode for rectification use is the reverse recovery time. 

Line frequency rectifiers can use standard recovery time diodes since those 

frequencies are 50/60 Hz. Switching power supply applications using minority 

carrier transistors such as IGBTs or BJTs require diodes with fast recovery times of 

less than 500 nsec because of the higher frequency of the switching. Switching 

power supply applications using majority carrier devices such as power MOSFETs 

require ultra-fast recovery times of less than 100 nsec because the switching 

frequencies are even higher. 

 

Advantages of the PIN Diode: 

 

• Inexpensive; 

• Does not require control. 

 

Disadvantages of the PIN Diode: 

 

• Has a reverse recovery time that contributes to power loss. 

 

Typical Maximum Ratings: 

 

• Maximum breakdown voltage, (VRRM):  4500V; 

• Maximum current, (IF):  600 A; 

• Maximum apparent power (VRRM  IF):   2137 kVA. 
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Bipolar Junction Transistor 

 

The BJT is an older technology. Switching power supply applications for BJTs 

include switching voltages over 600V at frequencies less than 20 kHz. Due to 

conductivity modulation effects, the BJT can exhibit lower on state collector-emitter 

voltage than the drain-source voltage across a comparable MOSFET.  The BJT has 

three terminals: collector, base, and emitter. The BJT conduction state is controlled 

by the level of current injection into the base terminal. The governing relationship 

is: 

 

 C FE BI h I=  (13.9) 

 

The current gain, hFE, for a power BJT may be in the range of 20–100 for lighter 

collector currents. However, as maximum rated collector current is approached, hFE, 

degrades to the range of 5–10, making control of the device more difficult. 

Additionally, VCEsat increases causing much greater conduction losses. 

The BJT also has substantial storage charge that limits its ability to turn off 

quickly. Typical storage time and collector fall time is in the range of 1–5 s. This 

turn-off time limits the maximum practical switching frequency of power supplies 

using BJTs as the power semiconductor switch. 

 

Advantages of the Power BJT: 

 

• In low power and lower switching frequency applications, the slower 

switching speed can be used to minimize EMI generation, reducing or 

eliminating the requirements for input EMI filtering. Power supply cost 

and size reductions result. 

• Lower on-state voltage relative to a comparable power MOSFETs for 

devices with ratings over 600V. 

 

Disadvantages of the Power BJT: 

 

• Substantial control current required, resulting in efficiency issues; 

• Substantial turn-off storage time, resulting in slow switching times and 

therefore relatively slow maximum switching frequencies. 

 

Power BJT Typical Maximum Ratings 

 

• Maximum collector to emitter breakdown voltage, (VCEO):  1200V; 

• Maximum collector current, (IC):  60A; 

• Maximum apparent power (VCEO × IC):   213.8 kVA. 
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Insulated Gate Bipolar Transistor 

 

The insulated gate bipolar transistor (IGBT) is a recent technology. Switching 

power supply applications are for switching voltages over 600 V at frequencies less 

than 100 kHz and for higher power levels than either the BJT or power MOSFET 

can support.  The IGBT is a three-terminal hybrid of the BJT and power MOSFET. 

Internally, the drain of an N-channel power MOSFET sinks current from the base 

of a PNP BJT (see Figure 13.28). Therefore, the IGBT has a high impedance input 

similar to a MOSFET. It also has a collector-emitter output that has a large 

breakdown voltage and a low on-state voltage as in a BJT. IGBT technology has 

been greatly improved, resulting in shorter turn-off delay times compared to the 

BJT. 

The IGBT is a device that combines the MOSFET gate driving characteristics 

with the high current and low saturation voltage of a BJT. It acts as a high-frequency, 

high-current switch that is used in AC/DC inverter, motor control, and in switching 

mode power supply applications.  

It has lower VCE (saturation) voltage that allows it to operate with a higher 

current density than with bipolar transistor. It can be modeled as a PNP transistor 

driven by a power MOSFET. The normal gate driving voltage used is in the region 

of 15V where saturation voltage is obtained so that conduction loss is kept to a 

minimum. 

The safe operating area (SOA) is critical information that shows the maximum 

operating current and voltage of the device. It shows the forward-bias SOA and 

reverse-bias SOA when the gate emitter junction is forward-bias and reversed-bias 

respectively. 

The IGBT technology is improving with better switching speed, lower 

conduction voltage drop, higher current carrying capability and higher reliability. 

 
 
Figure 13.28 IGBT model. 
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The availability of these devices with current up to 1 kA, voltage ratings up to 2 kV, 

switching speeds of 200 nsec and on-state voltage down to 2.0V and below have 

made these devices a popular choice among designers in the world of power 

electronics. 

The advancement of this technology has enabled the inverter system solutions 

to be implemented for many consumer electronics appliances such as air 

conditioning controls and refrigerator controls. 

 

Advantages of the IGBT 

 

• Voltage-controlled, high-input impedance device, easier than current 

control of BJT; 

• For devices with higher voltage ratings, the on-state voltage is much lower 

than that of a comparable MOSFET; 

• Power handling capability is ten times better than power MOSFETs or 

BJTs; 

• Shorter delay times relative to the BJT, about 300 nsec to 1500 nsec. 

 

Disadvantages of the IGBT: 

 

• Have a current tail turn-off characteristic that results in longer delay times 

relative to the power MOSFET. 

 

IGBT Typical Maximum Ratings 

 

• Maximum collector to emitter breakdown voltage, (VCEO):  4000V; 

• Maximum collector current, (IC):  400A; 

• Maximum apparent power (VCEO  IC):   340 kVA. 

 

Thyristors 

 

The most prolific member of the thyristor family is the silicon-controlled rectifier 

(SCR). 

 

Silicon-Controlled Rectifier 

 

The SCR is the oldest semiconductor technology used in power switching 

applications.  The circuit symbol for the SCR is shown in Figure 13.29. SCR 

applications primarily involve either phase control of AC line power or electronic 

crowbars where it is desired to rapidly dump energy stored in a large capacitor. 
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Because an SCR has a large turn-off time, it is not suitable for switching 

applications greater than about 400 Hz. 

The SCR has three terminals: anode, gate, and cathode. Conduction from the 

anode to the cathode begins when current is injected into the gate. A conducting 

SCR looks like a diode, and once conduction begins, the SCR latches on so that 

removal of the gate drive does not turn the SCR off. The SCR can only be turned 

off when the anode to cathode current falls below the holding current specification 

or reverses. Before the SCR can turn off, the minority charge carriers must be 

removed by the reverse current or recombination effects. 

 

Advantages of the SCR 

 

• Operating characteristics lends the SCR to phase control of AC powers; 

• Lowest cost per kVA of all power semiconductor switches; 

• Large power handling capability. 

 

Disadvantages of the SCR 

 

• Substantial minority carrier charge storage time, limiting upper switching 

frequency to 400 Hz or less. 

 

SCR Typical Maximum Ratings 

 

• Maximum anode to cathode breakdown voltage, (VAK):  3800V; 

• Maximum anode current, (IA):  3360A; 

• Maximum apparent power (VAK  IA):   6726 kVA. 

 

 

13.4.2.4 Majority Carrier Device Family 

 

Majority carrier devices do not store significant minority carriers and therefore have 

turn-on and turn-off times an order of magnitude faster than minority carrier 

devices. Switching times of majority carrier devices are less than 200 nsec and 

frequently very much less. Consequently, the maximum practical switching 

 

 
 
Figure 13.29 SCR. 
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frequency of a power supply with majority carrier active switches can reach 1 MHz 

and beyond. 

 

Power MOSFET 

 

We will discuss the N-channel enhancement mode power MOSFET. There is also a 

P-channel enhancement mode power MOSFET for some power supply applications. 

The power MOSFET has three terminals: drain, gate, and source. The gate to 

source voltage controls the conduction state of the power MOSFET. There is an 

insulating layer between the gate and an electrostatically controlled conduction 

channel between the drain and the source. Application of a gate to source voltage 

greater than the device threshold voltage will cause the power MOSFET to turn on 

by modulating the geometry of the electrostatic conduction channel. 

Power MOSFETs also contain a slow reverse recovery time antiparallel body 

diode from the drain to the source. 

 

Parameters of the Power MOSFET 

 

• RDS, the on-state drain to source resistance, which causes conduction losses 

and non-zero voltage drop across the on-state switch; 

• CDG, the Miller, drain-to-gate, or reverse-transfer capacitance, which slows 

the turn-on and turn-off transition time of the transistor switch as well as 

potentially being a source of instability and dV/dt turn-on problems; 

• CGS, the gate to source capacitance, which contributes a delay time to the 

turn-on and turn-off of the transistor switch. 

 

Advantages of the Power MOSFET 

 

• Voltage controlled, high-input impedance device, easier than current 

control of BJT; 

• Fast switching speed because they are free from minority carrier stored 

charge. 

 

 

 

Disadvantages of the Power MOSFET 

 

• Can be susceptible to thermal runaway in power supply applications 

requiring constant current; 

• Fast transient switching induces greater radiated and conducted emissions; 
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• Devices with breakdown voltages of 600V or higher typically have greater 

on-state voltages than comparable minority carrier devices. 

 

Power MOSFET Typical Maximum Ratings 

 

• Maximum drain to source breakdown voltage, (VDS):  4000V; 

• Maximum drain current, (ID):  600A; 

• Maximum apparent power, (VDSID):  56 kVA. 

 

SiC Power MOSFET 

 

SiC is a semiconductor material for use with power MOSFETs. These devices have 

an RDSon about one third that of comparable silicon power MOSFETs, allowing for 

on-state voltages comparable to IGBTs. This feature opens the door to high power 

applications for power MOSFET’s with breakdown voltages over 600V. Since the 

silicon carbide power MOSFET is a majority carrier device, there is no associated 

storage time to cause the well-know current tail characteristic of IGBTs. 

Consequently, SiC power MOSFETs enable high voltage switching at frequencies 

greater than 50 kHz. 

Additionally, the total gate charge on a SiC power MOSFET is actually about 

three times less than for a comparable silicon power MOSFET, resulting in yet 

further gains in the upper frequency limit and/or reduction of switching loss. 

Furthermore, the SiC material is relatively insensitive to operating temperature, 

allowing an RDSon that is stable over the operating temperature. The maximum 

junction temperature is typically 200 oC. 

 

Advantages of the SiC Power MOSFET 

 

• Low on-state drain to source voltage due to low RDSon; 

• Low total gate charge; 

• RDSon changes little as temperature is increased; 

• Higher maximum junction temperature. 

 

 

 

 

Disadvantages of the SiC Power MOSFET 

 

• Gate drive requires greater voltage for full enhancement and slightly 

negative values for reliable cutoff; 
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• Thoughtful consideration of parasitic layout parameters required due to 

very fast switch transitions; 

• Likely to generate greater emissions due to rapid switch transitions. 

• Cost. 

 

GaN MOSFETs 

 

GaN is another semiconductor material for use with power MOSFETs with 

breakdown ratings of 200V or less. These devices have a total gate charge 

approximately one fifth that of comparable silicon MOSFETs and an RDSon about 

half or less. This feature enables switching applications well above 2 MHz in 

frequency, greatly reducing component size for nonisolated topologies and 

facilitating large stepdown ratios in buck converters [3]. 

 

Advantages of the GaN Power MOSFET 

 

• Very low total gate charge; 

• Low RDSon resulting in lower conduction losses; 

• RDSon changes less than silicon power MOSFETs with temperature; 

• Device is fully enhanced with a gate to source voltage of 5V. 

 

Disadvantages of the GaN Power MOSFET 

 

• Thoughtful consideration of parasitic layout parameters required due to 

very fast switch transitions; 

• Likely to generate greater emissions due to rapid switch transitions. 

 

GaN Power MOSFET Typical Maximum Ratings 

 

• Maximum drain to source breakdown voltage, (VDS):  1200V; 

• Maximum drain current, (ID):  33A; 
• Maximum apparent power, (VDSID):  6.6 kVA. 

 

Comparing IGBT and MOSFET Structures 

 

The structures of both IGBTs and MOSFETs are very similar. When it comes to 

electron current flow, an important difference is the addition of a P-substrate layer 

beneath the N-substrate layer in the IGBT. In this extra layer, holes are injected into 

the highly resistive N-layer, creating a carrier overflow. This increase in 

conductivity within the N-layer helps reduce the total on-state voltage of the IGBT. 

Unfortunately, it also blocks reverse current flow. As a result, an additional diode 
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(often referred to as a freewheeling diode) gets placed parallel with the IGBT to 

conduct the current in an opposite direction. 

The absence of minority carrier transports allows MOSFETs to switch at higher 

frequencies. There are, however, two limitations: the transit time of electrons across 

the drift region and the time required to charge/discharge the input gate and Miller 

capacitances. 

 

Switching Power 

 

A reduction in on-state voltage can cost the IGBT to experience slower switching 

speed at turn-off. The reason is that while electron flow can be abruptly halted 

simply by reducing the gate-emitter voltage below the gate threshold voltage (as is 

the case with the MOSFET), there’s still the matter of the holes that are left in the 

drift and body regions (there’s no terminal connection to remove them). The only 

way to get them out of there is by sweep-out, which is dependent on voltage across 

the device and internal recombination. As a result, the device displays a tail current 

at turn-off until the recombination is complete. This has always been a big drawback 

for the IGBT. 

 

Conclusion 

 

MOSFETs and IGBTs are fast replacing a large majority of older solid-state and 

mechanical devices. It’s a movement that doesn’t look like it’s going to slow down 

any time soon either, especially with the development of SiC material quality. SiC 

power devices are showing developers advantages like less loss, smaller size, and 

improved efficiency. Innovations like this will continue to push the limits of 

MOSFETs and IGBTs into higher-voltage and higher-power applications. As a 

result, trade-offs and overlaps are likely to continue in many applications. With that 

being the case, careful analysis of the device itself is perhaps the most logical 

solution when faced with the task of selecting a transistor for SMPS applications. 

 

Silicon Schottky Diodes 

 

The power versions of the silicon Schottky diode also have broad applicability in 

switching power supplies. Being majority carrier devices, silicon Schottky diodes 

do not have minority stored charge and therefore have zero reverse recovery time. 

However, silicon Schottky diodes have roughly 10× as much junction capacitance, 

which can have similar effects as reverse recovery time as well as ringing with 

parasitic inductance in the circuit. 

Silicon Schottky diodes have substantially less forward voltage drop than their 

non-Schottky counterparts, which can be used advantageously to reduce conduction 

losses or to tweak output voltage for certain topologies. 
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An undesirable characteristic of silicon Schottky diodes is much greater reverse 

leakage current, which can be problematic at elevated temperatures, causing 

substantial dissipation on the device and loss of efficiency. 

 

Advantages of Silicon Schottky Diodes 

 

• Zero reverse recovery time; 

• Substantially less forward voltage drop compared to conventional diodes. 
 

Disadvantages of Silicon Schottky Diodes 

 

• Ten times greater junction capacitance than conventional diodes; 

• Substantially greater leakage current compared to conventional diodes. 
 

Silicon Schottky Diode Typical Maximum Ratings 

 

• Maximum collector to emitter breakdown voltage, (VRRM):  250V; 

• Maximum collector current, (IF):  140A; 

• Maximum apparent power (VRRM  IF):   24 kVA. 

 

Silicon Carbide Schottky Diodes 

 

SiC Schottky diodes, being majority carrier devices, do not store minority carrier 

charge and therefore do not have a reverse recovery time. Additionally, the SiC 

semiconductor has excellent stability characteristics over the operating temperature 

range as well as increased maximum junction temperature. Unlike the silicon 

Schottky diode, the forward voltage drop and junction capacitance of a SiC Schottky 

diode are comparable to the non-Schottky diodes. Like the silicon Schottky diodes, 

the SiC Schottky diodes have substantially greater leakage current compared to 

conventional diodes. 

 

Advantages of Silicon Carbide Schottky Diodes 

 

• Zero reverse recovery time; 

• Relatively insensitive to operating temperature change; 

• Greater maximum junction temperature. 

 

Disadvantages of Silicon Carbide Schottky Diodes 

 

• Substantially greater leakage current compared to conventional diodes. 



RF Electronics for Electronic Warfare 

 

598 

 

Silicon Carbide Schottky Diode Typical Maximum Ratings 

 

• Maximum  breakdown voltage, (VRRM):  1700V; 

• Maximum forward current, (IF):  25A; 

• Maximum apparent power (VRRM  IF):   42.5 kVA. 

 

Gallium Arsenide Schottky Diode 

 

GaAs Schottky diodes have the lowest junction capacitance of all power 

semiconductor diodes. Consequently, they are able to operate at switching 

frequencies substantially higher than other types of power semiconductors. 

Switching at 5 MHz and beyond is possible. 

 

Advantages of GaAs Schottky Diodes 

 

• Lowest junction capacitance; 

• Temperature stable. 

 

Disadvantages of GaAs Schottky Diodes 

 

• Generally higher leakage currents; 

• Generally lower breakdown voltages. 

 

 

 

GaAs Schottky Diode Typical Maximum Ratings Available 

 

• Only one breakdown rating available: 300V; 

• Maximum forward current, (IF):  29A; 

• Maximum apparent power (VRRM  IF):   13.7 kVA. 

 

13.4.3 Power Supply Isolation 

 

In the context of power supply design, isolation is the electrical and sometimes 

magnetic separation between two circuits in close proximity to each other. Isolation 

is usually required when one topology is incompatible with another, causing 

interference and improper operation one way or the other. 
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13.4.3.1 Main Purposes of Power Supply Isolation 

 

There are many purposes for isolation. Some of the most common are delineated 

here. 

 

Safety 

 

Electronic power supplies commonly process dangerous voltages with low 

impedances. Isolation is often required to prevent operator contact with dangerous 

voltages. Transformers used within power supplies function as a safety isolation 

transformer. 

 

Voltage Level Shifting 

 

Power supply designs must often accommodate loads at different potential voltages 

than the source. Isolation is often required to achieve the potential level shifting. 

Within the power supplies themselves, voltage level shifting devices may be 

required to couple energy or signals to circuits at two or more different voltages. 

Such an example is a gate drive transformer used for high-side switch control. 

 

Enable Step-Up Conversion Using Buck-Derived Topologies 

 

The buck converter has a conversion ratio that is a linear function of duty. This 

characteristic is very desirable. However, the buck converter is a step-down 

converter only. To achieve a conversion ratio greater than one without a transformer, 

we must use a converter topology such as a boost, buck-boost, noninverting buck-

boost, SEPIC, and so forth. However, these topologies all have nonlinear conversion 

ratios. To achieve conversion ratios greater than one with a linear conversion ratio, 

a transformer isolated derivative of the buck converter can be used. This type of 

converter can even be used to achieve a buck-boost type characteristic where the 

input voltage can range greater or less than the output voltage. 

Nonbuck derived topologies with nonlinear conversion characteristics can also 

use transformers for isolation and assisting with step-up and step-down conversion. 

The most common example is the flyback topology (the transformer in the flyback 

more correctly functions as a multiple winding inductor). 

 

Obtaining Multiple Output Converters 

 

The isolating characteristics of a transformer also allow the design of power supplies 

with multiple outputs by adding windings to the transformer along with rectifier and 

filter components. A very common example of this type of power supply is the 

desktop computer supply with +12V, +5V, and +3.3V outputs. 
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Ground Loop Prevention 

 

Isolation between circuits can also be used for the purpose of preventing ground 

loops. Ground loops occur when two or more circuits share a common return path. 

When ground loops occur, there is the high likelihood that the signal voltage 

developed by current from one of the circuits on the return path will disrupt the 

operation of the other circuit. 

 

Providing Galvanic Isolation 

 

Electrical isolation inherently provides galvanic isolation since galvanic corrosion 

depends on the conduction of electrical charge. 

 

13.4.3.2 Power Supply Isolation Methods 

 

There are at least three methods for achieving isolation in power supplies: physical 

separation, transformers, and optical couplers, although isolation can be achieved in 

many ways. Each of these methods has its advantages and disadvantages and is 

usually optimal in different situations. 

 

Physical Separation 

 

The most obvious form of power supply isolation is simple physical separation—

used when there is no electrical, magnetic, or thermal interaction desired. The 

separation may employ different types of dielectric mediums between the 

conducting surfaces. 

 

Transformers 

 

Transformers provide electrical isolation, but allow power to be magnetically 

coupled through from primary to secondary. They are used when it is desired to 

transfer power across the power supply isolation boundary and can be designed for 

safety isolation, voltage level translation, step-up and step-down functions. 

 

Optocouplers 

 

Optocouplers are used to transfer signals across different voltage levels, and without 

introducing significant parasitics across the boundary. Two types are: 

 

• IC Package 
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The optocoupler in an IC package consists of a light-emitting device and a 

light receiving device inside the same IC package. Both are semiconductor 

devices. The efficiency of transfer is described by the current transfer ratio 

(CTR). The CTR ages with input drive level and with operating 

temperature making careful design with these devices important. In power 

supplies, they are commonly used to transfer feedback from the secondary 

to the primary across the power supply isolation boundary. Typical 

isolation voltages for this type of device are on the order of 3 kV. 

 

• Optical Fibers 

 

High-voltage power supplies can make use of optocouplers with a data 

transmission fiber between the transmitter and the receiver. This form of 

optocoupler can achieve tens and even hundreds of kilovolts of isolation 

while processing control and data signals. Optocouplers use light rather 

than electronics to provide the feedback. 

 

Power Supply Isolation Parasitics 

 

Isolation is never perfect. It is a poor practice to assume that if conductors do not 

touch, then they are isolated. The parasitic parameters described in this section are 

responsible for undesirable isolation boundary performance. 

 

Imperfect Insulators 

 

All insulators have some degree of conductivity, resulting in leakage current. This 

condition worsens as voltage levels increase because the electric field increases as 

the voltage level increases. The dielectric properties of insulators varies, depending 

on the insulating material under consideration. 

 

Surface Tracking 

 

Surface tracking is caused by conduction contaminants on the insulator surfaces 

between conductors. This type of parasitic is commonly responsible for circuits with 

extremely high lumped resistance values not working as planned. The greater the 

voltage potential between the conductors, the greater is the tracking current. If the 

combination of contaminant surface density is great enough or the voltage potential 

is great enough, an arc will occur leaving a carbon trail that is difficult to remove. 

Once the carbon trail is formed, the voltage holdoff capability at that location is 

compromised. 
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Dielectric Breakdown 

 

Dielectric breakdown occurs when the electric field strength across a dielectric 

medium is great enough to cause electrons to be stripped from their normal orbiting 

locations around the atoms. If the dielectric is not renewable, the reliability of the 

part is compromised. If the dielectric breakdown occurs along an insulation surface 

between two conductors, a carbon path is left which will result in surface tracking 

at that location. 

 

Stray Capacitance 

 

Every insulator material used in isolation applications exhibits capacitance that is a 

function of the area of and distance between the effective conducting surfaces, as 

well as the dielectric constant of the material. At frequencies greater than DC, there 

will be some current flowing through the effective capacitor. This effect causes two 

circuits to be DC isolated but not AC isolated. If the circuits are physically close 

enough to each other, and the frequency components are high enough, one circuit 

will be able to disrupt the operation of the other circuit. This is known as crosstalk.  

Stray capacitance between primary and secondary windings is a common source of 

objectionable common mode currents and can cause power supplies to fail 

emissions testing. 

 

Leakage Inductance 

 

Transformers will always have a parasitic called leakage inductance. It is caused by 

flux from one winding not linking with the other winding(s). Leakage is typically 

seen as an undesirable parasitic that should be minimized. In resonant supplies it is 

possible to use it advantageously. 

 

Mutual Inductance 

 

Mutual inductance causes undesired linking between two different circuits. This is 

usually a problem when there are large magnitude currents with rapid switching 

transients in close proximity to sensitive nodes of other circuits. 

 

Transformers 

 

Power supplies contain two main circuits: a primary side and a secondary side. The 

primary side connects to the power source, and the secondary side connects to the 

load. The transformer is the interface between the two main circuits. 
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Transformers convert the voltage available on the primary side to the required 

voltage level on the secondary side. Energy transfers from the primary side to the 

secondary by the continuous building up and collapsing of a magnetic field. 

Alternating current passing through the primary winding generates this field. The 

transfer of energy, from the primary to the secondary, takes place during the build-

up and collapse phase of the magnetic field. This electromagnetic energy gets picked 

up by the secondary winding to generate the required voltage on the secondary side. 

The voltage generated on the secondary side is generally proportional to the 

ratio of number of wire turns between the primary and the secondary windings. A 

transformer is normally made of a primary winding of copper wire, which is isolated 

from a secondary winding, and a core, which is made from a ferrous material such 

as iron or ferrite. Design and construction of a transformer requires consideration of 

such things as input and output current, voltage, core cross-sectional area and 

materials, insulation materials and methods, physical size and style, and temperature 

rise caused by core and wire losses. A transformer that has not been designed 

correctly may have less efficiency and may be electrically unsafe. 

The basic technology behind switching transformers is as follows: as the rate 

of change of the magnetic field increases in the transformer (i.e., increase in switch 

frequency), the transformer can be made smaller with smaller cores and wires to 

produce the same output power. Lighter core materials such as ferrite can be used 

instead of laminated iron. The resulting transformer assembly becomes much 

smaller and lighter than its linear counterpart. 

 

 

13.5 Power and Ground Distribution 
 

A well-performing RF layout requires careful planning of board part placement, 

power supply routing, supply bypassing, and grounding. These techniques, along 

with correct placement of filter components, can address PLL and other spurs that 

generate EMI. We discuss some of these layout issues in this section while EMI 

factors and issues are presented in Chapter 14. Power distribution is frequently not 

considered until late in the design process and that is often too late to take into 

consideration the many issues that power involves. 

 

13.5.1 Fundamentals of Supply Routing and Bypassing 

 

When designing RF circuits, the implementation and layout of the power supply 

section is often treated as an afterthought when compared with the high-frequency 

signal path. Without careful consideration, it is easy for the supply voltages around 

the circuit to become corrupted and noisy, adversely affecting the system 

performance of the RF circuitry. Proper planning of the PCB layer stack-up, VCC 
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routing via a star topology, and proper decoupling of the VCC pins will help in 

achieving the best RF performance possible. 

Starting with a sensible PCB layer definition will ease the rest of the layout 

process. Given a four-layer board, as is commonly used in WLAN routing, a typical 

stack-up would be to use the top layer for component placement and RF routing, a 

ground plane on the second layer, power routing on the third layer and whatever 

signal routing remains on the fourth layer. 

Placing an uninterrupted ground plane on the second layer, is imperative for 

establishing well-controlled impedances for the RF signal paths. It also allows for 

ground returns to be as short as possible and isolates the first and third layers so that 

coupling is minimized. While it is possible to effectively use other stack-up 

approaches (required if a different number of layers is used), the aforementioned 

approach has been proven to be successful. While it may be tempting to use a large 

power plane to simplify the routing of the VCC signals, this approach will most 

definitely lead to degraded system performance. By tying all of the supply voltages 

together at a large plane, it is impossible to prevent noise transfer from one pin to 

another. 

Instead, using a star topology reduces coupling between the various supply pins 

in a system. An example of distributing VCC through a star topology is shown in 

Figure 13.30. A main VCC node is established, from which individual traces branch 

out to feed each of the RF IC supply pins. Using independent traces for each supply 

pin presents spatial separation between the pins, thus minimizing the amount of 

coupling. Each line will also have a finite amount of parasitic inductance associated 

with it, and that inductance works in our favor to help filter high-frequency noise 

from the lines. 

When using a star topology for VCC routing, it is necessary to properly decouple 

the supply lines. Decoupling is complicated by the fact that capacitors have parasitic 

inductance. In practice, a capacitor is represented as a series RLC circuit as shown 

in Figure 13.31. The capacitance will dominate at low frequencies, but after the self-

resonant frequency (SRF) at 

 

            SRF

1

2
f

LC
=


            (13.10) 

 

the impedance of the capacitor will begin to look inductive. Thus, a capacitor is only 

useful for decoupling purposes over a frequency range that is near or below its SRF, 

where the capacitor presents a low impedance at the frequency of interest. 
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Figure 13.31 Equivalent circuit of a capacitor. 

 
 
Figure 13.30 VCC star topology. 
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Figure 13.32 shows typical s11 performance for various capacitor values. From 

these plots, the SRFs can be seen by the dip in the graph. We can also see that the 

higher capacitances provide better decoupling (apparent lower impedance) at lower 

frequencies than the lower-valued capacitors. 

In a good board design, drop as many vias to ground as possible in the RF 

circuitry section—especially for the exposed grounding paddle of popular IC 

packages.  

At the main node of the VCC star, it is desirable to place a large-valued capacitor 

such as 2.2 μF. This capacitor has a low SRF but is effective at removing low-

frequency noise and creating a stable dc voltage. At each supply pin of the IC, a  

lower-valued capacitor such as 10-nF should be used to remove any higher-

frequency noise that may couple onto the VCC line. 

If the part of the circuit that the supply pin is powering is sensitive to noise (i.e., 

a VCO supply) it may be necessary to place two capacitors close to the IC. For 

example, using a 100-pF cap in parallel with a 10-nF capacitor will provide a wider 

frequency range of decoupling and will make the supply less susceptible to noise. 

Each supply pin should be carefully examined to determine how much decoupling 

is necessary and at what frequencies the particular circuitry is most vulnerable to 

noise. 

Combining good power supply decoupling techniques with a well-thought-out 

PCB layer stack-up and careful VCC routing (implementing a star topology (see 

Figure 13.30) will provide a solid foundation for any RF system design. While there 

are other factors that can degrade system performance, having a supply as noise free 

as possible is essential in achieving optimal performance. 

 

 

 

 
 
Figure 13.32 Capacitor impedance variation with frequency. 
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13.6 Decoupling and Bypassing for Power Supply Noise 

Reduction 

 

13.6.1 Introduction 

 

Many of the problems that appear in EW systems, in particular interference and 

EMC problems, emanate from the nonideal power supply. Noise and spurious 

oscillations can occur in real power supplies. Rules of thumb are available that can 

usually be applied successfully to simple problems; however, with a little 

understanding and forethought even the more obscure problems can be overcome. 

 

13.6.2 Bypassing and Decoupling 

 

Many believe bypassing and decoupling are synonymous. They are not; they are 

distinct concepts, and each is a solution to a different problem (see Figure 13.33). 

 

Bypassing is the reduction of current flow (usually higher in frequency) in a high 

impedance path by shunting that path with a bypass device, usually a capacitor 

(denoted here by Cbyp). Bypassing is used to reduce the noise current on power 

supply lines. 

 

Decoupling is the isolation of two circuits on a common line. The decoupling 

network is usually a low-pass filter and the isolation is rarely equal in both 

directions. Decoupling is used to prevent transmission of noise from one circuit to 

another. In Figure 13.33 a bypass capacitor, Cbyp, is shown along with the 

decoupling circuit composed of Ldec and Cdec. This is because in practice bypassing 

is always used when decoupling. 

 

 
 

Figure 13.33 Bypassing and decoupling. 
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Most circuits in EW systems require bypassing, not decoupling. Decoupling is 

frequently used in sensitive receiver front ends, however, since EW receivers are 

typically extremely sensitive by design. Understanding both concepts is important; 

we begin with bypassing. 

 

13.6.3 Bypassing 

 

Due to the finite bandwidth of all voltage regulators, their output impedance 

increases with frequency, which can be modeled as an inductor in series with the 

output. Typical values lie between 1 μH and 2 μH for a linear three-terminal 

regulator. The output impedance of switching regulators varies widely, depending 

on the implementation, and should be measured for each case. The interconnecting 

leads add about 20 nH per inch. When an active load is connected, the time-varying 

current demand creates a noise voltage across these inductors. This noise voltage 

can be reduced in two ways: reduce the rate of change of the current passing through 

the inductor since 

 

 L ( )
di

v t L
dt

=   (13.11) 

 

or reduce the inductance (or both). Bypassing reduces the rate of change of the 

current through the inductor. 

In bypassing, a high-frequency, low-impedance path (a capacitor) is provided 

for the varying currents from the load that shares as little inductance as possible with 

the power supply leads. The key to successful bypassing is to properly determine 

the flow of current from a load and to supply a return path that is not common with 

any other part of the circuit (see Figure 13.34). The bypass path must have a 

significantly lower impedance at the frequency of interest than the power supply 

leads. It is always better to use many small capacitors connected in parallel than one 

large one. This is because the equivalent series inductance does not vary 

significantly with capacitance. The parallel bypass paths achieved with the small 

capacitors results in a much lower total inductance. 

Determining the correct return current path is important; it is often not obvious 

at first glance as demonstrated in Figure 13.35. In this case the standard bypassing 

is applied, which causes a current to flow in the ground and supply leads, which 

generates a noise voltage. In Figure 13.36, this situation is remedied. 
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Figure 13.35 Improper bypassing. Bypass current runs through shared supply lines, in this case both the 
V+ lines as well as ground. 
 

 

 
 

Figure 13.34 Proper bypassing isolates the noise current paths. 
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13.6.4 Reducing Inductance 

 

As mentioned, one way to reduce the noise voltage developed in the power supply 

inductance is to reduce that inductance since L L L Lω .v X i j Li= =  To reduce the 

inductance of a linear regulator, its bandwidth can be increased, or its open-loop 

output impedance can be decreased. Of course, either of these options requires a 

freshly designed regulator. There are also two methods for decreasing the 

inductance of the power supply bus. One is to decrease its self-inductance, and the 

other is to increase the mutual coupling to its return path (see Figure 13.37). A wire’s 

self-inductance can be reduced by decreasing its length, increasing its radius (a 

small effect), or running multiple isolated wires. 

The coupling shown in Figure 13.37 between the forward and return paths 

causes the voltage generated in the self-inductance of one path to be canceled by the 

voltage induced from the coupling from the other path. Of course, with perfect 

coupling comes perfect cancelation and zero effective inductance. It is best to place 

the forward and return paths as close as possible. Closely spaced supply planes, as 

opposed to supply traces, along with a ground plane, causes decreases in the mutual 

 

 
 

Figure 13.36 Proper bypassing. Here the bypass current avoids both the power supply lines. 

 
 

 

 

 
 

Figure 13.37 Using mutual coupling to reduce inductance. 
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coupling between paths by decreasing the distance between the planes. If traces 

must be used their width should be as wide as possible. 

When using two-layer boards, it is difficult to lay out power supply planes. 

Another technique is to use a power grid combined with a ground plane. Many 

isolated traces to the load from the power supply are thus created, which reduces the 

self-inductance of the supply. This technique can be very successfully applied on 

digital boards where some cross coupling does not significantly disrupt signals. On 

analog boards, even this is difficult to do, especially when isolation between circuits 

is required (as for example, in the aforementioned RF front ends). In this case, the 

preferred method is to structure the supply Cdec like a tree as illustrated in Figure 

13.30. This minimizes the length, and hence the inductance, of the supply Cdec. 

Avoid long serial, or daisy-chained power supply traces. 

 

13.6.5 Decoupling 

 

When it is required to isolate one circuit from the noise of another, the amount of 

shared supply trace between them should be reduced. If that is not adequate, 

decoupling should be used. Decoupling decreases noise transmission in two ways 

(see Figure 13.38). First, since decoupling always consists of a high impedance 

element in series with the supply line, it assists the bypassing and encourages the 

noise current to flow through the low impedance bypass element rather than the 

supply. Second, it acts as a-low pass filter so that the high-frequency content of any 

current that does pass through the series element will be attenuated, so that the 

regulator will be able to keep the supply voltage stable. 

The series element may either be a resistor (when DC voltage drop is not an 

issue), or an inductor, or both. Sometimes even a parallel resonant tank circuit may 

be used if the noise is concentrated at one frequency. 

Two parameters are dominant when choosing component values for a 

decoupling network. First, obviously, is isolation versus frequency. Second, and 

frequently disregarded, is the impedance seen by the load. This second point is 

important because a large output impedance will cause the load noise current to be 

translated into a noise voltage larger than otherwise. Typically, a large series 

inductor is chosen to give good isolation. This, then, requires a large bypass 

capacitor in order to keep the output impedance at a reasonable level. Therefore, the 

 

 
 

Figure 13.38 Current paths in a typical decoupling network. 
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decoupling network becomes large and expensive. For both economy and size, the 

smallest inductance that gives the required isolation should be used. It is sometimes 

possible to get good isolation, low output impedance, and small component values 

by using a multisection filter rather than a single series inductor. This allows the 

cutoff frequency of the filter to increase while keeping the isolation high at the 

frequency of interest. This eases the requirements on the bypass capacitor. 

With the circuit in Figure 13.38, care must be taken to assure that there is 

negligible noise on the power supply side. If not, Cdec will couple the noise to 

ground, likely creating more problems. 

 

13.6.6 Damping 

 

When we added this bypass capacitor to the stray inductance, the power supply 

became an underdamped resonant circuit. This leads to ringing and noise peaking 

on the supplies, which likely will end up on the output. Often, this problem is 

severely aggravated using LC decoupling networks. For example, consider the 

decoupling network shown in Figure 13.39. When a 20-mA step is applied, the 

resulting ringing has a peak amplitude of over 500 mV and a time constant for the 

decay of over 40 μsec. Care must be taken in designing bypassing and decoupling 

networks to minimize transient response amplitude and provide damping. Transient 

response can be approximated with 

 

 peak peak for 1
L

V I Q
C

=   (13.12) 

 

where for parallel RLC 

 

 
2
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Figure 13.39 A decoupling network and its measured response to a 20-mA current step. 
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and for series RLC 

 

 
2

and 2
L L

Q
RR C

=  =  (13.14) 

 

There are several techniques for providing damping, four of which are shown 

in Figure 13.40. Method A provides the best isolation and the lowest output 

impedance at high frequencies. The downside of method A, however, is that it 

suffers from high DC series resistance, which reduces output voltage and supply 

regulation. Methods B and D are usually unacceptable for other reasons. When low 

DC output resistance is required, method C is the preferred damping method. The 

problem with C is its high-frequency output impedance. By adding series resistance 

to the bypass capacitor, the amplitude and high=frequency components of the 

transient response to the load are increased. The amplitude of the critically damped 

response is twice that of the undamped. When the resistive parasitics in the 

components are not enough to provide proper damping, consideration should be 

given to whether the advantages of damping outweigh the disadvantages. 

 

 
 

Figure 13.40 Several methods for damping decoupling networks along with the value of the resistor 

needed for critical damping. 
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It is not necessary to provide damping for every bypass capacitor; rather a single 

large capacitor can be added to each board and damping provided for that capacitor. 

This is illustrated in Figure 13.41. The single large capacitor must be at least 16 

times larger than the sum of all the high-speed bypass capacitance connected to the 

supply to dominate in the damping resistor calculation. If the capacitor is large and 

the inductor is small, then often the equivalent series resistance (ESR) of the 

capacitor may be large enough to damp the network.  

It is necessary that both the series RCL network consisting of L, Rdamp, and 

Cdamp, and the parallel RCL network consisting of L, Rdamp, and Cbyp be properly 

damped. This requires that both 

 

 damp

damp

2
L

R
C

  (13.15) 

 

and 

 

 damp

byp

1

2

L
R

C
  (13.16) 

 

The requirement that Cdamp > 16Cbyp assures that a value of Rdamp exists that 

satisfies both (13.15) and (13.16). Choosing a larger ratio between Cdamp and Cbyp 

results in a range of resistor values satisfying both inequalities. This is valuable if 

for no other reason that the value of Rdamp can only be specified to within some finite 

tolerance. If Cdamp is chosen large enough, its ESR will likely satisfy both (13.15) 

and (13.16), eliminating the need to add an additional discrete resistor to implement 

Rdamp. 

When damping decoupling networks like the one in Figure 13.39, it is usually 

a good idea to damp both sides of the network. Damping is typically provided on 

the power supply side by the large electrolytic capacitors at the output of the 

regulators. 

 

 
 

 
 

Figure 13.41 The preferred approach for providing damping to a decoupling network. 
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13.6.7 Noise Reduction Design Procedure 

 

The following design procedure can be used for power supply noise reduction 

networks. 

 

1. Identify all high derivative (di/dt) current sources and sinks, as well as their return 

paths. Multiple paths may exist, all of which must be identified and bypassed. For 

example, an op-amp sources current from the positive supply and sinks current to 

the negative supply. A useful rule of thumb limit for the maximum di/dt for a total 

board is 10 mA/μsec. 

2. Place the forward path as close as possible (e. g., on opposite sides of the board) 

to the return path and maximize the trace width to minimize inductance by mutual 

coupling. If possible, lay out power supply busses in a grid or a plane. Avoid long 

serial supply traces. 

3. Bypass all high derivative (di/dt) current sources and sinks with capacitors that 

work well at the frequencies of interest. Ceramic capacitors are good for this 

application because they are inexpensive, small, and work well at high frequencies. 

Avoid capacitors with formed leads (see Figure 13.42) because of their large 

equivalent series inductance (ESL). 

4. If needed, choose the decoupling elements based on required isolation and 

frequency response requirements. If using a simple series inductor, its value should 

be as small as possible. Avoid high-Q inductors; in this application low-Q is 

desirable. 

5. Choose a damping resistor and capacitor that satisfy (13.15) and (13.16). Use 

(13.16) to choose the resistor and (13.15) to choose the capacitor. Be sure to include 

the capacitor ESR as part of the total damping resistance. When using (13.15) to 

compute the resistance needed for critical damping include the effective output 

inductance of the regulator, the parasitic inductance of the wiring, and the effective 

series inductance of the capacitor along with the decoupling inductance. Choose a 

capacitor large enough so that the ESR provides adequate damping. Tantalum 

electrolytic capacitors usually work well in this role. If the ESR of the capacitor is 

 
 

 

Figure 13.42 Capacitor with formed leads. 
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not large enough to critically damp the network, then additional resistance should 

be added to the large capacitor. 

 

13.6.8 Operational Amplifiers 

 

Due to their large open-loop gain, op amps can be quite sensitive to noise on the 

power supplies. Figure 13.43 shows the block diagram of a typical (μA741) op amp.  

Notice that the integrator has its noninverting input referred to the negative 

supply. This means that any high-frequency noise that exists on the negative supply 

rail gets coupled to the output through the integrator. In other words, if the negative 

supply voltage changes abruptly, the integrator will force the output to follow the 

change. When the entire amplifier is embedded in a global feedback loop (which 

they frequently are), the error signal at the input will tend to restore the output, but 

the recovery will be limited by the settling time of the amplifier. As a result, an 

amplifier of this type may have outstanding low-frequency power supply rejection, 

but the negative supply rejection is fundamentally limited at high frequencies, and 

essentially nonexistent at frequencies above the closed-loop bandwidth. 

Due to parasitics in the amplifier, the power supply rejection of the positive 

supply also deteriorates with frequency, but this is less severe than what occurs with 

the negative supply. This causes an asymmetrical pulse response. Typically, a 

positive-going pulse edge will have a response determined mainly by the amplifier 

whereas a negative-going pulse edge will have a response due to both the amplifier 

and the power supply. To solve this problem, both bypassing and decoupling can be 

used. With an op amp, it is better to use small resistors (10–50 Ω) rather than 

inductors as decoupling elements to avoid resonances. The low-frequency power 

supply rejection will take care of the low-frequency voltage drops due to the resistor. 

In Figure 13.43, a secondary feedback loop exists that is not widely recognized 

in which signal is fed back from the collector of the output PNP transistor through 

 
 

Figure 13.43 Block diagram of a μA741 operational amplifier. 
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the negative supply rail and into the noninverting input of the integrator. The 

dynamics of this path are dependent on both the load and the negative supply 

impedance. When the supply looks inductive, it tends to destabilize the amplifier. A 

capacitive load will aggravate the situation. However, bypassing the negative supply 

will help alleviate this problem. Note that neither a high-speed op amp nor fast 

signals are required for this problem to appear. 

 

13.6.9 Feed Forward 

 

Many high-speed op amps use a technique called feed forward as a bandwidth 

enhancement technique. In a feed-forward op amp, the slow pnp level shift stage is 

bypassed with a capacitor to provide an alternate high-speed path. A block diagram 

of a feed-forward amplifier is shown in Figure 13.44. 

This means that any signal appearing between the two supplies is effectively 

inserted in the integrator loop. This problem can usually be minimized by tying the 

two supplies together with a bypass capacitor, as in Figure 13.45. 

 

 

 

 
  
Figure 13.45 Bypassing a feed-forward amplifier. 

 
 

Figure 13.44 A feed-forward amplifier. 
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13.7 RF Grounding Using Ground Vias 
 

Grounding and routing are critical steps in RF board layout and fabrication. These 

steps will directly impact board parasitic parameters.  

There are no unique solutions to ground distribution in RF board design; several 

approaches may achieve satisfactory system performance. Split ground planes or 

split traces can be used to separate analog and digital signals, or isolate high-current 

or high heat-generating sections. 

However, a single solid ground plane in a four-layer stack-up board works well. 

The rule of thumb is to avoid cross interference by using a ground plane to shield 

the RF section from other circuitry in the board. As described earlier, layer 2 is  

usually designated as the ground plane while layer 1 is used for components and RF 

routing. 

After grounding arrangements are settled, it is important to route all signal 

ground returns to the solid ground plane in the shortest path possible. Dropping vias 

from the top layer ground to the ground plane is a common solution for this task, 

but vias are quite inductive. The physical model of a via is shown in Figure 13.46. 

An accurate electrical model is given in Figure 13.47 where Lvia is via inductance 

and Cvia is parasitic capacitance of the PCB pad of a via. 

In the grounding technique discussed, the parasitic capacitance can be 

neglected. A 1.6 mm deep via with a diameter of 0.2 mm offers about 0.75 nH of 

inductance. The equivalent reactance in the 2.5 GHz and 5.0 GHz WLAN bands is 

about 12  and 24 , respectively. Therefore, a single via to ground does not 

provide real grounding for RF signals. 

In a good board design, drop as many vias to ground as possible in the RF 

circuitry section—especially for the exposed grounding paddle of popular IC 

packages. Otherwise, as an example, undesirable emitter degeneration will occur in 

receive front-end or power amplifier circuitry. The emitter degeneration leads to 

diminished gain and degraded noise figure performance. It should be noted that a 

poorly soldered ground paddle will cause similar problematic effects. In addition, 

heat dissipation for power amplifiers requires many vias to a solid ground plane. 

Filtering noise from other stages and constraining locally generated noise to avoid 

cross-interference between stages through VCC lines are a few of the benefits of using 

 
 
Figure 13.46 Physical model of a via. 
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VCC decoupling. However, if the decoupling capacitors share the same ground vias, 

these vias at the joint end will carry all RF interference from both supplies due to 

the via inductance to ground. This not only makes decoupling capacitors lose their 

function, but also provides another path for noise coupling between stages in the 

system. 

As will be discussed later, PLL implementation presents a challenge in system 

design. Satisfactory spur-level performance may not be achieved without good 

grounding separation. In current IC designs, all PLLs and VCOs are integrated into 

the chip; most PLLs use digital current- charge-pump outputs to control the VCO 

through a loop filter. Usually, a second- or third-order RC loop filter is required to 

filter the charge pump’s digital pulse current to an analog control voltage. 

The two capacitors nearest the charge pump output must be grounded directly 

to the charge pump circuitry ground. This isolates the ground return pulse current 

path from the VCO ground, minimizing the comparison frequency spurs on the LO. 

The third capacitor (for a third-order filter) should directly connect to the VCO 

ground to prevent control voltages from floating with the digital current. Straying 

from these principals increases the risk of high comparison spurs. 

 

13.7.1 Managing PLL Spurious with Proper Supply Bypassing and Grounding 

 

Meeting transmit spectral mask requirements can be a challenging component of the 

design process. Linearity and power consumption must be balanced with enough 

margin to fall within the appropriate regulatory specifications while maintaining 

adequate transmit output power. In-band ACPR is considered largely a function of 

a device’s linearity, which can be adapted (within reason) to a particular application. 

The arduous task of optimizing ACPR in transmitters is often accomplished 

empirically through bias adjustments, in both IC and PA, coupled with fine-tuning 

of PA input, output, and interstage matching networks. 

However, not all apparent ACPR issues are due to device linearity. In a prime 

example, a WLAN transmitter can exhibit less than desirable adjacent-channel 

performance even after extensive tuning and optimization of the power amplifier 

and PA driver (two of the main contributors to ACPR). Spurs on the LO from the 

transmitter’s PLL can also cause poor ACPR performance. The LO spurs will mix 

 

 
 
Figure 13.47 Electrical model of a via. 
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with the modulated baseband signal and the product will be amplified along with 

the desired channel. This mixing action is only an issue when the PLL spurs are 

above a certain threshold. When they are below this threshold the ACPR will be 

dominated by PA nonlinearities. 

When the transmit output power and spectral mask performance is linearity 

limited, we are in a position to trade-off current for linearity and output power, 

which is the desired scenario. If LO spurs dominate the ACPR performance, then 

we are spur limited and are required to bias the PA higher to keep its ACPR 

contribution down for a given Pout—which costs more current and offers less 

flexibility in the design. 

This leads to the question of how to limit PLL spurs to an amplitude that does 

not influence the transmit spectrum. A few techniques can be used once the 

offending spur has been identified. The first and most tempting solution may be to 

narrow the PLL’s loop-filter bandwidth in an attempt to attenuate the spur. This can 

work in select cases; however, an example will expose the possible folly in this line 

of reasoning.  

Take the hypothetical situation in Figure 13.48. Suppose a fractional-N 

synthesizer with a 20-MHz comparison frequency is used. If the loop filter is second 

order, with a cut-off frequency of 200 kHz, a roll-off of roughly 40-dB/decade is 

nominal, yielding 80-dB of attenuation at 20 MHz. 

If the reference spur is measured at –40 dBc, a level that is likely to cause 

undesired modulation, the mechanism causing the spur probably occurs beyond the 

influence of the loop filter. (If it were generated prior to the filter, it would have 

been extremely strong to begin with). Narrowing the filter bandwidth is not likely 

to improve this spur but will increase PLL lock-time—an undesirable effect in most 

applications. 

The most effective way to combat PLL spurs is by using appropriate grounding, 

power supply routing, and decoupling techniques. The items discussed at the 

 
 
Figure 13.48 Narrowing the PLL’s loop filter bandwidth does not always attenuate PLL spurs, and it 
has the undesirable side effect of increasing PLL lock time. 
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beginning of this section are a good starting point to mitigate PLL spur issues. A 

star-topology is imperative due to the relatively large current changes that occur in 

the charge-pump. The noise generated by current pulses can couple to the power 

supply of the VCO if isolation is not adequate, and will effectively modulate the 

VCO at the comparison frequency. This is known as VCO pushing. Isolation can be 

improved through physical separation of the power. 

The two capacitors nearest the charge pump output must be grounded directly 

to the supply lines, decoupling at each VCC pin, judicious placement of ground vias, 

and the introduction of series ferrite elements (consider this as a last resort). While 

not all of these measures may be necessary in every design, each can be used as part 

of a larger spur-mitigation strategy. 

Figure 13.49 demonstrates the effect of an inadequately decoupled VCO power 

supply. The supply ripple shown directly relates to charge-pump activity that is 

corrupting the supply line. The corruption can be reduced significantly by increasing 

the local bypass capacitance. 

 

13.7.2 Conclusion 

 

An understanding of potential issues coupled with careful planning and layout 

techniques are the cornerstones of a successful radio design. We have explored these 

issues and presented solutions and strategies to avoid them. In summary, start with 

a PCB stack-up emphasizing short ground return paths. Route VCC lines in a star 

pattern, decoupling them globally and locally with appropriate capacitor values. 

Ground RF sections liberally, keep return inductances to a minimum, and 

thoughtfully arrange ground pad locations. Using a combination of these techniques 

can help keep supply noise and VCO pushing to a minimum and increase the 

likelihood of a successful design. 

 

 

13.8 Negative −5V Supply for Biasing GaAs FET’s 
 

Figure 13.50 illustrates how a –5V bias voltage can be obtained from a positive 

+12V power supply. The inverter is based on a NE555 circuit followed by a push-

pull amplifier and a voltage doubler detector. The oscillation frequency is 

approximately 32 kHz, which must be well DC filtered at the output so this signal 

 
 

Figure 13.49 An inadequately decoupled VCO power supply yields the noise characteristics shown here. 

 



RF Electronics for Electronic Warfare 

 

622 

doesn’t pass through the bias and get to the RF circuits. 

 The current output of this configuration is not huge—on the order of 100 mA 

maximum provided by the negative voltage regulator 79L05. However, as it is 

primarily intended to bias the gate circuitry in n-channel MOS devices where there 

is no current absorbed by the FET, not much current is required. Many amplifier 

stages can be biased with this one circuit. 
 

 

13.9 Power Supply Implementation 
 

13.9.1 Introduction 

 

There are several issues that must be considered when implementing power 

supplies. We cover some of these issues in this section. 

 

• Assuming that it is a perfect black box. Supplies are less than perfect 

devices. Not only do converter characteristics and performance affect the 

load operation, but the load characteristics also affect converter behavior. 

The same type of interaction also exists at the input of the converter with 

the source. Finally, the load characteristics can be indirectly reflected to 

the source through the power supply and vice versa. 

 

• Assuming that it is a simple aspect of product design. Converters are often 

not simple. The design of converters will usually go beyond the skill set of 

most nonpower electronics engineers. Even the application of off-the-shelf 

conversion devices can be a challenge as the documentation that 

accompanies them is usually limited, with little disclosure about the 

 
 

Figure 13.50 Minus 5V power supply from a +12V power supply. 
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internal design, which may significantly impact compatibility with loads 

and sources. 

 

• Allowing it to be an afterthought in the design process. Since the power 

supply is not a perfect black box, it cannot be relegated as an afterthought 

in the design process. Product design must take place keeping converter 

capabilities in mind. Otherwise it is possible to design a great product, but 

have no power supply for it. 

 

• Failure to allocate adequate physical space for it. Conversion devices need 

space. While technology for improving efficiency is continually improving 

allowing for smaller supplies, it is a mistake to not plan for space for 

converters. 

 

• Failure to adequately specify the important performance requirements. 

There are numerous specifications which a power supply must satisfy. If 

they are not identified, poor performance is the likely result. 

 

13.9.2 Power Supply is Frequently the Weak Link 

 

Conversion devices are usually the weak link in most electronics products and 

usually will be the first components to fail. The stress levels on the internal 

conversion components are usually much higher than in other electronics 

components. Forms of stress include voltage, current, power, and temperature. All 

of these forms of stress have major impact on component reliability and lifetime. 

Therefore, reliability of the product is usually dominated by the power conversion 

choice. For this reason and others, the converter must not be relegated as an 

afterthought in the design process. 

 

13.9.3 Correct Perspective for Power Supply Implementation 

 

The power converter must be seen as a critical component in the system. Without a 

thoughtful implementation, the system will perform poorly at best. Remember that 

there are usually significant interdependencies between the power supply and the 

load and the source. Treating it as a black box or as an afterthought will usually lead 

to late stage and costly surprises. Finding the cheapest implementation usually leads 

to poor value and prototyping troubles. Apply extra effort to seek the best value 

which is a compromise of low cost, outstanding performance, small size, and 

reliability. These factors are typically weighted according to their relative 

importance in your EW application. 
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13.10 Concluding Remarks 
 

Power supplies are often the nemesis in EW system design and must be dealt with 

carefully. EW systems are typically sensitive receiving systems and, in particular, 

EMI can cause significant problems. 

 EMC must be addressed in detail all the way through the design process if there 

is to be any hope at all in the end that EW systems, and in particular, ES systems are 

to perform as required. 
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Chapter 14 
 

 

EMI/EMC 
 

 

14.1 Introduction 
 

We introduce the notions of electromagnetic interference (EMI) and 

electromagnetic compatibility (EMC) in this chapter. All electronic units emit a 

degree of electromagnetic fields produced by currents running through the 

interconnecting wires and/or PCB traces. These fields impinge on other components 

and wires perhaps in the same chassis or elsewhere. The nature of electric fields is 

such that they induce currents in these components that may be undesirable, and the 

result is noise-like interference. When the signals are undesirable, performance can 

degrade. Therefore, it is normally the case that electronic designs must keep such 

interfering signals below some threshold. 

 The above describes radiated coupling. There are other ways that interfering 

signals are transferred within electronic devices. We will discuss those in this 

chapter as well. 

The EMC performance of electronic equipment today is of great importance 

simply due to amount of such equipment being used, and as a result it is necessary 

to include EMC constraints in designs. In order for the unit to pass its EMC testing 

and be placed on the market, it is necessary for it to conform to the directives and 

regulations in force. For a unit to be successful, it is necessary for it to be designed 

to provide a high level of electromagnetic compatibility, EMC performance, and 

reduction of EMI. 

 This chapter is organized as follows. We begin with a description of EMI and 

EMC including a discussion of coupling methods. That is followed by a 

consideration of the major international EMC standards with emphasis on those in 

North America and Europe. Next, we address design techniques for EMC 

compliance. Design techniques for PCBs is considered next, along with specific 

techniques to incorporate EMC. After that, a discussion of modalities for noise 

coupling is introduced. Since switched-mode power supplies are becoming common 
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in many types of wireless devices, we include a section of the peculiarities of these 

power supplies for EMC considerations. Next, we discuss EMC issues for cabling. 

The last topic covered in this chapter is EMC testing in its various forms. 

 

 

14.2 Electromagnetic Interference 
 

14.2.1  EMI  

 

All electronic devices radiate some EM waves, which may cause problems for other 

nearby RF/wireless systems. This is called EMI. This EMI level radiated by a device 

should be within limits so that nearby systems function properly (see Figure 14.10). 

Switching power supply topologies and other circuits in EW systems produce 

EMI [1, 2]. In the case of power supplies, EMI are signals at frequencies that are 

multiples of the basic switching frequency. These signals can extend in the spectrum 

for considerable distances from the switching frequency if they are not properly 

filtered. Any oscillator in the system can be a likely source for EMI.  

 

14.2.2  EMC 

 

All electronic devices generate electric noise that passes through cables/wires and 

can cause problems for another device connected with the same electric system. One 

major source of these signals is the power system to which the device is attached. 

 
 

Figure 14.1 EMI/EMC. 
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This conducted emissions (transients/ripples) should be within limits for proper 

functioning of the other device/system (see Figure 14.1). 

EMC is of increasing importance as the number of wirelessly connected devices 

increases. Defining what EMC is and understanding the concepts enable 

electromagnetic compatibility to be achieved from the outset. 

EMC is the concept of enabling different electronics devices to operate without 

mutual interference—EMI—when they are operated in close proximity to each 

other. 

All electronics circuits have the possibility of radiating or picking up unwanted 

electrical interference that can compromise the operation of one or other of the 

circuits. 

 

14.2.3 Contribution of Power Supplies to EMI 

 

Switching power supplies have almost completely replaced linear power supplies 

because of their great advantage in efficiency. However, this comes at the cost of 

considerably higher EMI. Switching power supplies generate more EMI because 

they switch large currents at high frequencies—anywhere from 50 kHz to 1 MHz. 

At these high frequencies optimal power efficiencies and smaller components 

(primarily magnetics) can be achieved. 

The theoretically optimal switching waveform in these power supplies 

approximates a square wave. However, the sharp edges of these waveforms produce 

considerable noise at the fundamental switching frequency and its harmonic 

frequencies. In addition, since the waveform is not sinusoidal, there is an additional 

edge frequency (the sinusoidal equivalent of the sharp rising and falling edges of 

the square wave), which generates a pseudofrequency much higher than the 

fundamental switching frequency of the power supply. Both of the frequencies also 

have the normal associated harmonics. Therefore, there is a trade-off between power 

efficiency and EMI. 

While the switching MOSFETs, transformers, and output rectifiers are typically 

the greatest sources of radiated EMI, at high-frequencies even PCB traces act 

inductively and radiate noise. It is critical for effective EMI suppression to ensure 

that all these elements have been considered when selecting a power supply. 

 

14.2.4 Introduction to EMI/RFI/EMC 

 

In the context of RF power supplies, noise (EMI), commonly called radio frequency 

interference (RFI), appears as electrical currents. These currents degrade the 

performance of susceptible devices. EMC is the ability of the source and the receptor 

to operate properly in a given electromagnetic environment. 

There are two modes of EMI — conducted emissions and radiated emissions. 

Conducted emissions are caused when high-frequency currents flow back through 



RF Electronics for Electronic Warfare 
 

 

628 

the input lines polluting the power source lines (power grid, see Figure 14.2). These 

currents can be either common-mode or differential-mode currents. Radiated 

emissions are electromagnetic fields that are emitted from a unit into the 

environment. 

With radiated emissions, these conductors can be the line and neutral power 

input lines (the radiated emissions being the radiated result of the high-frequency 

currents in these lines), or virtually any other set of conductors within power 

supplies. This second point is what makes tracking down and eliminating sources of 

radiated EMI such an extreme challenge. Radiated EMI is electromagnetic radiation 

leaving or entering the product enclosure. Waves leaving are radiated emissions. 

Unwanted waves entering are the source of radiated susceptibility. 

Noise currents can flow both to and from the power supply’s input along the 

wiring that connects the converter to the energizing source (usually the AC power 

grid, AC generator, or a battery). Currents exiting the supply are called conducted 

emissions. Radiation from this path can cause interference with other devices, which 

is why power cables are often routed through ferrite chokes. 

Currents entering the supply are called conducted susceptibilities (Figure 14.2). 

Susceptibilities aren’t necessarily stopped by the converter, and they can make their 

way into the device being powered. Specifications for conducted susceptibility are 

most often required for military equipment, but not so often for industrial or 

consumer products. 

There are two main elements to EMC: 

 

 
 

Figure 14.2 In a typical electronic package, current flow from the input of the power supply to the 

voltage source is referred to as conducted emissions. 
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• Emissions:   The EMI emissions refer to the generation of unwanted 

electromagnetic energy. These need to be reduced below certain 

acceptable limits to ensure they do not cause any disruption to other 

equipment.  

• Susceptibility & immunity: The susceptibility of an item of electronics 

to EMI is the way it reacts to unwanted electromagnetic energy. The 

aim of the design of the circuit is to ensure a sufficiently high level of 

immunity to these unwanted signals.  

 

14.2.5 EMI: The Fundamentals 

 

There are many forms of EMI that can affect circuits and prevent them from working 

in the way that was intended. This EMI can arise in a number of ways. EMI can 

arise from many sources, being either man-made or natural. It can also have a variety 

of characteristics depending on its source and the nature of the mechanism giving 

rise to the interference. 

By the very name of interference given to it, EMI is an unwanted signal at the 

signal receiver, and in general methods are sought to reduce the level of the 

interference. 

 

14.2.5.1 Types of EMI 

 

Different types of EMI can be categorized in a number of ways. There are many 

ways in which EMI can be carried from one item of equipment to another. 

Understanding these methods is a key to mitigating the effects. 

One way of categorizing the type of EMI is by the way it was created: 

 

• Man-made EMI: This type of EMI generally arises from other electronics 

circuits, although some EMI can arise from switching of large currents, for 

example. Currents through an inductor cannot change instantaneously, and 

when attempted radiated interference can arise.  

• Naturally occurring EMI: This type of EMI can arise from many sources— 

cosmic noise as well as lightning and other atmospheric types of noise all 

contribute. 

  

Another method of categorizing the type of EMI is by its duration: 

 

• Continuous interference: This type of EMI generally arises from a source 

such as a circuit that is emitting a continuous signal. However, background 

noise, which is continuous, may be created in a number of ways, either 

man-made or naturally occurring.  
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• Impulse noise: Again, this type of EMI may be man-made or naturally 

occurring. Lightning, ESD, and switching systems all contribute to impulse 

noise, which is a form of EMI. In general, impulse interference is 

characterized as short-lived but very broadband. 

 

It is also possible to categorize the different types of EMI by their bandwidth: 

 

• Narrowband: Typically, this form of EMI is likely to be a single carrier 

source — possibly generated by an oscillator of some form. Another form 

of narrowband EMI is the spurious signals caused by intermodulation and 

other forms of distortion in a transmitter such as a mobile phone or WiFi 

router. These spurious signals will appear at different points in the 

spectrum and may cause interference to another user of the radio spectrum.   

• Broadband: There are many forms of broadband noise that can be 

experienced. It can arise from a great variety of sources. Man-made 

broadband interference can arise from sources such as arc welders where a 

spark is continuously generated. Naturally occurring broadband noise can 

be experienced from the sun — it can cause sun-outs for satellite television 

systems when the sun appears behind the satellite and noise can mask the 

wanted satellite signal. The frequency spectrum of the sun is very 

broadband. Fortunately, these episodes are rare and only last for a few 

minutes.  

 

Apart from understanding the form of the interference, it is also necessary to 

know how the interference is traveling from the transmitting device to the receiving 

device. Unfortunately, this is often not easy to discover as many of the signal paths 

are difficult to define. However good initial design with EMC considerations 

included alleviates many potential problems. 

 EW, of course, is also a form of EMI. This type of signal is generated precisely 

for the purpose of causing EMI in a target receiver. 

 

14.2.6 EMI Coupling Mechanisms 

 

There are many ways in which the electromagnetic interference can be coupled from 

the source to the receiver. Understanding which coupling method brings the 

interference to the receiver is key to being able to address EMI problems. 

 

• Radiated: This type of EMI coupling is normally experienced when the 

source and victim are separated by a large distance—typically more than a 

wavelength. The source radiates a signal that may be wanted or unwanted, 

and the victim receives it in a way that disrupts its performance.  
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• Conducted: Conducted emissions occur when there is a conduction route 

along which the signals can traverse. This may be along power cables or 

other interconnection cabling. The conduction may be in one of two modes: 

 

o Common mode:   This type of EMI coupling occurs when the 

noise appears with the same phase on the two conductors (e.g., 

out and return for signals), or +Ve and −Ve for power cables.  

o Differential mode:   This occurs when the noise is out of phase on 

the two conductors; typically 180o out of phase. 

  

The filtering techniques required will vary according to the type of EMI 

coupling present. Common mode lines are filtered together. For differential mode 

they may be filtered together or separately. 

 

• Coupled: What is normally termed coupled EMI can be one of two forms: 

capacitive coupling and magnetic induction (see Figure 14.3). 

 

o Capacitive coupling: This occurs when a changing voltage from 

the source capacitively transfers a charge to the victim circuitry.  

o Magnetic coupling: This type of EMI coupling exists when a 

varying magnetic field exists between the source and victim—

typically two conductors may run close together (less than λ 

apart). This induces a current in the victim circuitry, thereby 

transferring the signal from source to victim.  

 

By determining the form of coupling that exists and the way in which it is 

reaching the victim, it may prove to be that the most effective method of reducing 

the EMI is by putting measures in place to reduce the coupling and reduce the level 

of interference to an acceptable level. 

 

 

 
 

Figure 14.3 EMI due to coupling. 
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14.3 EMC Standards 
 

With the growing awareness and need to maintain high standards of EMC, many 

standards have been introduced to help manufacturers meet the levels they need to 

maintain full electromagnetic compatibility. 

Many years ago, the levels of EMC were low and interference often occurred. 

As a result, it became necessary to introduce EMC standards to ensure the required 

levels of compatibility were attained to minimize this interference. 

EMC is now an integral part of any electronics design process. With standards 

now implemented and enforced throughout the world, any new product needs to 

have been tested to ensure it meets the relevant EMC standards. While this presents 

an additional challenge in the electronics design process, it is essential that good 

EMC practices are employed and that the EMC performance of the product is 

sufficient to ensure it operates correctly under all reasonable scenarios. 

  

14.3.1 Evolution of EMC Standards  

 

The basic awareness of the possibilities of interference between various forms of 

electronics equipment had been around for many years. However, the relatively 

limited use of electronics by today’s standards meant that little was required and 

undertaken in terms of legislation regarding standards governing the requirements 

for EMC. 

Some of the first EMC standards and legislation were introduced in 1979. The 

Federal Communications Commission (FCC) in the United States imposed legal 

limits on the electromagnetic emissions from all digital equipment. These limits 

were imposed as a result of the growing availability of digital systems including 

small calculators and forms of digital equipment that were interfering with wired 

and radio communications and broadcast systems. This legislation included the 

definition of a number of test methods that were developed to support this EMC 

legislation. 

A further step forward was taken in the 1980s by the European Community. 

They introduced a new approach to standardizing EMC requirements to enable trade 

of electronics equipment to be undertaken more freely among the European 

countries and beyond. One of the major elements of this was the EMC Directive 

89/336/EC.  

The EMC Directive from the EC was ground-breaking in terms of EMC 

standards and legislation as it was the first time that limits had been placed on the 

immunity of the equipment to interference as well as its emissions. As such the EMC 

Directive recognized both elements of EMC — operating equipment harmoniously 

is not just a matter of reducing unwanted emissions as intended emissions can also 

cause interference. 
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14.3.2 Common EMC Standards 

 

There are several common EMC standards that are widely used. Some of these 

standards also include other elements apart from just the EMC performance. The 

most used standards are: 

 

• CISPR 11, which addresses ISM equipment in EN 55011; 

• CISPR 16, which addresses methods of measurement; 

• CISPR 22, which addresses ITE equipment in EN 55022; 

• MIL STD 461F, which addresses EMC test requirements for military 

equipment; 

• FCC Part 15, which addresses ITE equipment. 

 

There are many other standards and specifications that address specific equipment 

types (e.g., aircraft and automotive) that we won’t discuss here. 

 

14.3.2.1 CISPR Applicability 

 

The CISPR standards and specifications are issued by the International Special 

Committee on Radio Interference, CISPR, which is the organization that sets EMC 

standards in Europe.  

 CISPR divides electric equipment into two classes: 

 

• Class B is equipment that is intended for sale/distribution in residential 

environments; 

• Class A is equipment intended for sale/distribution into commercial or 

industrial environments. 

 

Class A limits are more lenient than class B. Also, the class A limits the radiated 

emissions as a distance of 10 m while the class B limit the radiated emissions at 3 

m. 

 

CISPR 11: EN 55011 EMC Standard 

 

CISPR 11 is a widely used international standard for electromagnetic compatibility 

within Europe for electromagnetic emissions or disturbances from industrial, 

scientific and medical (ISM) Equipment. CISPR 11 is maintained by CISPR defined 

above. 

CISPR 11 applies to a very wide variety of equipment including everything 

from WiFi systems, and microwaves through to arc welders, all of which fall into 
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the industrial, scientific, and medical category that can use the ISM license-free 

bands like 2.4 GHz. 

 

CISPR 16: EMC Standard for Test Equipment and Methods 

 

CISPR 16 is a series of 14 publications specifying equipment and methods for 

measuring disturbances and immunity to them at frequencies above 9 kHz. 

CISPR 16 specifies all that is needed to undertake the EMC tests in the CISPR 

series. It defines the characteristics and performance of equipment for the 

measurement of radio disturbance voltages and currents in the frequency range of 9 

kHz to 1 GHz. 

The specification includes details of the ancillary apparatus needed for artificial 

lines networks, current and voltage probes, and coupling units for current injection 

on cables. 

 

CISPR 22: EN 55022 EMC Standard 

 

CISPR 22 is a widely used standard for electromagnetic compatibility within Europe 

for information technology equipment (ITE). CISPR 22 is maintained by CISPR. 

the International Special Committee on Radio Interference. 

CISPR 22 is the EU CISPR standard for Information Technology Equipment-

Radio Disturbance Characteristics-Limits and Methods of Measurement. CISPR 22 

has been adopted for use by most members of the European community. 

 

Summary of CISPR 22 limits 

 

Figures 14.4 and 14.5 show the conducted and radiated EMI limits, respectively, 

within the CISPR 22 standard. 

 

14.3.2.2 FCC 47 CFR Part 15: FCC Part 15 

 

Part 15 of the FCC Title 47 is often just called FCC part 15 and it relates to EMC. 

The FCC Part 15 rules and regulations have been designed to align with the 

European CISPR regulations. There are some differences, but in general the two 

sets of standards align on the major features. 

 

FCC Part 15 Basics 

 

The scope of FCC Part 15 is split into three sections: 
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Figure 14.5 CISPR class B 3 m and class A 10 m radiated limit.  

 

 
 
Figure 14.4 CISPR conducted EMI limit.  
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• FCC Part 15A: This section sets out the regulations and technical 

specifications for an intentional, unintentional, or incidental radiator that 

may be operated without an individual license.  

• FCC Part 15B: FCC Part 15B covers the operation of an intentional or 

unintentional radiator that must be licensed. 

• FCC Part15 C: Unless specifically exempted, the operation or marketing 

of an intentional or unintentional radiator covered by this section is 

prohibited. 

 

In addition, like the CISPR specifications, there are two classes of device for 

FCC Part 15: 

 

• Class A digital device: Within FCC Part 15, a Class A digital device is one 

that is marketed for use in commercial, industrial, or business 

environments. 

• Class B digital device: Within FCC Part 15, a Class B digital device is one 

that is marketed for use in a residential or domestic environment.  

 

14.3.2.3 CISPR and FCC Part 15 Comparison 

 

With CISPR 22 widely used within the European community, it is often necessary 

to relate it to other standards, the main one being the Federal Communications 

Commission (FCC) in the United States. Here the FCC Part 15 standard is used. 

To ensure that either standard can be used to certify digital electronic 

equipment, FCC Part 15 and CISPR 22 have been made to be relatively harmonious, 

although there are a few differences. 

CISPR 22 differentiates between Class A and Class B equipment and it gives 

figures for conducted and radiated emissions for each class. In addition, CISPR 22 

requires certification over the frequency range of 0.15 MHz to 30 MHz for 

conducted emissions. On these points there are differences between CISPR 22 and 

the FCC Part 15. 

Also, CISPR 22 has no specified limits for frequencies above 1.0 GHz, and 

CISPR limits are provided in dBµV, while the FCC limits are specified in µV, which 

means that a simple conversion is required for direct comparisons. 

In terms of similarities the conducted and radiated emission limits specified in 

CISPR 22 and FCC Part 15 are close to each other (i.e., within a few decibels of 

each other over the pertinent frequencies). 

In this way it is possible to meet both standards easily for the certification 

process. 

The FCC and CISPR standards have grown very close to being harmonized. 

Both are broken into Class A and Class B limits. Class B is the more stringent of 
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the two, requiring a device to meet a lower threshold of EMI. CISPR11 applies to 

ISM (Industrial, Scientific and Medical) devices and CISPR22 applies to ITE 

(information technology equipment). 

A third-party specification usually enforces compliance with standards for 

conducted and radiated emissions. There are three applicable specifications for 

conducted emissions: 

 
• FCC part 15, Level A or level B (United States); 

• EN 55022, Level A or Level B (Europe); 

• MIL-STD-461 for military applications (as specified in CE 102). 

Figure 14.6 illustrates the standards for FCC part 15 and EN55022 while the military 

standard 5 limits are shown in Figure 14.7 [3]. There are significant differences at 

low frequencies. FCC part 15 starts at 450 kHz. EN 55022 starts at 150 kHz. MIL-

STD-461 starts at 10 kHz for CE 102.  

 

14.3.2.4 EMI Compliance 

 

A switching power supply is typically designed to meet emission standards as set 

forth by the FCC, CISPR, or military standard. As such, an original equipment 

manufacturer (OEM) user would be well advised to obtain a sample of a candidate 

power supply and perform a simple, low-cost conducted EMI test to get a 

preliminary reading on the manufacturer’s compliance. 

However, it is important to note that these standards are applied by self-

declaration. So, in order to show compliance, many power supply manufacturers 

test only a single unit to demonstrate emission levels beneath the maximum limits. 

What this practice does not recognize is that there will inherently be some 

variation in the EMI levels from unit to unit since component tolerances and 

manufacturing variations will introduce deviations in the EMI levels during 

production. 

As such, a power supply design which has been qualified by the customer can 

fail these EMI standards in production, and in some instances by considerable 

margins. This marginal practice can wreak havoc with a customer’s program and 

cause system EMI failures before and after product release, costing time and money. 

In addition, conformance to these standards by the power supply does not 

guarantee that when it is used in a larger system, the system will pass these EMI 

tests. The system itself can add noise to the EMI of the power supply. Furthermore, 

an active load can cause system interactions, which can amplify the EMI further at 

resonant frequencies. Therefore, it is vital that designers plan for these interactions, 

and proper EMI performance, as early in the design stage as possible. 
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Figure 14.6 The chart shows relevant conducted emission limits using the LISN method. 
 

 
 
Figure 14.7 CE102 limits (EUT power leads, AC and DC) for all applications. (Source: [3].) 
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14.3.2.5 EN55032  

 

The EN55022 EMC standard for ITE discussed above was withdrawn on March 5, 

2017 and replaced with EN55032. EN55032 covers what is referred to as 

multimedia equipment which includes what EN55022 called ITE. 

Multimedia equipment includes: 

 

• Information technology equipment, audio equipment, video equipment, 

broadcast receiver equipment, entertainment lighting control equipment, or 

combinations of these. 

• Examples: PC, CD/DVD player, TV/radio receiver, audio amplifier, DMX 

light controller, and so forth. 

• Equipment within the scope of EN55013 or EN55022 or EN55103-1 is 

within the scope of EN55032. 

 

EN55032 implements a port concept in that the testing procedures depend on 

the type of ports involved with the multimedia EUT (see Figure 14.8). 

Unlike some UL or ANSI standards, the European standards do not grandfather 

the newest standards. For the European standards this means that when the standard 

is withdrawn, products must adhere to the latest standards. It will usually have to be 

re-tested to the latest version of the standard as the withdrawn version is null and 

void. If the old standard is said to grandfather subsequent releases, then the product 

does not have to be retested to stay listed and thus it can still be sold in the regions 

for which that standard applies. 

The new EN55032 is unique in a way: although the withdrawn EN55022 does 

not grandfather the new EN55032, for power supplies, there is no difference in the 

test procedure or the limits to which the product must adhere for Europe. There is 

no need to re-test the units to EN55032, but the new standard must feature on the 

Declaration of Conformity (DoC) of the manufacturer/supplier of complete power 

supplies. 

 One of the biggest changes brought in by EN55032 is the frequency coverage 

for test. It extends the range up to 18 GHz. 

 

 

14.4 EMC Design Techniques 
 

Good EMC design techniques are not difficult to implement if they are introduced 

at the earliest stages of design. EMC design from the earliest stages of the product 

design follows some straightforward and common-sense design approaches. 
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14.4.1 Basic EMC Design 

 

Any electronic circuit that has signals that change in level will radiate some power 

as any interconnections and wires will act as radiating antennas, however short they 

may be. Radiation occurs whenever electrons are accelerated — that is, change their 

velocity vector. Thus, radiation occurs for alternating currents or on PCB traces that 

bend around a corner, as examples. Similarly, circuits will tend to pick up radiated 

signals from other transmitters whether these sources are transmitting intentionally. 

EMC design also needs to consider any capacitive and inductive coupling along 

with unwanted emissions that may be conducted along common lines that go 

between two or more items of equipment. This includes Earth lines as well. 

These EMI problems can affect adjacent pieces of electronics equipment 

operating alongside one another. With the vast and rapid growth in the usage of 

electronic equipment, this problem of EMC has become a particularly important 

topic. As a result, it is necessary to implement EMC concepts from the onset of a 

new design and implement the various EMC techniques into the whole concept of 

the product. Only by taking account of the design for EMC aspects at the concept 

stages of a development can any precautions be implemented correctly and 

effectively. 

 

 

 

 
 

Figure 14.8 Port concept from EN55032. 
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14.4.2 Designing for EMC Compliance 

 

When designing an electronic PCB it is necessary to consider a number of issues to 

ensure that its EMC performance requirements can be met. Trying to fix the EMC 

performance once the circuit has been designed and built will be far more difficult 

and costly. Accordingly, there are a number of areas that can be addressed during 

the design stage to ensure that the EMC performance is optimized. These include: 

 

• Circuit design for minimum radiation; 

• EMC filters; 

• Circuit partitioning; 

• Grounding; 

• Screened enclosure; 

• Screened lines and cables. 

 

By adopting these precautions, the EMC performance of the circuit can be greatly 

enhanced. However, it will still need to undergo EMC testing to ensure that it meets 

the required performance. 

 

14.4.2.1 EMC Circuit Design for Minimum Radiation 

 

One of the chief areas to keep in mind for EMC/EMI performance is the RF radiated 

emissions arising from connecting cables and the susceptibility to receiving 

interference. They form the major coupling path for interference in any system. 

Often these cables need to carry high-frequency signals, possibly data, and this can 

present some challenges in terms of their EMC/EMI performance. 

Since radiation occurs whenever electrons change their velocity vector, any 

cable will receive and radiate signals, especially when it approaches a quarter 

wavelength, or odd multiple thereof, because it forms a resonant circuit. However, 

even when the cable does approach these lengths, EMC can still be a problem. 

One solution is to filter the cables entering and leaving the unit. While this does 

reduce the level of EMI, it may also degrade the performance of the circuit. If high-

speed data needs to be carried, then any sharp edges will be removed by the filters 

(and therefore limiting the bandwidth), and in the worst case, the signal may be 

attenuated to such a degree that the system does not work. Thus, a careful balance 

may be required for the filter between the equipment performance and the EMC 

requirements. 

In these circumstances the signals can be carried in a differential format. The 

signal cables can then be constructed as a twisted pair and could even be shielded. 

In this way the high-frequency signal can be carried, but its susceptibility to 

radiation and reception is reduced, because anything received will appear on both 
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lines and canceled out. Additionally, radiation does not occur for the same reason. 

We will say more about cabling later. 

 

14.4.2.2 EMC Design: Filters 

 

The possibility of introducing EMC filters has already been mentioned. It can form 

a useful tool for the system designer to use in many instances. EMC filters are 

particularly useful for lines that only carry low-frequency signals. Power input 

cables, or other lines that carry status voltages are particularly good candidates for 

filtering. Here EMC filters can remove any high-frequency components, leaving the 

low-frequency elements on the line that will not radiate significantly. 

EMC filters should be tightly bonded to the chassis at the entry point to the unit. 

In this way no signals can enter the unit and radiate into it prior to being removed 

by the filter. 

We say more on filter design later. 

 

14.4.2.3 EMC Design: Circuit Partitioning 

 

Circuit partitioning is the process of segregating the parts of a circuit that are 

sensitive to EMI from those that are less so. It must be accomplished at the very 

earliest stages of the design in view of the fact that it governs the whole topology of 

the circuit and the mechanical construction. 

The first stage of the partitioning process is to segregate the circuit into EMC 

critical and noncritical areas. The EMC critical areas are those that contain sources 

of radiation or may be susceptible to radiation. These areas may include circuits 

containing high frequency circuitry, low-level analog circuits, and high-speed logic 

including microprocessor circuits. In EW systems that contain sensitive receiving 

components, there is a high probability that such areas are susceptible to stray 

signals. 

The noncritical EMC areas are those that contain areas that are unlikely to 

radiate signals or be susceptible to radiation. Circuits including linear power 

supplies (not switch-mode power supplies), slow speed circuits, and the like. Once 

this has been completed, the layout for the design can begin. The critical or sensitive 

regions can be screened or filters added as necessary at the interfaces to prevent EMI 

being radiated, or to protect these circuits from the effects of external EMI. 

By isolating the EMC critical areas, it is possible to add the relevant measures 

both at the initial stages of the design, or possibly later. Having an interface provides 

the possibility for optimizing the overall EMC performance. This may result in the 

addition of further filtering, screening, and so forth, or it may even enable cost 

reductions to be made if some of the measures are not required. 
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14.4.2.4 Grounding 

 

Proper grounding reduces the effects of all noise sources, both emissions and 

susceptibilities, by providing a low-impedance path to ground for EMI currents. 

There are four significant ground points in a power system (see Figure 14.9). 

Whether the input is AC or DC, points 1 through 4 are not guaranteed to be at the 

same potential. The front-end input and output (1 and 2) are at different potentials 

also, due to interconnect resistance and the inductive elements used in filtering. The 

converter’s input and output (2 and 3) can be at different potentials, due to the 

transformer floating, without a common input-output ground. 

Usually, only the chassis (4) is connected to ground (Earth). Obviously, the 

lower the value of Z for the EMI frequencies of interest, the more effective the 

grounding. (Z is typically a complex value that varies with frequency.) It might be 

useful to look at a block diagram and decide which paths the high-frequency noise 

currents are likely to take based on how these points are selected and how their 

connections are implemented. 

The ideal situation is for Z to be zero, with all chassis current passing to Earth. 

A non-ideal situation would be noise currents travelling from the front end to the 

equipment being powered. During EMI qualification testing, it’s important that all 

noise currents go to Earth, and not to the measurement equipment, as that would 

affect both common- and differential-mode measurements.  

The grounding scheme within a unit is of particular importance for its EMC 

performance. Poor grounding can lead to current loops that can in turn lead to signals 

 
 
Figure 14.9 Good grounding minimizes all noise sources by presenting noise currents a low-

impedance path to Earth. The four places in a power system that are of concern are the front-end input 

and output (points 1 and 2), which present different potentials, and the DC-DC converter input and 
output (points 2 and 3). 

 

http://electronicdesign.com/content/content/73803/73803-fig-3.gif
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being radiated or picked up within the unit and hence poor EMC performance 

results.  

To help ensure that the Earth or grounding system works satisfactorily, it is 

worth bearing in mind its function, which is to be a path that enables a current to 

return to its source. It should obviously have a low impedance, and it should also be 

direct. Any loops or deviations may cause spurious effects that can give rise to EMC 

problems. 

Designing grounding systems is not trivial. It is more challenging than it 

appears, but it is essential for a good EMC performance. Lengths must be kept to a 

minimum because above frequencies of more than a few kilohertz the impedance is 

dominated by inductance, and lengths of a few centimeters make a significant 

difference, even at low frequencies. 

To overcome these effects, thick wires should be used if possible, and on 

printed circuit boards ground planes must be used. Critical tracks must be run above 

the ground plane, and they should be routed so that they do not encounter any breaks 

in the ground plane. Sometimes it is necessary to have a slot or break in a ground 

plane, and if this occurs a critical track must be routed over the plane, even if it 

makes it slightly longer. 

These and other approaches can be adopted to ensure that the grounding system 

is able to reduce the EMC problems to a minimum. Considerable thought should be 

given to the grounding, as it may not be easy to change at a later time. 

 

14.4.2.5 Screened Enclosure 

 

Although screened enclosures are not preferred from a cost viewpoint, placing the 

unit in a conductive enclosure that is grounded will significantly improve EMC 

performance. All filtering can then be undertaken at the interface and the conductive 

wall will provide a barrier to radiation, thereby improving both the emissions and 

susceptibility elements of the EMC performance. 

Where cost and possibly aesthetics are important, the inside of cabinets can be 

sprayed with conducive paint; however, the level of resulting screening provided 

will not be nearly as good as if a fully conductive metal case is used. Where high 

levels of EMC performance are required, care should be taken to choose a case 

where the continuity of the screen is not breached. The case should ideally be made 

with as few elements as possible. At each joint there will be the possibility of 

radiation passing through. Where joints occur, they should be as tight as possible 

and they should have good continuity between them. 

Some metal cases using a prefabricated style of construction with anodized 

aluminum panels do not offer good EMC performance, although they are 

aesthetically more pleasing than some RF tight cases. A balance has to be made 

depending on the performance required and the EMC goals. 

 



EMI/EMC 
 

 

645 

14.4.2.6 Screened Lines and Cables 

 

When lines and cables need to pass into or out of a unit, the cables can be screened 

to prevent any radiation of the signals being carried or the pickup of external signals. 

However, when screened cables are needed for EMC requirements, the screen must 

be bonded to the equipment signal ground as soon as it enters the unit, otherwise 

unwanted signals may be radiated or picked up and this would compromise the EMC 

performance. 

 

 

14.5 EMC Filter Design 
 

In order for an item of electronics equipment to be EMC compliant, it is necessary 

to incorporate various elements into the design. By designing the circuit to meet the 

EMC requirements it is possible to significantly reduce the levels of unwanted 

signals entering and leaving the unit. One of the major ways in which this can be 

done is to use an EMC filter or a series of filters. 

There are many ways in which EMC filters can be incorporated into a unit from 

a mechanical viewpoint. They may exist as stand-alone EMC filters to be fixed near 

to the extremities of the unit. They may be mounted on the edge of a PCB. However, 

one popular method of incorporating an EMC filter into a unit is to incorporate the 

filter into the connector itself. This has many advantages in terms of convenience 

and performance. 

 

14.5.1 EMC Filter Methodology 

 

Although circuits may be well screened to prevent any signal radiated or being 

picked up by the circuit itself, there are always interconnections to and from the 

circuit. These wires themselves can conduct unwanted signals into and out of the 

unit. If the unit is to be able to meet its EMC requirements, it is necessary to reduce 

the levels of unwanted signals that can enter or leave the unit via its 

interconnections. 

In order to enable unwanted signals to be removed, EMC filters need to be 

placed in the various lines. When the interfering signals have a frequency above that 

of the signals traveling along the wire, by having a low-pass filter as the EMC filter, 

only the low frequency signals are allowed to pass, and the high frequency 

interference signals are removed. 

These EMC filters can be in one of a variety of formats. Often, they may be as 

simple as a resistor or a ferrite placed around a wire. For more exacting 

requirements, these EMC filters may need to be made up with a number of stages. 



RF Electronics for Electronic Warfare 
 

 

646 

The EMC filters may be categorized into two main types. One is where the 

unwanted energy is absorbed by the EMC filter. The other type of filter rejects the 

unwanted signal and, in this case, it is reflected back along the line. For EMC 

filtering the absorptive type is preferred. 

 

14.5.2 EMC Filter Applications 

 

EMC filters are almost always low-pass filters, although on occasion bandpass 

filters may be used. The reason for this is that typically interfering signals (i.e., ones 

that are easier to pick up or radiate), tend to be at higher frequencies. These can be 

filtered by allowing the low frequencies through and rejecting the higher 

frequencies. 

The cut off point for the low-pass filter used as an EMC filter has to be chosen 

so that it rejects the unwanted frequencies but does not have any undue effect on the 

wanted signal. Unfortunately, this choice is not always easy and some degradation 

of the wanted signal may occur.  

The EMC filter placement is of importance. EMC filtering can be placed at any 

level of assembly between segregated areas of circuitry. EMC filters may be placed 

between segregated areas of a PCB. They may be placed between different boards 

within a module or subassembly, and an EMC filter may be placed between different 

modules or subassemblies. A particularly important place for EMC filters is between 

the equipment and its external environment which makes it particularly effective as 

it prevents unwanted signals from even entering the equipment. Once unwanted 

signals enter, they are more difficult to contain. 

 

14.5.3 EMC Filter Design 

 

The EMC filter design is critical to EMC performance. The EMC filter must be 

capable of providing the required level of attenuation of the unwanted signals while 

allowing the wanted signals through. In addition to this the EMC filter design must 

match both the source and load impedances. 

Typically for a high-impedance circuit, a capacitor shunted between the line 

and ground provides better results, while for low-impedance circuits an inductor 

placed in series with the line provides the best results. Often a single component 

with a reactance with little effect at frequencies appropriate to the wanted signals, 

but a much larger effect at the higher frequencies of the unwanted signal, can 

provide attenuation of up to 30-dB or 40-dB in some cases. To improve the 

performance of one of these basic filters, further components can be added to make 

multi-component EMC filters. One precaution: ensure that inductors face a low-

impedance sink or source and capacitors face a high impedance. 
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14.6 PCB Design for EMC 
 

The design of the printed circuit board for any equipment has a major impact on its 

EMC performance and the amount of electromagnetic interference created. One of 

the key areas of designing a circuit with good EMC performance is that of the PCB 

design. 

 A typical multilayered PCB is illustrated in Figure 14.10. 

 

14.6.1 PCB Layout 

 

The PCB design for EMC can enable a circuit board to have good EMC 

performance, and to help there are a few basic guidelines that can be followed to 

provide good EMC performance. 

PCB traces in a power supply and elsewhere create parasitic inductance loops, 

which lead to conducted and radiated noise. Also, if multiple loops are in close 

proximity to each other, they can have a coupling effect that increases EMI levels. 

Careful attention must be given to the size, placement, and alignment of these loops. 

Reducing these loop areas minimizes their capacity to radiate and conduct noise 

(see Figure 14.11). Also, separating noisy loops from each other will minimize their 

coupling effect, further reducing their contribution to EMI. 

 
 

Figure 14.10 Typical multilayer PCB design. 
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Separating high-current traces from low-current traces increases system 

stability and reduces EMI. A technique called star-point grounding runs all returns 

back to a single point. Doing this, or approximating it as closely as the design will 

allow, reduces the summation of high currents in any single trace, yielding lower 

EMI. 

Also, a linear flow of components on the primary side, from the input line to 

the transformer, helps reduce coupling the switching waveforms back to the line 

voltage, ultimately reducing EMI. 

Something else to consider is appropriately sized traces. In general, at least 2-

ounce copper traces should be used, and the shorter and wider, the better. The size 

of the trace will be limited by the size constraints of the PCB as well as clearance 

requirements. However, within those confines, the traces should be made as wide as 

possible. 

Although it is possible to utilize multiple layers to reduce the size of the PCB, 

when designing a PCB for good EMC performance, this not always the optimal 

route to take. The PCB design for EMC performance may require coupling to be 

reduced. This usually means keeping signals apart or the distance between some 

components to be increased. Although small PCBs with good EMC performance 

can be designed, care must be taken from the outset and EMC design principles 

employed from the start. 

 

4.6.1.1 Basic Principles for PCB design for EMC 

 

A four-layer board is often regarded as a good balance between board layout and 

EMC performance. That said, many boards with more layers can achieve good EMC 

performance, but require very careful design to achieve it. 

 

 

 

 

 
 
Figure 14.11 Current loops: (a) large current loop and (b) small current loop. 
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Ground Planes Improve EMC Performance 

 

Using one layer within a multilayer board as a ground plane is one technique that is 

particularly useful. Signal return paths are one of the most difficult issues to resolve 

in printed circuit boards. It can be difficult to route a ground return satisfactorily 

from each integrated circuit across other signal layers, and so forth. 

The only satisfactory solution is to use a ground plane that provides a low 

inductance and low resistance common ground, which is a method of providing a 

short lead length to ground. By having one of the layers in the PCB reserved for a 

ground plane, it is easy to provide a good path to ground for any signals anywhere 

on the board. This is done by using vias, which were discussed in Section 13.7. 

For some sensitive areas it may be necessary to isolate the ground from the rest 

of the ground plane to prevent ground currents flowing across that section of circuit. 

For example, a sensitive section of circuit may need to have its ground isolated and 

have a single connection to Earth, especially if a higher power section close by may 

cause Earth currents to flow across the more sensitive section. 

 

Gridding to Create Ground Planes 

 

In some PCBs that may have a limited number of layers, for example one where 

only two layers are available, a technique referred to as gridding may be used to 

provide good EMC performance. This technique is a close approximation to having 

a ground plane in a two-layer board; gridding the ground reduces EMI radiation 

from the signal traces.  

Gridding functions by creating a network of orthogonal connections between 

traces carrying ground. Although the ground plane is not completely contiguous, it 

sufficiently emulates the ground plane that is used to provide EMC improvements 

of a four- or more-layer board by providing a ground return path under each of the 

signal traces and lowers the impedance between the main ICs and the voltage 

regulation area. 

Gridding is achieved by a process of expanding any ground traces and using 

ground-fill patterns. The aim is to create a network of connections to ground across 

the PCB. The gridding is achieved by expanding the ground lines to fill up as much 

of the empty PCB space as possible, even though the ground is not contiguous. Then, 

all the remaining empty space is filled with ground. In this way as much of the 

available PCB space is filled with the ground grid as possible while still allowing 

connections to be made on the layer. 

  

PCB Zoning 

 

Creating different zones on a PCB is another useful design technique to improve 

EMC and noise in general. PCB zoning is essentially a process of planning where 
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the general location of components for different areas of the circuit is defined before 

any traces are laid out. 

Not only does PCB zoning place like functions on a board in the same general 

area, as opposed to mixing them together, but it also takes into account the speed of 

signals in a given area and looks at the optimum location, although EMC is normally 

not the only consideration involved. Thought is given to the length of lines that may 

radiate or pick up more noise. For example, one common idea is to place high-speed 

logic, including microcontrollers, close to the power supply. In this way decoupling 

of the lines is made easier and the lengths of lines or traces that might radiate or pick 

up noise are reduced. Functions on the PCB that are not as critical and have slower 

waveforms are located further away. Typically, analog sections of the board are 

located even further away as they normally carry lower frequency signals. Planning 

the areas of the board in this way can have a major impact on the EMC performance 

of the PCB and it must be done early in the design process. 

 

14.6.1.2 Other Considerations for PCB EMC Design 

 

There are a few other common points to improve the PCB EMC performance: 

 

• Oscillators: Particular care must be taken when locating and designing the 

layout for oscillators. Oscillators are an obvious source of possible 

radiation. Any oscillator tank loops must be located away from analog 

circuits, low-speed signals, and connectors. This applies both to the board 

and to the space inside the box containing the board.  

• System cable assemblies: Another key point is to design the overall system 

so that cable assemblies do not pass close to an oscillator or an area that 

includes high-speed logic, including a microcomputer, after final 

assembly. Cable assemblies can pick up and carry noise around the overall 

unit, which can degrade the EMC performance.  

• Keep high speed/noisy lines away from PCB edge: High-speed lines should 

be run away from the outside edge of the board. Keeping nonnoisy traces 

away from areas on the board where they could pick up noise, such as 

connectors, oscillator circuits, relays, and relay drivers, also helps reduce 

the problem.  

• Filtering: In some instances, filtering may be required on certain lines. 

Ferrite beads can often provide an easy method of limiting high-frequency 

signals, and good decoupling on the board, especially for the power supply 

lines, is necessary. Ferrite beads on supply lines prevents high-frequency 

signals from feeding back into the power supply which, subsequently, get 

distributed throughout the unit. 



EMI/EMC 
 

 

651 

• Filtered connectors: On some PCBs it may be necessary to use filtered 

connectors to remove noise. When this is done, the earthing of the 

connector is important. It should be possible to earth this firmly to the PCB 

and the chassis.  

 

Many of the EMC issues can be eliminated by good PCB layout and design. In 

fact, PCB design for EMC performance is always good practice and can prevent 

many time-consuming investigations and costly rework. If rework is required late 

in the design cycle it is considerably more costly than if it is built into the design at 

the outset. PCB design for EMC is therefore one of the keys to a successful design. 

 

 

14.7 EMI Common Mode and Normal Mode Noise 
 

We discuss some key methods and techniques for resolving and improving common 

mode and normal mode EMI noise for EMC conformance and conformance test in 

this section. 

 

14.7.1 EMI Noise Modes 

 

When examining EMC and EMI issues, the mode, or way in which the noise is being 

carried must be considered (see Figure 14.12). 

 

• Normal-mode EMI noise: Normal-mode EMI noise (also referred to as 

differential mode) is the way we tend to imagine noise being carried on any 

cable. The noise currents flow out along one conductor and back along the 

other. This makes a compete circuit for the noise currents. Typically, 

screening will provide a great deal of immunity against this form of noise 

as the inner conductor or conductors are screened from pickup or radiation 

of the noise. 

 

• Common-mode EMI noise: Common-mode noise can be a little more 

difficult to imagine. The currents may flow in the same direction on the 

lines of a cable—they may even flow along the screening as well, making 

the screening ineffective. The currents that flow are caused by a current 

that has leaked out via the floating electrostatic capacitance of the load 

retained against the Earth and has then returned to the noise source via the 

Earth. The current may be caused by a direct connection between the load 

and noise source without going through the Earth. 
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Common mode (CM) emissions occur along two lines of a closed loop 

simultaneously, in the same direction and in phase (see Figure 14.13). The signal on 

each line finds a return path through a common ground. Common-mode noise can 

be mitigated by the addition of a common-mode choke, which has multiple windings 

on a single core. The addition of capacitors from each line to ground (known as Y- 

capacitors) will also aid in shunting the unwanted emissions to ground. A quick 

method of determining if the emission is common-mode is to measure the active and 

 
 

Figure 14.13 Common and differential modes. 

 

 
 
Figure 14.12 In the same basic package, conducted emissions form at the AC or DC input and generate 

both differential-mode and common-mode noise. 
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neutral lines using a current probe, with both conductors passing through the current 

probe in the same direction. This will allow the common mode emissions to be 

measured while differential-mode currents cancel. 

Like common-mode emissions, differential-mode (DM) emissions occur along 

two lines of a closed loop. However, the current flow is in opposite directions. A 

series EMI inductor may be enough to suppress the unwanted interference signals. 

Care must be taken to select a component that has a core material that can support 

the current of the entire line under full load without saturating. The addition of a 

shunt capacitor across the lines (known as an X-capacitor) may also be required. A 

quick method of determining if the emission is differential mode is to measure the 

active and neutral lines using a current probe, with the neutral line conductor passing 

through the current probe in the opposite direction to the active line conductor. This 

will allow the differential-mode emissions to be measured while the common-mode 

currents cancel. 

Differential mode currents flow in opposite directions and are out of phase with 

each other (see Figure 14.12). 

 

14.7.2 EMI Filtering for Conducted Emissions 

 

When selecting an EMI inductor/choke there are three things to consider: 

 

• Frequency: the frequency range in which emissions are a problem. 

• Impedance: usually specified as a minimum value at a given frequency. 

• Current: the inductor windings and core material should be physically 

capable of supporting the current. 

 

Conducted disturbances like these will seldom be purely common-mode or 

differential-mode but probably will be a combination of both. Often several different 

techniques used in conjunction with each other will be required in order to achieve 

the desired effect with respect to suppression of emissions. Simple filter circuits can 

be made from resistors, capacitors, and inductors. Line filters are available that 

utilize combinations of components in one or more stages. These line filters are 

designed for all types of applications and may include decoupling capacitors. AC 

line filtering (either single-phase or three-phase), Ethernet, and even USB filters are 

available. In the case of high-speed data or signal lines, additional integrated 

circuitry may be required to filter the EMI noise while maintaining the signal 

integrity. In many cases the use of such filters can be costly; however, investigations 

with such filters can help designers work toward a cheaper onboard solution. The 

diagram shown in Figure 14.14 shows a typical layout of a commercially available 

line filter circuit. 

http://electronicdesign.com/content/content/73803/73803-fig-2.gif
https://www.emcbayswater.com.au/blog/decoupling-capacitors-rf-networks/
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It is good engineering practice to consider EMI and conducted emissions along 

with radiated emissions early in the design stage. Precompliance testing at the 

product development stage can highlight these types of issues at an early stage. This, 

in turn, can help mitigate future issues. This results in an overall better product while 

reducing the overall product development cost. 

 

 

14.8 Some Specific Concerns with Power Supplies 
 

In this section we will examine some EMI concerns in power supply design. 

  

14.8.1 Ripple Current 

 

A not-necessarily obvious source of conducted EMI is ripple in a power supply 

converter’s output. The ripple generally appears at harmonics of the AC line 

frequency or switching-converter rate. 

 

14.8.2 Leakage Current  

 

A leakage current is any current that flows through a path not intended to carry that 

current. In power supplies, Earth leakage current is the current that flows through 

the ground connection to Earth ground. This leakage current typically travels 

through a capacitive bridge between line voltage and Earth ground. Agency 

regulations limit the amount of Earth leakage current that is acceptable in a power 

supply. 

 

 

 

 
 
Figure 14.14 Line filter. 

 

https://www.emcbayswater.com.au/emc-testing/precompliance/
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14.8.3 EMI Solution Methods 

 

In this section we identify critical areas to consider when specifying or selecting a 

power supply. 

 

14.8.3.1 Transformer Design and Construction 

 

The first element to consider for minimizing EMI in a switching power supply 

design is the transformer. The transformer is typically the noisiest component 

because it is a large inductive element subjected to high-frequency currents. It is 

also the component around which the rest of the supply is designed. 

Every facet of the transformer’s design and construction can affect EMI, and 

each aspect can be critical. Approaches that can solve EMI issues in one design will 

often compound them in others. In this way, the design of a transformer for low EMI 

is often viewed as an art. 

We will discuss, in brief, some of the transformer design and construction 

techniques that should be employed to reduce EMI. 

 

• Ferrite core selection. There are peripheral reasons to choose any of the various 

core types, but typically an RM type core is better at containing electromagnetic 

fields than an E or EER type core. This is due to the additional core material on all 

sides of the center leg acting as an electromagnetic shield. Another important 

consideration is how the core is gapped. By gapping only the center leg of the core, 

radiated EMI will be further contained. A gapped outer leg will leak radiated EMI 

through the gap, possibly requiring additional shielding to contain the stray EMI. E 

and RM cores are illustrated in Figure 14.15. 

  

• The switching drain of the MOSFET will normally be connected directly to the 

primary winding of the transformer. One design technique that can help reduce EMI 

in a multilayer winding is making this drain connection to the innermost winding of 

 

 
 
Figure 14.15 Two of many possible transformer cores: (a) E core and (b) RM core. 
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the transformer. By doing this, the EMI caused by these high-current, sharp-edged 

waveforms are contained and canceled by the other windings and shields in the 

transformer. 

 

• Winding direction and orientation play crucial roles in reducing EMI as well. 

Winding a section from left to right, or vice versa, or starting the winding clockwise 

or counterclockwise around the core all have an effect on EMI, and so must be 

considered in the design. 

 

• Shielding is commonly used to help further suppress EMI. The use of a Faraday 

shield10 between the primary and secondary winding will typically reduce EMI. This 

shield can be tied to the primary, secondary, or both to achieve optimal suppression. 

Applying additional tape insulation between primary and secondary windings can 

also help reduce EMI. Also, a shield can be applied directly to the outside of the 

core. This shield can be tied to either the output common or the input return for 

optimal suppression. It is important to note, however, that each shielding layer on a 

transformer will increase the capacitive coupling, directly increasing the leakage 

current of the unit. 

 

All of these techniques can be quite effective at reducing EMI, but they can also 

have undesirable effects. Designing a transformer is a balancing act between EMI 

suppression and transformer efficiency. Typically, many iterations of transformer 

construction are required before settling on a final design that performs as desired. 

 

14.8.3.2 Components 

 

Capacitors 

 

As mentioned above, an effective technique for reducing EMI is the use of Y-type 

and X-type capacitors (see Figure 14.14). Y-capacitors are typically used between 

the AC line and ground, AC neutral and ground, and between the primary and 

secondary returns. X-capacitors are placed between the AC line and neutral, and the 

primary and secondary lines. However, while using X- and Y- capacitors is quite 

effective at reducing EMI at all frequencies, these components contribute directly 

to increasing the total leakage current. Therefore, these capacitors can only be used 

up to the point where the leakage current requirements are not exceeded. Beyond 

these limits, other solution techniques must be considered. 

 

                                                           
10 A Faraday shield is a conductive material used to contain or control an electric field. This shield can 
block or filter the transmission of electromagnetic fields through a particular region of space. 
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Inductors 

 

The common-mode choke is another effective solution for lowering conducted EMI. 

One is pictured in Figure 14.16. It works similarly to a low-pass filter. These 

components can be placed before or after the rectified voltage depending on where 

they achieve optimal suppression. In some designs up to three of these will be used, 

usually two on the input, and one on the output. 

An inductor can be also be used in combination with two capacitors in a π 

configuration (see Figure 14.17) to create a low-frequency filter (150–700 kHz). In 

this configuration, the rectified current is passed through a small electrolytic 

capacitor, then the inductor, and then a large electrolytic capacitor. This can greatly 

reduce low-frequency conducted EMI. 

If the power supply uses power factor correction (PFC)11, a differential mode 

choke is often used in a π-filter configuration with metal-film capacitors to reduce 

the differential-mode noise. 

These components can be used without contributing to the leakage current. 

 

 

                                                           
11 Power factor correction is used to synchronize the current and voltage waveforms to maximize the 

power delivery of the line source, and to minimize the distortion and harmonics on the AC line. It is the 

process of adding additional electrical components to the AC input to attempt to bring the power factor 
(PF) as close to 1 (where the current and voltage are in phase) as possible. 

 

 
 

Figure 14.16 A common-mode choke is a noise filter designed to reduce common-mode EMI. It is 

basically composed of two identical differential filters, one on the input line and the other on the input 
neutral, coupled together by a single core. 
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Switching, Capacitance, and Inductance 

 

Electrical devices switching on and off create almost all electrical noise that is not 

of thermal origin. (A steady DC current doesn’t generate noise except thermal noise 

in resistors.) Even a passive device such as a rectifier can generate noise. Rectifiers 

don’t turn on and off (that is, conduct and stop conducting) instantaneously. 

Common rectifiers have a response time of about 1 µs, generating harmonics not 

only at multiples of the AC frequency being rectified, but also in the megahertz 

region. These harmonics can find their way to both the input and output of the power 

supply. 

The active devices in a switching power supply (commonly MOSFETs) switch 

more rapidly (~20 ns), generating higher frequencies, up to 30 MHz, which is the 

highest frequency specified in commercial standards for measuring conducted 

interference. (This doesn’t mean higher frequencies that could cause interference 

should be ignored.) 
If the front end includes PFC circuitry, there will be additional EMI from the 

PFC’s MOSFETs and diodes. 

Multiple conduction paths created by parasitic capacitances within the power 

supply and the system itself permit high-frequency EMI currents to enter almost any 

part of the system. These stray capacitances appear not only between parallel wires, 

but also between conductive surfaces. The parasitic inductance of wiring and board 

traces contributes to voltage kicks that can propagate through the parasitic 

capacitances. 

 

Summary 

 

We have reviewed in this section many points of power supply design critical to 

effective EMI suppression. Among these are: 

 

• Transformer core selection; 

• Transformer winding and shielding; 

 
 

Figure 14.17 A π filter combines both capacitive and inductive filters in a π configuration, which can 

effectively remove the high-frequency ripple currents that cause EMI. 
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• Component layout and loop size reduction; 

• Use of X and Y capacitors; 

• Use of inductors and common-mode chokes. 

 

For optimal EMI control at the OEM system level, it is crucial to ensure that all of 

these points have been considered when selecting an AC/DC switching power 

supply. 

 

  

14.9 Cabling 
 

Interconnect cabling is one of the major considerations when discussing EMI/EMC. 

Such cabling interconnects major electronic modules within these systems. In this 

section we will present the major types of cabling used in EW systems and consider 

their predominate characteristics. These types include: 

 

• Twisted pair, both unshielded and shielded; 

• Coaxial cable; 

• Fiber optics. 

 

Cable is the medium through which information usually moves from one network 

device to another in a wired network (not the case for WiFi). There are several types 

of cable that are commonly used with LANs. In some cases, a network will utilize 

only one type of cable, other networks will use a variety of cable types. The type of 

cable chosen for a network is related to the network's topology, protocol, and size. 

 Ethernet is the most prolific standard for cable networks. The IEEE-802.3bz 

Ethernet standards committee developed 2.5GBaseT and 5GBaseT 100M 

specifications that were approved in 2016. It is mostly targeting new wiring cabinets 

that support many WiFi IEEE802.11ac aggregation connections. Table 14.1 

contains the current listing of Ethernet standards. 

 

14.9.1 Twisted-Pair 

 

One of the earliest guided transmission media is twisted-pair cables. A twisted-pair 

cable is comprised of two separate insulated copper wires, which are twisted 

together and run in parallel. The copper wires for RF signals are typically 1mm in 

diameter. One of the wires is used to transmit data and the other is the ground 

reference. 
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14.9.1.1 Reason for Twisting 

 

All transmissions are prone to noise, interferences, and crosstalk. When the wires 

are twisted, some part of the noise signals is in the direction of data signals while 

the other parts are in the opposite directions. Thus, the external waves cancel out 

due to the different twists. The receiver calculates the difference in the voltages of 

the two wires for retrieving data. Thus, a much better immunity against noise is 

achieved. 

There are two types of twisted-pair cables: unshielded twisted pair (UTP) and 

shielded twisted pair (STP). The advantages and disadvantages of shielded and 

unshielded twisted-pair cable can be debated. Each has their good and bad points. 

Advocates of STP cable, which includes screened twisted-pair and foil twisted-pair 

cables, claim that it is superior to UTP cable. Perhaps the greatest advantage of UTP 

cable, however, is cost. 

STP and UTP cable differ in design and manufacture. But their purpose is the 

same—to provide reliable connectivity of electronic equipment. In theory, both 

types of cable should do this equally well. The true test comes when each of these 

cable types performs that task in its respective end-to-end system environment. 

  

14.9.1.2 Unshielded Twisted-Pair 

 

Twisted-pair cabling comes in two varieties: shielded and unshielded. Unshielded 

twisted-pair (UTP) is the most popular and is generally the best option for low-cost, 

low performance networks (see Figure 14.18). However, it has been used for 

networks up to 10 Gbps. 

The quality of UTP may vary from telephone-grade wire to extremely high-

speed cable. The cable has four pairs of wires inside the jacket. Each pair is twisted 

with a different number of twists per inch to help eliminate interference from 

adjacent pairs and other electrical devices. The tighter the twisting, the higher the 

Table 14.1 Ethernet Characteristics 

Name 
Speed 

(Mbps) 

Lanes per 

Direction 

Bits 

per Hz 

Spectral 

Bandwidth 

Cable 

Required 

Cable 

Rating 
(MHz) 

10BaseT 10 1 1 10 Cat 3 16 

100BaseTX 100 1 3.2 31.25 Cat 5 100 

1000BaseT 1,000 4 4 62.5 Cat 5e 100 

2.5GBaseT 2,500 4 6.25 100 At 5e 100 

5GBaseT 5,000 4 6.25 200 Cat 6 250 

10GBaseT 10,000 4 6.25 400 Cat 6A 500 
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supported transmission rate and the greater the cost per foot. The Electronic Industry 

Association/Telecommunication Industry Association (EIA/TIA) has established 

standards of UTP and rated ten categories of wire as shown in Table 14.2.  

CAT-6 250 MHz UTP cable only supports 10-Gbps short-length applications 

from 35-55m depending on the crosstalk environment. CAT-6a 500 MHz UTP and  

also shielded twisted pair have become the most popular usage type in North 

America as they are certified for 10 Gbps to 100m. Although 10-Gbps Ethernet ports 

shipments have taken over as the volume leader, newer applications will expand and 

extend CAT-6a product life cycles.  

 

14.9.1.3 Unshielded Twisted-Pair Connector  

 

The standard connector for unshielded twisted pair cabling is an RJ-45 connector. 

This is a plastic connector that looks like a large telephone-style connector (see 

Figure 14.19). A slot allows the RJ-45 to be inserted only one way. RJ stands for  

 

Figure 14.18 Unshielded twisted-pair cable. 

 
 

 

Table 14.2 Categories of Unshielded Twisted-Pair 

 
Category Speed Max Length Use 

1 1 Mbps - Voice only (telephone wire) 

2 4 Mbps - Local talk and telephone (rarely used) 

3 16 Mbps 100m 10BaseT Ethernet 

4 20 Mbps 100m Token ring (rarely used) 

5 100 Mbps (2 pair) 100m 10BaseT Ethernet 

5 1,000 Mbps (4 pair) 100m Gigabit Ethernet 

5e 1,000 Mbps 100m Gigabit Ethernet 

6 10Gbps 55m Gigabit Ethernet 

6a 10Gbps 55m Gigabit Ethernet 

7 10Gbps 100m Gigabit Ethernet 
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Registered Jack, implying that the connector follows a standard borrowed from the 

telephone industry. This standard designates which wire goes with each pin inside 

the connector. 

 

14.9.1.4 Unshielded Twisted-Pair Cable 

 

UTP cable does not rely on physical shielding to block interference. It relies instead 

on balancing and filtering techniques using media filters, baluns, or both. Noise is 

induced equally on two conductors and is canceled out at the receiver. With properly 

designed, manufactured, and installed UTP cable, the network is easier to maintain 

than one in an STP cable plant, with its shielding continuity and grounding issues. 
UTP cable has evolved over the years, and different types are available for 

different needs. Basic telephone cable, also known as direct-inside wire, is still 

available. Improvements over the years—variations in the twists or in individual 

wire sheaths or overall cable jackets—have led to the development of Category 3 

cable that is compliant with the EIA/ TIA-568 standard for transmission rates up to 

16 MHz. Category 4 UTP cable is specified for signal bandwidths to 20 MHz, and 

Category 5 UTP for specifications to 100 MHz. CAT-5e 100 MHz UTP cabling 

usage is in significant decline as it does not support newer emerging applications 

and signaling technologies. It has been used for primarily 100 Mbps through 1 Gbps 

Ethernet 1-100m LAN applications. It is used mostly for minor changes in the 

installed base and not for new datacenter implementations as 10-Gbps Ethernet ports 

have been quickly ramped up as the primary port type usage. The older CAT-5 UTP 

cable is only good for 100 Mbps up to 100m and is in the maintenance-to-end-of-

life phase of its product life cycle. 

 

 

Figure 14.19 RJ-45 connector. 
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Because UTP cable is lightweight, thin, and flexible, as well as versatile, 

reliable, and inexpensive, millions of nodes have been, and continue to be, wired 

with this cabling medium. This is especially true for high-data-rate applications. For 

best performance, this UTP cable should be used as part of a well-engineered 

structured cabling system. 

 

14.9.1.5 Shielded Twisted-Pair Cable  

 

Although UTP cable is the least expensive cable, it may be susceptible to radio and 

electrical frequency interference (it should not be too close to electric motors, 

fluorescent lights, and so forth). If the cable must be placed in environments with 

significant potential interference, or if it must be placed in extremely sensitive 

environments that may be susceptible to the electrical current in the UTP, shielded 

twisted-pair (STP) may be the better solution. Shielded cables can also help to 

extend the maximum distance of the cables. Table 14.3 lists the current categories 

of STP cable (see Figure 14.20). 

Shielded twisted-pair cable is available in three different configurations:  

1. Each pair of wires is individually shielded with foil; 

2. There is a foil or braid shield inside the jacket covering all wires (as a 

group); 

3. There is a shield around each individual pair, as well as around the entire 

group of wires (referred to as double-shield twisted-pair).  

STP cable encases the signal-carrying wires in a conducting shield as a means of 

reducing the potential for EMI. How effective the shielding performs depends on 

the material used for the shield—its thickness and frequency, the type of EM noise 

Table 14.3 Categories of Shielded Twisted-Pair 

 
Category Speed Bandwidth Datarate Use 

5e 1000BaseT/2.5GBaseT 250MHz 1 Gbps Ethernet 

6 5GBaseT/10GBaseT 500MHz 10 Gbps Ethernet, 55m max distance 

7 5GBaseT/10GBaseT 600MHz 10 Gbps Ethernet 

7a 5GBaseT/10GBaseT 1GHz 10 Gbps Ethernet 

8.1 25GBaseT/40GBaseT 2GHz 40 Gbps Ethernet 

8.2 25GBaseT/40GBaseT 2GHz 40 Gbps Ethernet 
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field present, the distance from the noise source to the shield, any shield 

discontinuity, the grounding practices employed, and crosstalk.   
Some STP cables, for example, use a thick braided shield that makes a cable 

heavier, thicker, and more difficult to install than its UTP counterpart. Other STP 

cables use only a thin outer foil shield. These cables, known as screened twisted-

pair cables or foil twisted-pair cables, are thinner and less expensive than braided 

STP cable; however, they are not any easier to install. Unless the minimum bend 

radius and maximum pulling tension are rigidly observed when these cables are 

installed, the shield can be torn. 

CAT-7 600 MHz individually shielded pair cabling with overall cable shield 

was initiated by European market leaders and standards bodies for 10 Gbps 100 m 

Ethernet LAN applications with better crosstalk control performance than CAT-6a. 

However North American standards groups TIA and EIA-568 have not recognized 

CAT-7 or CAT-7a standards. CAT-7a 1000 MHz also with individually shielded 

pairs and overall cable shield is supported by the ISO cabling standard organization. 

It is the most popular structured cabling type in the western countries of Europe. 

This cable type appears to support the developing IEEE-802.3bq 25GBaseT and 

40GBaseT up to 50 m. Some segments of the North American market have installed 

CAT-7a cabling for better future-proofing of new applications. 

 

 

Figure 14.20 Shielded twisted-pair cable. 
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Cat-8 Twisted-Pair Cabling 

 

CAT-8 1.6 GHz and 2GHz STP 1-30 m cabling standards and specifications have 

been harmonized with national ANSI/TIA-568-C-2.1 and international ISO/IEC 

11801-99-1 standards bodies. From the start, there have been two types with CAT-

8.1 1.6 GHz backward compatible with CAT-6a connectors targeting 25GBaseT 

applications. The CAT-8.2 2 GHz specification is not recognized the TIA. CAT-8 

cabling types are in production primarily targeting 40GBaseT applications. 

The shorter reach will limit applications to be in just telecom rooms and some 

smaller datacenters, but not the traditional LAN applications. CAT-8 cabling is 

larger in diameter size, thus taking more room and limiting airflow. It also weighs 

more, sometimes being too heavy for older datacenter floors and is harder to route 

in the infrastructure and racks. 

There is significant research and development work going on to support nascent 

Ethernet 100GBaseT roadmap, technologies, and potential products. But the twisted 

pair cabling reach may be only 1-10-m and would likely not compete well versus 

datacenter point-to-point twin axial copper cabling in racks or between racks and is 

already being used for 100G applications in production. 

 

14.9.1.6 Other Considerations 

 

If STP cable is combined with improperly shielded connectors, connecting hardware 

or outlets, or if the foil shield itself is damaged, overall signal quality will be 

degraded. This, in turn, can result in degraded emission and immunity performance. 

Therefore, for a shielded cabling system to totally reduce interference, every 

component within that system must be fully and seamlessly shielded, as well as 

properly installed and maintained. 

An STP cabling system also requires good grounding and grounding practices 

because of the presence of the shield. An improperly grounded system can be a 

primary source of emissions and interference, and can actually exacerbate the EMI 

problem. Whether this ground is at one end or both ends of the cable run depends 

on the frequency at which a given application is running. For high-frequency 

signals, an STP cabling system must be grounded, at minimum, at both ends of the 

cable run, and it must be continuous. A shield grounded at only one end is not 

effective against magnetic-field interference. 

The length of the ground conductor itself can also cause problems. If it is too 

long, it no longer acts as a ground. Therefore, because specific grounding 

requirements depend on the application, a general grounding policy that ensures the 

best results for an STP cabling system is not possible. 

UTP cabling systems do not have this problem. While an STP cabling system 

is dependent on such factors as physical continuity of the cable shield or installation 
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with adequately shielded and grounded components, a UTP cabling system 

inherently has fewer potential trouble spots and is easier to install. 

With more and more electronic equipment in the typical workspace, EMC 

becomes increasingly important. Excess radiation from one piece of equipment can 

adversely affect performance of other devices. In some countries, including the 

United States and Germany, EMC regulations have existed for years. However, the 

implementation of the European EMC Directive in 1989 has refocused attention on 

this problem. This directive, also known as 89/336/European Economic 

Community, states that all electronic equipment (that is, electronic systems) must 

comply with the directive, and that systems using this equipment must pass the 

essential requirements of the directive before they can be sold anywhere in the EEC. 

How well do UTP- and STP-based systems stand up to rigorous EMC testing? 

Contrary to popular assumption, not all STP-based systems can automatically pass 

EMC tests, while a well-designed UTP cabling system can. 

 

14.9.2 Coaxial Cable  

 

Coaxial cabling has a single copper conductor at its center (see Figure 14.21). A 

plastic layer provides insulation between the center conductor and a braided metal 

shield (see Figure 14.21). The braided metal shield helps block any outside 

interference from fluorescent lights, motors, and other computers from getting to 

the signal line in the center. 

Although coaxial cabling is difficult to install, it is highly resistant to signal 

interference. In addition, it can support greater cable lengths between network 

devices than twisted pair cable. The two types of coaxial cabling are thick coaxial 

and thin coaxial.  

Thin coaxial cable is also referred to as thinnet. 10Base2 refers to the 

specifications for thin coaxial cable carrying Ethernet signals. The 2 refers to the 

approximate maximum segment length being 200 meters. In actual fact the 

maximum segment length is 185 meters. Thin coaxial cable has been popular in low-

cost/low-performance networks.  

Thick coaxial cable is also referred to as thicknet. 10Base5 refers to the 

specifications for thick coaxial cable carrying Ethernet signals. The 5 refers to the 

maximum segment length being 500 meters. Thick coaxial cable has an extra 

 

 

Figure 14.21 Coaxial cable. 
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protective plastic cover that helps keep moisture away from the center conductor. 

This makes thick coaxial a great choice when running longer lengths. One 

disadvantage of thick coaxial is that it does not bend easily and is difficult to install. 

  

14.9.2.1 Coaxial Cable Connectors 

  

The most common type of connector used with coaxial cables is the Bayone-Neill-

Concelman (BNC) connector (see Figure 14.22). Different types of adapters are 

available for BNC connectors, including T-connectors, barrel connectors, and 

terminators. Connectors on the cable are the weakest points in any network. To help 

avoid problems, always use the BNC connectors that crimp, rather than screw, onto 

the cable.  

 

14.9.3 Fiber-Optic Cable  

 

Fiber-optic cabling consists of a center glass core surrounded by several layers of 

protective materials (see Figure 14.23). It transmits light rather than EM signals 

eliminating the problem of electrical interference. EMI is not an issue with fiber 

optic cables, therefore nor is EMC. This makes it ideal for environments that contain 

large amounts of electrical interference.  

Fiber optic cable has the ability to transmit signals over much longer distances 

than coaxial and twisted pair, although relays may be required. It also has the 

capability to carry information at vastly greater speeds. This capacity broadens 

communication possibilities to include services such as video conferencing and 

interactive services. The cost of fiber optic cabling is comparable to copper cabling; 

however, it is more difficult to install and modify. 10BaseF refers to the 

specifications for fiber optic cable carrying Ethernet signals.  

The center core of fiber cables is made from glass or plastic fibers (see Figure 

14.23). A plastic coating then cushions the fiber center, and Kevlar fibers help to 

strengthen the cables and prevent breakage. The outer insulating jacket is made of 

Teflon or PVC.  

There are two common types of fiber cables—single-mode and multimode. 

Multimode cable has a larger diameter; however, both cables provide high 

 

Figure 14.22 BNC connector. 

 

 

 
 

 



RF Electronics for Electronic Warfare 
 

 

668 

bandwidth at high speeds. Single mode can provide more distance, but it is more 

expensive. 

  

14.10 EMI/EMC Testing 
 

14.10.1 Introduction 

 

As we have indicated, EMC is the ability of an electronic device to exist in an EM 

environment without causing interference to or being interfered with by other 

electronic devices within that environment. EMC testing is typically broken down 

into two categories: 

 

• Emissions: EM disturbances emanating from an electronic device that may 

cause interference/malfunction to another electronic device in the same 

environment. Also known as EMI. 

 

• Immunity/Susceptibility: Immunity is the ability of an electronic device to 

function normally in an EM environment without experiencing 

interference/malfunction due to the emissions emanating from another 

electronic device. Susceptibility is basically the opposite of immunity, in 

that the less a device is immune to electromagnetic interference, the more 

susceptible it is. Typically, immunity testing is not required for 

consumer/commercial type products intended for sale/distribution in 

Australia, New Zealand, and North America. 

 

The taxonomy of EMC testing is shown in Figure 14.24. 

 Note that here we show the testing being performed in an anechoic chamber.12 

While that is quite normal, open-air testing is also used. In open-air testing, control 

of spurious emissions is much more difficult, however. Measurement of the 

spectrum to detect such signals is required in order to take them into consideration. 

                                                           
12 The anechoic chamber is an electromagnetically closed region that has RF absorbing material on all 

walls, floor, and ceiling. The metal enclosure is electromagnetically sealed that precludes external 

signals from entering (or exiting). The RF absorption on the walls, floor, and ceiling prevents signals 
from reflecting. 

 

Figure 14.23 Fiber-optic cable. 
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14.10.2 EM Compatibility Emissions 

 

EMC emissions are further subdivided into two categories: 

 

• Radiated emissions; 

• Conducted emissions. 

 

An EM field consists of two components: 

 

• Electric field (E-Field): Usually measured in volts per meter (V/m); 

• Magnetic Field (H-Field): Usually measured in amps per meter (A/m). 

These two components of an EM field are in themselves two separate fields but not 

totally separate phenomena. E-fields and H-fields move orthogonally to each other 

(see Figure 14.25) [4]. 

 

 
 

Figure 14.25 E and H propagation. (Source: [4]. ©Artech 2010. Reprinted with permission.) 

 

 

 
 

 

 
 

Figure 14.24 Electromagnetic compatibility testing taxonomy. 
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 Many of the EMC tests require an antenna either for broadcast or receiving the 

emitted radiation. Figure 14.26 shows a typical antenna used for this purpose. Of 

course, the antenna must be carefully calibrated so that the antenna characteristics 

can be removed from consideration when analysing the test results. 

 The taxonomy of EMC emissions is shown in Figure 14.27. The radiated waves 

that are examined are the two field components shown in Figure 14.25. Analysis of 

the conducted emissions is examined depending on whether the signals are 

continuous or transient. 

 

 

 

 

 
 

Figure 14.26 EMC test antenna. 

 

 

 

 

 

 

 
 

Figure 14.27 Emissions testing. 
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14.10.3 Radiated Emissions: E-Field 

 

Radiated emissions are EMI that originate from signals generated internally by an 

electronic or electrical device. Radiated emissions can present challenging 

compliance issues. 

During EMC testing, radiated emissions measurements are made using a 

spectrum analyser and/or an EMI receiver and a suitable measuring antenna as 

shown in Figure 14.28. The EUT is placed, under power, in an anechoic chamber.  

 

14.10.4 Radiated Emissions: H-Field 

 

The magnetic component of the EM wave is determined by using a spectrum 

analyzer and/or an EMI receiver and a suitable measuring antenna. Typical magnetic 

field antennas include loop antennas as well as specific antennas as per CISPR 15 

such as the Van Veen loop. The Van Veen loop antenna is essentially three loop 

antennae constructed together that measures the magnetic field emissions of a EUT 

in three axes (x, y and z) (see Figure 14.29). 

 

14.10.5 Conducted Emissions: Both Continuous and Discontinuous 

 

Conducted emissions are EMI, or disturbances, that originate from signals generated 

internally to the EUT as well. These emissions are then propagated along 

interconnected cables such as wired ports, telecommunication ports, or power 

conductors. These emissions can be either continuous (continuously emits at given 

frequencies) or discontinuous in nature (nonconstant, occurring sporadically).  

During EMC testing, conducted emissions measurements are made with an EMI 

receiver via an impedance stabilization network (ISN) located within the test 

chamber (see Figure 14.30). 

 

14.10.5.1 Discontinuous Disturbances/Interference 

 

Discontinuous disturbances are typically caused by thermostatically controlled 

appliances such as cooker hot plates, refrigerators, or automatically controlled 

heaters, as well as automatic program-controlled machines such as washing 

machines. These may include the switching on and off of pumps, motors, and other 

electrically controlled appliances. All of these represent an event-driven or 

nonconstant timed switching event of energy. 
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Figure 14.28 Radiated emissions E-field. 

 

 

 
 

 

 

 
 

Figure 14.29 Radiated emissions H-field. 
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14.10.5.2 Continuous Disturbances/Interference 

 
When an electronic device has a source of interference that continuously emits at 

given frequencies, the interference is called continuous disturbances. Continuous 

disturbances can be caused by a number of things but typical sources include: 

 

• Switch-mode power supplies; 

• Local oscillators; 

• Network data traffic (such as Ethernet traffic); 

• Electrical motors. 

 

In other words, any constant timed switching event of energy. 

Both kinds of conducted emissions/disturbances/interference can be mitigated 

using similar techniques (primarily filtering); however, it is best to identify whether 

the emissions are common mode (CM) or differential mode (DM) in nature, as 

described in Section 14.7, so that the appropriate filter can be employed (see Figure 

14.13). 

 

14.10.6 Electromagnetic Compatibility Immunity 

 

EMC immunity testing is either continuous or transient in nature (see Figure 14.31). 

The EUT is examined for its susceptibility to disruption from EMI from other 

 

 
 

Figure 14.30 Continuous and discontinuous conducted emissions. 
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electronic devices in the close environment. Continuous testing is applied to a 

product to simulate RF proximity that may occur in the real world. Transient 

phenomena are typically short events that involve bursts of energy. 

EMC immunity testing requirements are often split based on how EMI might 

couple into a device: 

 

• Immunity, enclosure port; 

• Immunity, signal ports and telecommunications ports; 

• Immunity, input DC power port; 

• Immunity, input AC power port. 

  

The test levels, types of interfering signals, and so forth are dependent on the type 

of device being tested and the standard being applied. 

 

14.10.6.1 Continuous Immunity Testing 

 

Radiated Immunity 

RF signal generators, amplifiers, and antennas are used to produce an EM field at 

varying frequencies (see Figure 14.32). The enclosure port of the EUT and 

associated cables are exposed to the EM field via a radiating antenna. The radiated 

test signal is at a specific amplitude and modulation applied for a specific time 

period. Most standards requiring immunity testing require this testing to be 

performed. 

 

Conducted Immunity 

 

During conducted immunity testing, an EM field is generated by an RF signal 

generator and amplifier (see Figure 14.33). This is coupled to the EUT’s signal, data, 

or power port via an injection device commonly a coupling/decoupling network 

(CDN) is used as an injection device. This kind of conducted immunity testing is 

continuous in nature and is called radio-frequency continuous conducted in many 

 
 

Figure 14.31 Immunity testing taxonomy. 
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Figure 14.33 Conducted immunity. 

 

 

 

 

 

 

 
 

Figure 14.32 Radiated immunity. 
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standards. Typically conducted immunity testing is applicable to AC and DC ports 

and signal cables longer than 3m in length. 

 

Power-Frequency Magnetic Field Immunity 

 

A fluctuating magnetic field is produced by a magnetic coil which oscillates at the 

line power frequency (50/60 Hz). The EUT is placed inside this fluctuating magnetic 

field and exposed for enough time as to evaluate the performance of the product (see 

Figure 14.34). Magnetic field immunity testing is usually only required for 

magnetically susceptible devices such as tape recorders, computer disk memories, 

and the like. 

 

14.10.6.2 Transient Immunity Testing 

 

Transient phenomena are short bursts of energy that a EUT will be exposed to for a 

very short amount of time. Like continuous immunity, transient immunity is applied 

to a product’s enclosure port, signal/data ports, and power ports where applicable 

(see Figure 14.35). 

  

 

 

 

 

 

 
 

Figure 14.34 Magnetic field immunity testing. 
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Electro-static Discharge 

 

Electro-static discharge (ESD) pulses are applied directly to the enclosure of a 

device and indirectly to vertical/horizontal coupling planes in close proximity to the 

EUT at test levels specific to the standard being applied. 

 

Electrical Fast Transient/Burst 

 

Electrical fast transients (EFTs) are a series of short pulses that are high in amplitude 

and repetition frequency with a short rise time. Fast transient phenomena are most 

often caused by high-speed switching events such as interruption of inductive loads 

and relay contact bounce, and so forth. Typically, fast transient testing is applicable 

to AC and DC ports and signal cables longer than 3m. 

 

Surges 

 

Surges are a type of transient phenomena produced by high-powered switching 

events such as magnetic/inductive coupling and lightning. Surge testing on the line 

port of an EUT is applied at several phase angles of the line supply. Typically surge 

testing is applicable to AC ports (and sometimes also DC ports) and in some EMC 

product standards signal cables longer than 30m in length or if the cable is run 

outside of a building.  

  

 

 
 

Figure 14.35 Transient immunity testing. 
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Voltage Dips, Short Interruptions, VDI, and Voltage Variations 

 

Faults in the power network are simulated with voltage dips and short interruption 

(VDI) testing. These faults may be caused by power outages (blackout/brownout 

events) or by sudden large changes of loads. Voltage variations are typically caused 

by continuously varying loads connected to the power network. A voltage dip or 

interruption is a two-dimensional phenomenon that is characterized by the residual 

voltage (line voltage after the specified dip) and duration (how long the dip in 

nominal voltage is applied to the product). This test is only applicable to AC input 

ports of products. 

  

Pulsed Magnetic Field 

 

Like the power frequency magnetic field immunity testing, the EUT is placed inside 

a magnetic loop. Unlike power frequency magnetic field testing, rather than 

exposing the EUT to a continuously fluctuating magnetic field (oscillating at 50/60 

Hz) the EUT is exposed to a magnetic field pulse provided by a transient generator. 

The magnetic pulse is high in amplitude, but has a short rise time, after which the 

performance of the product is evaluated to ensure normal operation. 

 

 

14.11 Concluding Remarks 
 

The pertinent aspects of EMI/EMC concepts as they apply to EW systems were 

presented in this chapter. EMC means that a product does not cause excessive 

interference to other devices in its environment and that other equipment does not 

cause excessive performance problems for the product. This includes equipment for 

the military as well as the commercial/industrial settings. 

 EW systems, in particular, must have exceptional EMC performance due to the 

nature of their function. Usually, EW systems contain very sensitive receiving 

equipment that, if excessive interference were present due to EMI/EMC problems, 

would preclude them from functioning. 

 We concluded the chapter with a discussion of relevant EMC tests that apply to 

EW systems All electronic or electrical products sold virtually anywhere in the 

world must be tested for EMC compliance before they can be marketed or sold. 

Proof of acceptable performance levels that must be achieved by international 

agreement is required. 
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Acronyms 

 
2DEG 2-Dimensional Electron Gas 
 

AC  Alternating Current 

ACPR Adjacent Channel Power Ratio 
ADC Analog to Digital Converter 

AGC  Automatic Gain Control 

AlGaN Aluminum Gallium Arsenide 
AM  Amplitude Modulation 

ASK  Amplitude Shift Key 

AWGN Additive White Gaussian Noise 
 

BASK Binary Amplitude Shift Key 

BeO Beryllium Oxide 
BER  Bit Error Rate 

BFSK Binary Frequency Shift Key 

BJT  Bipolar Junction Transistor 
 

C/I Carrier to Intermodulation Ratio 

C2  Command and Control 
CA  Course Acquisition 

CB  Citizens Band (Frequency) 

CB Common Base (BJT 
Configuration) 

CC  Common Collector 

CCM Continuous Conduction Mode 
CD  Common Drain 

 

CDMA Code Division Multiple Access 
CE  Common Emitter 

CFD Computational Fluid Dynamics 
CG  Common Gate 

CMOS Complementary Metal Oxide 

Semiconductor 
COP Coefficient of Performance 

CPW Coplanar Waveguide 

CS  Common Source 
CTE Coefficient of Thermal Expansion 

CTR Current Transfer Ratio 

CW  Continuous Wave 
 

DA  Distributed Amplifier 

DAC Digital to Analog Converter 

DC  Direct Current 
 

DCM Discontinuous Conduction Mode 

 
DDS  Direct Digital Synthesis 

DE  Directed Energy 

DSB  Double Sideband 
DSB-SC Double Sideband Suppressed 

Carrier 

DSSS Direct Sequence Spread Spectrum 
 

EA  Electronic Attack 

ED Electrodeposited 
EER Envelope Elimination and 

Restoration 

EHF  Extremely High Frequency 
EM  Electromagnetic 

EMC Electromagnetic Compatibility 

EMCOM Emissions Control 
EMI Electromagnetic Interference 

EMS  Electromagnetic Spectrum 

EO  Electrooptical 
EOB  Electronic Order of Battle 

EP  Electronic Protect 

ES  Electronic Support 
ESL Equivalent Series Inductance 

ESR Equivalent Series Resistance 

EVM Error Vector Magnitude 
EW  Electronic Warfare 

EWCC EW Command Center 
 

FB Ferrite Bead 

FBA Feedback Amplifier 
FET  Field Effect Transistor 

FFA Feed Forward Amplifier 

FHSS Frequency Hopped Spread 
Spectrum 

FM  Frequency Modulation 

FSK  Frequency Shift Key 
 

GaAs Gallium Arsenide 

GaN  Gallium Nitride 
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GHz  Gigahertz 
GPS  Global Positioning System 

 

HBT Heterojunction Bipolar Junction 
HCA Harmonic Controlled Amplifier 

HEMT High Electron Mobility Transistor 

HEMT High Electron Mobility Transistor 
HF  High Frequency 

HPA  High Power Amplifier 

Hz  Hertz 
 

IC  Integrated Circuit 
IF  Intermediate Frequency 

IGBT Insulated Gate Bipolar Transistor 

IIP2 Input 2nd Order Intercept Point 
IIP3 Input 3rd Order Intercept Point 

IMD Intermodulation Distortion 

IMP Intermodulation Product 
InGaAs Indium Gallium Arsenide 

InP Indium Phosphate 

IO  Information Operations 
IP2 2nd Order Intercept Point 

IP3 3rd Order Intercept Point 

IR  Infrared 
ISR Intelligence, Surveillance, and 

Reconnaissance 

IW  Information Warfare 
 

JFET Junction FET 

JFET Junction Field Effect Transistor 
JP  Joint Publication 

JSR  Jam to Signal Ratio 

 
KIL Kirchoff Current Law 

KVL Kirchoff Voltage Law 

 
LDMOS Laterally Diffused MOSFET 

LF  Low Frequency 

LINC Linear Amplification by Nonlinear 
Components 

LNA Low Noise Amplifier 

LO  Local Oscillator 
LO Local Oscillator 

LOS  Line of Sight 

LSB  Least Significant Bit 
LSB  Lower Sideband 

LUT Look Up Table 

 
MASK M-ary Amplitude Shift Key 

MBE  Molecular Beam Epitaxy 

MEMS Microelectromechanical Systems 

MESFET Metal Semiconductor Field Effect 
Transistor 

MF   Medium Frequency 

MHz  Megahertz 
MIM Metal Insulator Metal 

MIS Metal Insulator Semiconductor 

MMIC Monolithic Microwave Integrated 
Circuit 

MOCVD Metal-Organic Chemical Vapor 

Deposition 
MODFET Modulation-Doped FET 

MOSFET Metal Oxide Semiconductor FET 
MOT Maximum Operating Temperature 

MSB  Most Significant Bit 

MSK  Minimum Shift Key 
 

NATO North Atlantic Treaty 

Organization 
NBFM Narrowband FM 

NPR Noise Power Ratio 

NVIS Near Vertical Incidence Skywave 
 

OCTC Open Circuit Time Constant 

OEM Original Equipment Manufacturer 
OIP2 Output 2nd Order Intercept Point 

OIP3 Output 3rd Order Intercept Point 

OOK  On Off Key 
 

PA  Power Amplifier 

PAE Power Added Efficiency 
PAE Power Added Efficiency 

PAM Pulse Amplitude Modulation 

PCB Printed Circuit Board 
PDM Pulse Density Modulation 

PF Power Factor 

pHEMT Pseudomorphic HEMT 
PLL  Phase Locked Loop 

PM  Phase Modulation 

psd  Power Spectral Density 
PSK  Phase Shift Key 

PSTN Public Switched Telephone 

Network 
PTFE Polytetraflouroethylene Teflon 

PTH Plated Through Holes 

PTT  Push to Talk 
PWM Pulse Width Modulation 

 

QAM Quadrature Amplitude  
QPSK Quaternary Phase Shift Key 

 

RAM Random Access Memory 
RF  Radio Frequency 
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RFC RF Choke 
RFI Radio Frequency Interference 

RHPZ Right Half Plane Zero 

RMS  Root Mean Square 
ROM Read Only Memory 

 

SAW  Surface Acoustic Wave 
SCR Silicon Controlled Rectifier 

SCTC Short Circuit Time Constant 

SHF  Super High Frequency 
Si  Silicon 

SiC  Silicon Carbide 
SiGe  Silicon Germanium 

SMPS Switched Mode Power Supply 

SNR  Signal to Noise Ratio 
SoC  System on a Chip 

SOI  Signal of Interest 

SRF Self Resonant Frequency 
SSB  Single Sideband 

 

TEC Thermoelectric Cooling 
TTP Tactics, Techniques, and 

Procedures 

 
 

 

 
 

 

 
 

 

 
 

 

 
 

 

 
 

 

 
 

 

 
 

 

 
 

 

 
 

TWT  Traveling Wave Tube 
TXCO Temperature Compensated Crystal 

Oscillator 

 
UHF  Ultra High Frequency 

USB  Upper Sideband 

 
VAC Volts Alternating Current 

VCO Voltage Controlled Oscillator 

VDC Volts Direct Current 
VDMOSFET Vertically  

Diffused Metal Oxide        
Semiconductor FET 

VFO Variable Frequency Oscillator 

VLF  Very Low Frequency 
 

WLAN Wideband Local Area Network 

 
ZCS  Zero Current Switching 

ZVS  Zero Voltage Switching
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